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I almost wish I hadn't gone down that rabbit-hole .. and yet .. and yet ..
it's rather curious, you know, this sort of life!

Alice in Wonderland

Preface
Large-signal network analysis has become an integral part of the characterisation,
modelling

and

design

of

high-frequency

components.

As

demands

on

the

performance and the eciency of RF components rapidly increase, a rst step in
optimising their performance lies in an accurate analysis of these building blocks.
The Large-Signal Network Analyser (LSNA) was one of the rst available setups
capable of capturing the nonlinear behaviour of an RF component. High-frequency
waveforms composed of more than one single sine impinging the device-under-test
could be measured.
Over the years numerous applications have demonstrated the great potential of
this new generation of measurement equipment. The extensive research that was
performed, allowed the instrumentation to mature and to become a crucial tool for
large-signal analysis.
Unfortunately one of the key components to ensure a distortion free LSNA
measurement, i.e.

the phase calibration standard, is restricted to a minimal

grid spacing of 600 MHz, if no interpolation algorithm or additional restrictive
hypothesis is used.
Hence, the goal in this dissertation is addressing the need for multi-tone calibration
techniques of the phase distortion of nonlinear measurement instrumentation by
introducing two phase calibrating techniques: a rst approach uses the principle
of envelope detection and a second approach is based on a custom-designed pulse
position modulated signal generator.
This calibration allows using modulated RF waves with numerous closely spaced
modulation tones in a frequency band around the RF carrier to be measured without
waveform distortion.
The rst technique is based on the use of an envelope detector as a reference system
to obtain a phase calibration on a dense frequency grid.
iii

The phase calibration

requires an accurate characterisation of the shape of a modulated RF signal. Since
a narrow band modulated signal can be considered as consisting of a carrier and
a modulation, it is appealing to try to obtain knowledge about the RF signal by
measuring the envelope alone.

This brings us to an envelope detection based

calibration and in this context a crystal detector is proposed as a phase calibration
 measuring standard.
A crystal detector is a device that is able to translate the high-frequency modulated
waveform to a baseband signal. The device's ability to detect an envelope makes it
very interesting for the phase calibration of RF modulated signals if one can relate
the shape of the envelope to the phase relation in between the modulated tones at
RF frequencies.
A theoretical and experimental characterisation study was udertaken to assess
whether the crystal detector is a suitable candidate standard.
Dealing with a real-life crystal detector, where non-idealities of the device itself
will introduce phase distortion, implies the identication of a model for such a
crystal detector. The distortion of the detector has to be captured in a matching
model that can be used to retrieve the original envelope shape.

If the detector

and an LSNA are then connected simultaneously to the same signal source, an
identied model combined with a measurement of the output envelope can be
used to calibrate for the distortion of the LSNA.
The theoretical and experimental study of the crystal detector fortied the
identication of a block-structured nonlinear feedback model for this device using
low-frequency signals.
In a next step a nonlinear solver was developed to calculate the response of the
black-box nonlinear feedback model and of its white-box equivalent circuit to an
RF and dense frequency grid modulated input signal. When comparing the model
response and the measured response for high-frequency waveforms, it is observed
that the modelled and measured responses coincide well.
To explain the residual deviation between measured and modelled response, one is
encouraged at this point to analyse the variance of the calculated model response
due to the uncertainty on the estimated model parameters and the uncertainty of
the measured input signal.
We now arrive at the nal step in order to close the circle in the envelope detection
based calibration, which is catching the actual waveform present at the device's
input interface by employing the measured output envelope and the identied
model. A rst attempt to acquire the input waveform makes use of the

pth

order

inverse of a Volterra series representation of the NL FB model. In a second attempt
iv

Preface
the measured input waveform is tuned via numerical optimisation so that the model
output approaches the measured output as closely as possible.

Hence in this rst part of the work we have run through the dierent necessary steps
allowing the envelope detection based calibration and hereby conrming that the
crystal detector is a valid candidate standard for the phase calibration of multi-tone
modulated signals.

In the second technique for a multi-tone phase calibration, a signal generator is
specically designed to provide the desired signal that fulls the specications
of a dense frequency grid phase calibration.

To perform a signal based phase

calibration for a modulated signal one needs to construct a reference signal that
contains a large number of spectral components on a dense frequency grid that
is preferably programmable. The generator should guarantee a robust, repeatable
and high-speed design and the delivered signal should be accurately known: ideally
it needs to be perfectly characterised and stable over a long period.

First a well-chosen complex signal generation scheme was introduced and simulated
that delivers a train of fast pulses modulated by a Pseudo Random Binary Sequence
(PRBS). Since the periodicity of a PRBS signal relates to the length of the
shift register providing the sequence, the frequency grid on which the spectral
components of such a signal exist can indeed be set by selecting a particular register
length.

First a generator was designed using discrete components that served great
purpose as a proof-of-concept generator. Although not all the desired generator
functionality was implemented, simulation results were experimentally validated by
this rst generator.
In order to arrive at a robust, repeatable and high-speed generator design, the choice
for an integrated System-on-Chip (SoC) design was made. A high-speed on-chip
generator was conceived by decomposing the PRBS signal in parallel sequences:
each sequence is generated at a fraction of the rate of the nal PRBS output
sequence obtained after multiplexing of the subsequences.

A rst on chip design incorporates source-coupled logic cells allowing higher
operating frequency than strictly static CMOS logic does.

Since little support

is available for this type of logic, the design eort in this rst on chip design was
focused on designing the SCL gates in a custom-built SCL library.

v

A second chip design, based on standard CMOS logic, benets from available
libraries and concentrates on building a generator with a programmable periodicity
of

the

generated

signals.

In

the

characterisation

stage

of

the

second

design, promising characteristics with regard to the attainable clock rate, the
signal-to-noise ratio, the rise and fall times and the stability of the generator were
revealed.
Hence in this second part of the work we have started with the simulation of the
proposed generator scheme, before moving onwards to various generator designs,
in order to nally arrive at the characterisation of a high-speed pulse-position
modulated on chip generator allowing a signal based phase calibration of multi-tone
modulated signals.
As in this dissertation two multi-tone standards were conceived independently, one
of both standards can be perceived as a calibration element whereas the other one
can serve as a verication element.

This enables a cross verication campaign

between dierent nonlinear measurement instrumentation setups as a challenging
topic in future research.
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Chapter 1
Large-signal Network
Analysis
Measuring the nonlinear behaviour of a device occupies the mind of many RF
engineers. Large-signal network analysis has proven to be an indispensable tool to
gain insight in the behaviour of nonlinear systems. Conceiving advanced calibration
setups for large-signal network analysis allowing accurate measurements is the
objective of this doctoral dissertation.
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1.1 Introduction
One of the many challenges an RF engineer is faced with is the measurement
and characterisation of the nonlinear behaviour of high-frequency devices and
components. Understanding the nonlinear behaviour of an RF component is crucial
as the linear device model fails at describing the system beyond the small-signal
regime.
The theory of linear time invariant (LTI) systems is a well-understood framework
for analysis, design and measurement of such an LTI system. When one is exciting
a linear time invariant (LTI) system with high-frequency signals (f>>100 MHz)
the LTI system is fully characterised by its Scattering parameters or S-parameters
[1, 25]. These parameters describe the relation between the waves that are incident
on the LTI system and the waves that are reected by the LTI system. Since for
linear systems the superposition principle is valid, the response of the LTI system
on an arbitrary excitation can be described by the sum of the responses on a single
sine signal. In other words, if one knows the response of the system to a single sine
signal as a function of frequency, the LTI system is fully characterised. Hence, a
Vectorial Network Analyser (VNA) is t for the job. A VNA generates a sinusoidal
test signal at a frequency

fexc

that is applied to the LTI system as a stimulus

and measures the response of the LTI system which is also sinusoidal at frequency

fexc .

The amplitude and phase of the wave quantities are measured and a complex

S-parameter is calculated for each frequency [19].
Although the theory of LTI-systems is a well-understood framework, it is evident
that no real-life system or component is ever entirely linear. For nonlinear systems
the superposition principle is no longer valid. When a single tone signal is applied
to the nonlinear system the output signal will, aside from a tone at the fundamental
frequency, be composed of harmonics. On top of that, setting up the S-parameters
for a nonlinear system will result in power dependent quantities that can no longer
be used to characterise the nonlinear system [54]. Therefore accurate measurement
instrumentation that allows characterising, analysing, modelling and designing
nonlinear components is mandatory.

1.2 The groundwork for nonlinear measurements
The need for characterisation of the nonlinear behaviour of devices encouraged
developers of measurement instrumentation to explore the capabilities of the
state-of-the-art as well as cutting edge technology. In the early 1990s the backbone
3
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of today's Large-Signal Network Analyser (LSNA) is conceived by a collaboration of
HP-NMDG (Hewlett-Packard and Network Measurement and Description Group)
and the Department of Fundamental Electricity and Instrumentation (ELEC) of
the Vrije Universiteit Brussel (VUB) [52].

In this work, the high-frequency

measurements for the characterisation of the nonlinear behaviour of RF devices
are performed with the LSNA.
When characterising the nonlinear behaviour of a Device-Under-Test (DUT) using a
2-port LSNA, the incident and reected waves present at port 1 and 2 are measured.
The LSNA measures the high-frequency time domain waveforms based on the
principle of harmonic sampling. The DUT in gure 1.1 is excited by an RF source
at one port and terminated with a 50W load impedance at the other port.
Signals with an identical amplitude spectrum but a dierent phase spectrum
exciting a nonlinear system will result in a dierent response [54].

Therefore in

order to characterise the nonlinear behaviour of a system, one has to measure
the absolute magnitude of the spectral components as well as the absolute phase
relationships between the harmonics present in the measured incident and reected
spectra. In other words, knowledge of the time domain waveforms present at the
nonlinear device's ports becomes vital when characterising its nonlinear behaviour.

1.3 Calibration of
instrumentation

Nonlinear

measurement

As for all RF measurement instruments, when performing measurements with the
LSNA, systematic errors arise due to imperfections of the measurement instrument.
In order to minimise these errors a calibration is necessary.

Well-known and

stable reference elements or calibration standards are measured to correct for the
systematic error that is introduced by the measurement equipment.
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The calibration procedure of an LSNA consists of three steps:

an S-parameter

calibration, a power calibration and a phase calibration [58].

1.3.1 The S-parameter calibration
Many calibration techniques exist that allow measuring the S-parameters of a
system with a calibrated instrument. The combination of used calibration standards
denes the name of the calibration technique. A SOLT calibration incorporates a
Short, an Open, a Load and a Thru standard during the calibration procedure.
Other calibration techniques are available such as a TRL (Thru-Reect-Line), an
LRM (Line-Reect-Match) calibration ...

[24, 43, 14, 45, 40].

By means of an

S-parameter calibration, the ratios of the incident and reected waves at input and
output of a two-port system are calibrated.

If one needs to have knowledge of

the absolute magnitude of the spectral components as well as the absolute phase
relationships between the harmonics present in the measured incident and reected
spectra, as is the case in characterisation of the nonlinear behaviour of a system,
the S-parameter calibration needs to be extended by an absolute calibration that
holds two additional steps: A power calibration and a phase calibration [58].

1.3.2 The Power calibration
The power calibration of the LSNA allows setting the absolute amplitude of the
measured time-domain waveforms. A power meter is connected to port 1 of the
LSNA while the RF source delivers a stepped sine excitation signal as shown in
gure 1.2.

The signal power is measured by the power meter at the considered

RF frequencies and compared to the power measured by the LSNA and hence the
LSNA can be calibrated in power at the considered RF frequencies.

1.3.3 The Phase calibration
The state-of-the-art in the phase calibration of the LSNA, when measuring waves
composed of a carrier and its harmonics, relies on the well-established step recovery
diode (SRD) method [28]. Based on a SRD (Herotek GC1050A [73]) a reference
generator for the phase calibration procedure of the LSNA is designed. The SRD
functions as a comb generator that creates a comb of harmonics for a given input
single tone frequency. If the phase relations between these harmonics are known,
the LSNA can be calibrated on the frequency grid dened by the comb signal.
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Hence in order for the generator to act as a reference for phase calibration,
the generator has to be thoroughly characterised, accurately known, and stable.
Therefore the harmonic phase reference generator itself has to be calibrated. The
generator can be calibrated by a nose-to-nose procedure, which is an accurate
method to determine the impulse response of broadband sampling oscilloscopes
[60, 59] or an Electro-Optical Sampling (EOS) based calibration, which is the most
accurate approach for frequencies above 20 GHz [63, 64].
When calibrating the phase distortion of the LSNA, one connects the calibrated
reference generator to port 1. The RF input port of the LSNA is terminated with
a 50W load impedance as shown in gure 1.3.
The reference generator is excited by a single tone coming from the RF source.
The output signal of the reference generator is then measured by the LSNA and
compared to the known frequency comb of the reference generator at the same
input frequency. By comparing the known and measured phase relations one can
correct the phase distortions introduced by the LSNA.
Using this reference generator allows calibrating the phase relations between a
fundamental and its harmonics up to 50 GHz for a carrier frequency range from
600 MHz to 1200 MHz. Hence, the phase calibration is restricted to a grid spacing
of minimum 600 MHz. Performing calibrated measurements of modulated signals
that contain spectral components whose frequencies do not lie on a harmonic grid
(f0 ,

2f0 ,

...) is hence not straightforward with the SRD-method.

For a modulated signal with modulation tones located in a narrow frequency band
around the carrier frequency, one can overcome this by making the hypothesis that
the phase distortion of the tones in a small frequency band around the fundamental
tone itself, is equal to the phase distortion of the fundamental tone, but this results
in merely an approximation of the actual phase distortion. The RF component can
exhibit dynamics characterised by a low time constant when incited by slow modes.
This causes the phase distortion for the tones very close to the fundamental to dier
from the phase distortion of the fundamental itself.
An alternative solution performs an interpolation in between the dierent measured
grids of phase relations for input frequencies of e.g.

600 MHz, 602 MHz ...

This method of interpolating in between the dierent grids enables the use of
a frequency spacing between the modulation tones of 2 MHz.
using interpolation algorithms two hypotheses are made.

However, when

The rst hypothesis is

that the RF characteristics of the measurement channel at 600 MHz and at 602
MHz are identical and the second hypothesis made is that the trains of pulses can
7

be aligned in time. This is not evident in a dispersive medium.
The minimal tone spacing between calibrated modulation tones is 1 kHz if an
IF calibration is used [55]. The total modulation bandwidth equals twice the IF
bandwidth.

The challenge in this dissertation is to conceive phase calibration techniques for
modulated signals, with numerous closely spaced modulation tones in a frequency
band around the RF carrier in particular, that are directly available on a dense
frequency grid without the need for complex interpolation schemes.

These

techniques are not only bound to use with the LSNA but are general techniques
that are useful to calibrate the phase distortion for any measurement instrument
used to characterise a nonlinear device by means of modulated waves.

1.4 Nonlinear measurement instrumentation
Over the years numerous applications have demonstrated the great potential of
this new generation of measurement instruments. Extensive research allowed the
nonlinear measurement equipment to mature and to become an indispensable and
commercially available tool for large-signal analysis.

As many manufacturers were encouraged by the new capabilities of this piece
of equipment, they started developing their own measurement instrument.

At

present, there exist two distinct operation principles used in high-frequency time
domain waveform instrumentation that are commercially available: a sampler-based
methodology or a mixer-based methodology [53].

Since the measured high-frequency waves cannot be digitised directly in real-time,
the frequency components in the spectrum of a wave have to be shifted to an
Intermediate Frequency (IF) band.

The sampler-based measurement instrument

(e.g. LSNA) is based on harmonic sampling and therefore incorporates samplers
operating below Nyquist rate to compress the high-frequency waveforms in the
IF-band.

The mixer-based instrument on the other hand uses the principle of

heterodyne detection to down convert the high-frequency waveforms to a xed
frequency in the IF-band.

Companies such as NMDG (Network Measurement and Description Group [35])
and VTD (Verspecht-Teyssier-Degroote [65]) have implemented the sampler-based
concept, while the companies such as Agilent [77], Anritsu [76] and Rohde &
8
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Schwarz/NMDG [72] have reused the mixer-based concept of the VNA to tackle
nonlinear measurements.

1.5 Towards a phase calibration on a dense
frequency grid
1.5.1 The need for a dense frequency grid phase calibration
The absence of the superposition principle for nonlinear systems results in a
complexity increase of the characterisation of these systems by at least an order of
magnitude. A possible approach to tackle this complexity is to use simple models,
which describe the behaviour of the device for a certain restricted class of input
signals [48]. For such a simple approach to be valid, it is mandatory that the actual
signal during the operation of the device and the test signal belong to the same
class. In telecom applications, this calls for the use of narrow-band (a few % of
the carrier frequency) signals with a large number of tones.
To justify the need for calibration standards allowing accurate measurements
of components in such a telecommunication system, some telecommunication
examples are discussed where narrow band modulated signals with a large number
of tones are used that have a modulation bandwidth of only a few percent of the
GHz-carrier.
A rst well-known telecommunication application is Wi-Fi [26, 62]. This example
of a Wireless Local Area Network (WLAN) provides a communication link between
devices in a limited area.

The majority of the currently existing Wi-Fi products

on the market mainly implement Direct-Sequence Spread Spectrum (DSSS, see
[26, 62]) operating in the 2.4 GHz ISM band. (Industrial, Scientic and Medical
(ISM))
The DSSS technique uses a single frequency band composed of a large number
of closely-spaced modulated carriers to carry the information.

The transmission

is carried out on one xed frequency and the modulation used is based on the
principle of dierential phase modulation where a symbol to be transmitted can
result in a rotation of the phase of the signal [26]. In phase modulation Dierential
Binary Phase Shift Keying (DBPSK) one information bit is emitted by a symbol: a
 0 does not cause a change of the phase whereas the appearance of a  1 causes
a 180° phase shift.
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In most European countries, Wi-Fi uses 13 overlapping channels for the 2.4 GHz
band [26, 62]. In the European system channel 1 has a center frequency of 2.412
GHz and the last channel 13 has a center frequency of 2.472 GHz, where all
channels have a bandwidth of 22 MHz. The lower and upper frequency limit of
each channel is shown top left and top right in each channel box in gure 1.4.
The total bandwidth used is hence 82 MHz which is only 3 % of the average
carrier frequency.

The second channel's carrier frequency is 2.417 GHz which is

only 5 MHz higher than the carrier frequency of the rst channel. The Wi-Fi signal
scheme is hence a narrow-band modulated signal with a large number of tones of
which the modulation band is only a few percent of the GHz-carrier.

A second well-known telecommunication application is Bluetooth [7, 26]. Bluetooth
is a standard for short-range wireless communication between devices in a Personal
Area Network (PAN). Bluetooth is designed to connect phones, laptops and other
portable equipment together in a wireless manner.
Bluetooth operates in the 2.4 GHz ISM band. In most countries there is 83 MHz
dedicated to this protocol and 79 channels are hence possible in this range with a
bandwidth of 1 MHz per channel [26].

Bluetooth uses Frequency-Hopping Spread Spectrum (FHSS), which divides the
data and transmits the parts via up to 79 frequencies as shown in gure 1.5.
FHSS is a method of transmitting signals by rapidly switching a carrier among
many frequency channels, by using a pseudo random sequence known to both
10
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transmitter and receiver. The transmitter and the receiver are hence synchronised
on a succession of frequency hops during the communication and the hop sequences
are dened based on pseudo-random sequences [26].

In its basic mode, the carrier modulation is Gaussian Frequency-Shift Keying
(GFSK). Frequency-Shift Keying (FSK) is a frequency modulation scheme in which
digital information is transmitted through discrete frequency changes. A binary one
is represented by a positive frequency deviation, and a binary zero is represented
by a negative frequency deviation.

The examples from the telecommunication world motivate the need to provide
measurement instrumentation that allows accurate characterisation of components
in a telecommunication system with modulated signals that contain a large number
of tones of which the modulation band is only a few percent of the GHz-carrier.

As the demands on the telecom building blocks are increasing with regard to
power-eciency and performance, these devices are often forced to operate in or
close to the nonlinear or large-signal regime. Understanding the nonlinear behaviour
of an RF component is crucial and accurate measurement instrumentation that
allows characterising, analysing, modelling and designing such components is
mandatory.

Hence, accurate measurement instrumentation means calibration

standards allowing this.

In this work two phase calibrating techniques are introduced.
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is based on the principle of envelope detection as a means to perform a phase
calibration on a dense frequency grid. As a second technique a signal generator is
designed to provide the desired signal that fulls the specications for a dense grid
phase calibration.

1.5.2 The principle of envelope detection for phase
calibration
An Agilent-HP420C crystal detector [78] is chosen as the key-component in
envelope-based phase calibration on a dense frequency grid. When a modulated
RF signal is applied to this detector, it produces the low frequency envelope of the
modulated input signal at its output. This crystal detector abides the principle of
envelope detection and hereby performs a down conversion of the modulated input
signal. The detector translates the envelope of the RF signal to IF frequencies.
Assuming a perfect detector, this process is independent of the carrier frequency
and does not distort the envelope: hence it does not inuence the relations between
the spectral lines of the modulation signal. If the detector and an LSNA are now
hooked up simultaneously to the same signal source, the knowledge of the envelope
can be used to calibrate for the distortion of the LSNA. In the case of a realistic
crystal detector, the device itself will introduce phase distortion. This distortion is
repeatable over time and almost free of drift in practice, and this will be assumed
to hold perfectly during the development of the method. Hence the identication
of a model for a realistic crystal detector has to be undertaken.
Suppose that a model of the crystal detector is available that describes the relation
between the RF input signal and the low-frequency output envelope.

When a

narrow band modulated RF signal is constructed and applied to the detector and
the LSNA, the low frequency output envelope of the detector is then measured
by a high-accuracy Analog-to-Digital Converter as shown in gure 1.6. By means
12
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of the model for the crystal detector, one can reconstruct the RF input and this
applied narrow band modulated RF input signal denes the dense frequency grid
on which the phase relations of the LSNA will be calibrated.
As discussed earlier in section 1.3.3, the knowledge of the phase relations between
the harmonics of the SRD comb, with repetition frequencies between 600 MHz and
1200 MHz, yields a calibration on a coarse frequency grid. With the knowledge of
the phase dierences between spectral lines on the coarse frequency grid and the
measurement of the phases of the spectral lines of the detected output signal, the
phase dierence between lines on a dense frequency grid can be obtained.
Hence, for the envelope based phase calibration one has to extract an accurate
model

for

the

crystal

detector

and

perform

measurement of its output signal.

a

high-accuracy

low-frequency

By exploiting the principle of envelope

detection one shifts the issue of calibrating RF measurement instrumentation to
the low-frequency domain.

1.5.3 A custom designed waveform generator for phase
calibration
In order to perform a signal based phase calibration for a modulated signal one needs
to construct a test signal that contains a large number of spectral components in
a frequency band with a high spectral resolution. In addition, this signal should
be accurately known; ideally it needs to be perfectly characterised and stable over
a long period.

A pulse position modulated signal will be used as a broadband

periodic signal containing a high density of spectral lines. This signal is composed
of a sequence of broadband pulses and is designed to exhibit a very at amplitude
spectrum.
Once the signal generator is designed, a thorough characterisation of the provided
waveform,

b1 (f )

in gure 1.7, is vital.

Unfortunately, the measurement of the

modulated pulse train is not an easy task: on the one hand, the signal is a long
periodic sequence of pulses, but on the other hand it needs to be characterized
with a high bandwidth measurement instrument that captures the high frequency
information of the sharp edges.
In this work, the generator is conceived by adopting three technologies:



A rst generator was built using commercial o-the-shelf components: an
ultra-wideband 50 GHz digital logic gate (Inphi Corporation [71]) and
dierential Emitter-Coupled Logic (ECL, ON Semiconductor [67])
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A

second

Crystal detector for phase calibration of the LSNA

generator

was

built

as

a

System-on-Chip

(SoC)

using

Source-Coupled Logic (SCL [2]) cells integrating all components into a single
integrated circuit.



A third generator was built as a System-on-Chip (SoC) using Standard CMOS
Logic cells available from Faradays libraries [15] integrating all components
into a single integrated circuit.

1.6 Outline of the dissertation
In this dissertation two phase calibrating techniques will be introduced that are
able to calibrate the phase distortion of nonlinear measurement instrumentation
on a dense frequency grid. This calibration allows using modulated RF waves with
numerous closely spaced modulation tones in a frequency band around the RF
carrier to be measured without waveform distortion. A rst technique is based on
the use of an envelope detector as a reference system that acts as a calibration
standard on a dense frequency grid. A second technique uses a signal generator
that is designed to provide a calibration signal as a reference element.

Part I : An envelope detection based multi-tone phase
calibration technique
In chapter 2, a crystal detector comes to the front as a candidate for a phase
calibration on a dense frequency grid thanks to the translation of the envelope of
the RF signal to IF frequencies. During this feasibility study of the crystal detector
14
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based calibration a valuable ascertainment is made: the down conversion of the
detector is found to be independent of the RF carrier frequency.
This allows one to extract a model for the detector by using baseband measurements
only which is explained in chapter 3. The crystal detector is identied as a nonlinear
feedback system to enable this. Since this model is estimated from baseband data,
it needs to be validated for use with high frequency signals: the model needs to be
extrapolated to RF frequencies. A validation of the model is performed. To this
end a nonlinear solver is developed to evaluate the model response.
In chapter 4, the nonlinear feedback model of the crystal detector is modied to t
an equivalent circuit scheme that grants a white-box model validation. An analysis
of variance of the output envelope due to the uncertainty on the estimated model
parameters and the uncertainty on the measured input waveform is also conducted.
The nal chapter of part I deals with catching the actual waveform present at
the device's input interface by employing the measured output envelope and the
identied model. A rst attempt to acquire the input waveform uses the

pth

order

inverse of a Volterra series representation of the NL FB model. In a second attempt
the measured input waveform is tuned via numerical optimisation so that the model
output approaches the measured output as closely as possible.

Part II : A signal based multi-tone phase calibration technique
An RF pulse train signal is proposed to act as a reference signal for the multi-tone
phase calibration technique in chapter 6. The reference signal generator is designed
to full the requirements of such a calibration signal and a designated generator
scheme is presented and simulated in this chapter to conrm its performance. The
pulse train signal is a pulse position modulated signal where a Pseudo Random
Binary Sequence (PRBS) is used to modulate the position of the pulses in the
pulse train.
In

the

second

chapter

of

part

II

the

designed

pulse

train

generator

incorporates a Pseudo Random Binary Sequence (PRBS) generator conceived with
Emitter-Coupled Logic (ECL, On Semiconductor, [67]) and an Ultra-Wideband
(UWB) 50 GHz digital logic gate (Inphi Corporation, [71]).
As an alternative to the design based on discrete components that is presented in
chapter 7, chapter 8 focuses on a System-on-Chip (SoC) design for the pulse train
generator. The generator-on-chip holds a great benet when high-speed generation
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is the objective.

A rst and challenging design is based on source-coupled logic

cells and a second design incorporates standard CMOS logic. A valuable feature
of the design with standard CMOS logic is its ability to select the periodicity of
the signal programmatically. Characterisation of this generator-on-chip denotes its
very good performance and high valued specications.

1.7 Main contributions
The goal in this work was addressing the need for multi-tone calibration techniques
by introducing a phase calibrating technique based on the principle of envelope
detection and a custom-designed pulse position modulated signal generator.
The

dissertation

characterisation

of

touches
RF

hereby

components

on
to

various

domains,

block-structured

from

modelling

nonlinear
and

from

simulating complex signal schemes to on-chip design.

The main contributions of the thesis are :

Part I
Characterisation, modelling and validation of a crystal detector for an envelope
detection based multi-tone calibrating technique :



A theoretical and experimental study of the crystal detector that show that
the device is a suitable calibration element.



An identied block-structured nonlinear feedback model for the crystal
detector used as a calibration element.



The development of a nonlinear solver that is used to calculate the response of
the nonlinear feedback model to an RF and dense frequency grid modulated
signal in an iterative manner. (Block-structured model validation)



The development of a nonlinear solver to calculate the response of the
white-box equivalent for the nonlinear feedback model, to an RF and dense
frequency grid modulated signal. (White-box model validation)



An analysis of variance of the output envelope due to the uncertainty on
the estimated model parameters and the uncertainty on the measured input
waveform.
16
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Numerical

tuning

of

the

RF

input

phases

by

means

of

derivative

based optimisation techniques to achieve a match between model and
measurement.

Part II
Simulation, design and characterisation of a high-speed pulse-position modulated
generator :



Introducing a well-chosen signal generation scheme to full the specic
requirements of the calibration signal as veried in the simulation stage.



Building a generator on PCB by combining ECL components and an UWB
gate.



Adopting the technique of decimating a PRBS signal in parallel sequences in
the on-chip design stage.



Simulation, design and characterisation of a reference generator based on an
SCL library that was set up by implementing various logic functions.



Simulation, design and characterisation of a reference generator based on
standard CMOS logic that features a programmable periodicity of the
generated signals.
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An envelope detection
based multi-tone phase
calibration technique
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Chapter 2
Using the crystal detector
as a phase calibration
standard : A feasibility
study
Phase calibration requires measuring the shape of a complex, high frequency
waveform using a reference that is mainly passive to enable high stability and
repeatability. Proposing a crystal detector as a candidate standard instead of
the more classical reference signal based approach looks tempting for the phase
calibration in Large-signal analysis because the device is simple and well understood.
Of course, one needs to investigate the down conversion performed by this detector.
The basic principles of envelope detection for modulated signals are discussed rst
in an ideal and next in real-life operation. Based on this study, the down conversion
of the detector is expected to be independent of the RF carrier frequency. More
quantitative knowledge in the nonlinear behaviour of the crystal detector is gained
by a non-parametric modelling approach.
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2.1 Can envelope detection be used as an
approach for phase calibration ?
Calibration is a matter of comparing the known characteristics of a presumed ideal
reference element to its measured response. The dierences are then attributed to
the non-ideal response of the measurement instrument and can be eliminated.
The classical microwave standard for a phase calibration consists of a signal with
known properties. As the demands on stability and repeatability of a measurement
standard are very high, the active nature of the signal generator can be considered
as a drawback.

Hence, we have chosen to think outside the box, and to try

replacing the drift-prone signal generator by a passive element.
As the phase calibration requires to characterise the shape of a modulated RF
signal accurately, and keeping in mind that a narrow band modulated signal can
be considered as consisting of a carrier and a modulation, it is tempting to try to
obtain knowledge about the RF signal by measuring the envelope alone.
A crystal detector (HP 420C, [78]) is therefore proposed as a phase calibration
measuring

standard.

This device is

able to translate

the high-frequency

modulated waveform to a narrow baseband signal. The detector's ability to detect
an envelope makes this device very attractive for phase calibration of RF modulated
signals if one can link the shape of the envelope to the phase relation in between
the modulated tones at RF frequencies. During calibration one only has to acquire
measurements of the low-frequency response of the detector. This measurement
can be easily performed by a (high-accuracy) Analog-to-Digital-Converter (ADC)
that has a modest bandwidth.

As a result the problem of the calibration of

high-frequency waveforms is translated from the high-frequency world to baseband
IF measurements.

This method entails an important advantage as equipment

involved in low-frequency measurements such as an ADC is very straightforward
instrumentation that ensures a high accuracy and can be calibrated to a traceable
source.
When one supposes that the detector is perfect by evaluating the mathematical
envelope of the signal, the process of envelope detection will be independent of the
carrier frequency of the modulated signal and the envelope will not be distorted at
all. In other words, the relations in between the spectral lines of the modulation
signal are unaected by the envelope detection.

25

One port LSNA
Port 1

a1
RF Source

Figure 2.1:

Crystal
Detector

b1

ADC

Crystal detector for phase calibration of the LSNA

If the detector and an LSNA are now connected simultaneously to the same signal
source, the knowledge of the output envelope can be used to calibrate for the
distortion of the LSNA. Obviously in this practical case, one needs to consider a
realistic crystal detector, where non-idealities of the device itself will also introduce
phase distortion that has to be accounted for. This implies the identication of a
model for such a real-life crystal detector. As one wants to use the detector for an
arbitrary modulated signal of suciently narrow bandwidth, the distortion of the
detector has to be captured in a matching model that can be used to retrieve the
original envelope shape.
Unfortunately,

the

characterisation

of

the

detector

using

RF

narrow-band

modulated signals is not really feasible in practice due to a lack of calibrated
measurement devices.

The nose-to-nose calibrated digital sampling oscilloscope

(Hewlett Packard 54120B DSO,[60]) that has to be used to acquire the RF signals
for the classical SRD based calibration has a restricted memory depth (a few 1000
samples), and hence is not capable of measuring a long modulated signal like the
one needed here to perform the calibration.
To get around this limitation, it is conjectured that in agreement with the ideal
behaviour, the down conversion of the real-life detector is also independent of the
RF carrier frequency. This allows one to extract a baseband model for the detector
using low-frequency measurements alone. If the conjecture appears to be valid, the
estimated model can be used in the second step to predict the device output when
excited with a modulated RF signal for various RF carrier frequencies. Of course
this conjecture has to be validated using experimental evidence.
In this chapter a rst section elaborates on the ideal operation of the detector.
The basic principles of envelope detection for an ideal sine wave modulated signal,
a practical Single-Side-Band (SSB) modulated signal and a multi-tone modulated
signal are discussed.

Next the realistic operation of the detector is investigated

where the conjecture that the down conversion of the detector is independent of
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the RF carrier frequency is veried. In the last section non-parametric modelling
is applied to characterise the detector based on measurements.

2.2 Ideal detector operation
The operation of the detector will rst be described for an ideal sine wave modulated
signal, then it will be extended to a practical Single-Side-Band (SSB) signal and
nally to a multi-tone modulated signal.

2.2.1 The mathematical envelope detection
The mathematical model behind envelope detection is developed by means of the
Hilbert Transform and the analytic signal,

xa (t),

for a signal,

x(t),

is dened as,

xa (t) = x(t) + ix̃(t)
where

x̃(t) = H{x(t)}

and

H{}

(2.1)

denotes the Hilbert operator [5].

An ideal crystal detector is simulated as,

xOU T (t) =

p

xIN (t)2 + H{xIN (t)}2 =

q

|xIN,a (t)|

xOU T (t) is the envelope
xIN,a (t) = xIN (t) + ix̃IN (t).

where the ideal detector's response
modulated input signal and

2

signal,

(2.2)

xIN (t)

is the

2.2.2 Ideal sine wave modulated signals
Observe the sine wave modulated signal,

fc

xIN (t), consisting of one carrier frequency
fmod . The modulated signal is

and one modulation sine wave, with frequency

then given by

xIN (t) = (1 + m(t))Uc cos(2πfc t + ϕc )
with

m(t) = Umod cos(2πfmod t + ϕmod )

as a modulation signal.

(2.3)
Based on

Simpson's rule, one obtains,

xIN (t) = Uc cos[2πfc t + ϕc ] + Uc U2mod cos[2π (fc − fmod ) t + (ϕc − ϕmod )]
+ Uc U2mod cos[2π (fc + fmod ) t + (ϕc + ϕmod )]
(2.4)
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xIN (t) = Uc cos[2πfc t + ϕc ] + U1 cos[2πf1 t + ϕ1 ]
+U2 cos[2πf2 t + ϕ2 ]
with

Uc , U1

and

U2

lines at respectively

(2.5)

ϕc , ϕ1 and ϕ2 the amplitudes and phases of the spectral
fc , f1 = fc − fmod and f2 = fc + fmod as depicted in gure

, and

2.2.a. The modulation tones determine the ne frequency grid that we aim to use
for the calibration and which can have a frequency spacing in the order of kHz.
The ideal sine wave modulated signal is assumed to be perfectly symmetric. Feeding

xIN (t) to an ideal squaring device results in a signal, xOU T (t) = x2IN (t), containing
spectral lines in the IF frequency range in the vicinity of DC and at high frequencies
around

2fc

in

xOU T (f ) (g.2.2.b). The lines located around DC correspond to the
xOU T (t),

following contributions in

1
2
2
2
2 (Uc + U1 + U2 ) + Uc U1 cos[2πfmod t + (ϕc − ϕ1 )]+
U2 Uc cos[2πfmod t + (ϕ2 − ϕc )] + U1 U2 cos[2π(2fmod )t

+ (ϕ2 − ϕ1 )]

(2.6)

Besides a DC term proportional to the power of the signal, this signal contains the
signal contributions of interest at the modulated frequency. The phase dierence
between the tones can therefore be determined directly. As a result, the modulation
of the input signal is known. If the signal,

xIN (t),

is now fed to both the crystal

detector and an uncalibrated instrument, such as an LSNA, the modulated signal
will be distorted by the linear dynamics of the measurement channel (g.2.1). This
will result in an asymmetry in the upper and lower side bands of the measured
modulated signal.
i.e.

If one knows the behaviour of the crystal detector perfectly,

without any systematic error, the applied modulated tone can be measured

directly, yielding a direct phase calibration for the LSNA. Repeating this procedure
with modulated signals of varying modulation frequency, results in a calibrated
phase grid with a spacing of for example 10 kHz.
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Phase shift of the detected output signal

The ideal model for envelope detection given in equation (2.2) is studied in order
to verify whether the detector is able to detect a change in phase of the spectral
lines of the sine wave modulated input signal. The dierence between the phase
of the spectral line corresponding to the carrier frequency and the phase of the
modulation tone is
phase shift,

δϕ,

∆ϕIN
1

for the initial sine wave modulated input signal. Next a

is introduced and the dierence between the phase of the spectral

line corresponding to the carrier frequency and the phase of the modulation tone
becomes

∆ϕIN
2

as shown in gure 2.3.

IN
∆ϕIN
2 − ∆ϕ1 = δϕ

(2.7)

At the detector's output this phase shift is detected as shown in gure 2.4. Hence
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simulations point out that the ideal crystal detector which abides the ideal envelope
detection is indeed able to detect this phase shift in its sine wave modulated input
signal and the amount in phase shift introduced at the input is detected at the
output.

2.2.3 Practical Single-Side Band modulated signals
One should note, however, that in measurement conditions perfectly symmetric
sine wave modulated signals, such as the ones that are assumed to be present
above, are not realisable. A realistic wave generator provides slightly asymmetric
sine wave modulated signals. This results in spectral components in the upper and
lower modulation side bands which are not exactly complex conjugate.
Figure 2.5 shows the actual sine wave modulated signal, where

∗

stands for the

complex conjugate:

XIN (fc − fmod ) 6= XIN (fc + fmod )∗

(2.8)

In the spectral domain the behaviour of an ideal crystal detector described in
equation (2.2) can be simulated as,

XOU T (f ) ∗ XOU T (f ) =
1
N XIN (f ) ∗ XIN (f ) +

1
N [H{XIN (f )}XIN (f )]

∗ [H{XIN (f )}XIN (f )]
(2.9)

where

∗

stands for convolution,

H{}

denotes the Hilbert operator [5] and

N

is the

number of samples. When the practical modulated input signal is fed to the square
law detector, according to equation (2.9), one obtains the ideal detector's spectral
response,

XOU T (f )

for a practical modulated input spectrum,

XIN (f ).

Calculations are done in the frequency domain using the spectrum of the periodic
modulation signal, which is no longer a single sine wave modulated signal but a
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Single-Side-Band (SSB) modulated signal of which all lines carry the same amount
of energy and hence no distinct carrier tone is present,

XIN (f ) =

n
X

XIN (fk )δ(f − fk )

(2.10)

k=−n

This SSB modulated signal can be considered as a multisine signal but in what
follows the term SSB modulated signal will continue to be used.
Substituting equation (2.10) in equation (2.9) results in

XOU T (f ) ∗ XOU T (f )|(k−l)δf =
(
)
n−1
n
P
P
4
XIN (fk )XIN (−fl )δ(f − (k − l)δf )
N
l=1

(2.11)

k=l+1

for positive frequencies,

k>l

, with

fk = f0 + kδf

fl = f0 + lδf .

and

At DC

the model output becomes

XOU T (f ) ∗ XOU T (f )|DC =

8
N

n
P

XIN (fm )XIN (−fm )δ(f )

(2.12)

m=1

Consequently, if we observe a Single-Side-Band (SSB) signal with, e.g., ve
modulation tones (n

= 5)

at

f1 , f2 , f3 , f4

and

f5 ,

the set of equations we

need to resolve conforms to

XOU T (f ) ∗ XOU T (f )|−4δf =

4
∗
N XIN (f5 ) XIN (f1 )

XOU T (f ) ∗ XOU T (f )|−3δf =

4
∗
N XIN (f4 ) XIN (f1 )

+

4
∗
N XIN (f5 ) XIN (f2 )

XOU T (f ) ∗ XOU T (f )|−2δf =
+ N4 XIN (f5 )∗ XIN (f3 )

4
∗
N XIN (f3 ) XIN (f1 )

+

4
∗
N XIN (f4 ) XIN (f2 )

XOU T (f ) ∗ XOU T (f )|−δf = N4 XIN (f2 )∗ XIN (f1 ) +
+ N4 XIN (f4 )∗ XIN (f3 ) + N4 XIN (f5 )∗ XIN (f4 )

4
∗
N XIN (f3 ) XIN (f2 )

XOU T (f ) ∗ XOU T (f )|DC = N8 XIN (f1 )XIN (f1 )∗ + N8 XIN (f2 )XIN (f2 )∗
+ N8 XIN (f3 )XIN (f3 )∗ + N8 XIN (f4 )XIN (f4 )∗ + N8 XIN (f5 )XIN (f5 )∗
(2.13)
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The true SSB modulated input signal and the corresponding envelope signal
according to eq.(2.13).
Figure 2.6:

XOU T (f ) ∗ XOU T (f )|δf = N4 XIN (f2 )XIN (f1 )∗ +
+ N4 XIN (f4 )XIN (f3 )∗ + N4 XIN (f5 )XIN (f4 )∗

4
∗
N XIN (f3 )XIN (f2 )

XOU T (f ) ∗ XOU T (f )|2δf =
+ N4 XIN (f5 )XIN (f3 )∗

4
∗
N XIN (f3 )XIN (f1 )

+

4
∗
N XIN (f4 )XIN (f2 )

XOU T (f ) ∗ XOU T (f )|3δf =

4
∗
N XIN (f4 )XIN (f1 )

+

4
∗
N XIN (f5 )XIN (f2 )

XOU T (f ) ∗ XOU T (f )|4δf =

4
∗
N XIN (f5 )XIN (f1 )

The simulated SSB modulated input signal and the simulated response abiding
equations (2.13) are shown in gure 2.6.
The set of equations shown in (2.13) can be solved by a least-squares (LS)
estimator where the spectral lines

S(fi ) = XIN (fi ) (i = 1, ..., 5) are the 5 complex

parameters that need to be estimated [39].

true
S true (fi ) = XIN
(fi )
true
true
is selected and the model output, XOU T (f ), is simulated for S
(fi ) according
to the equations (2.13).
true
Next a set of starting values S(fi , 0) = S
(fi ) + δSasymmetry (fi ) is dened
where δSasymmetry (fi ) is a perturbation of the amplitude and the phase which
To verify the usability of this description a set of true values

describes the asymmetry in the SSB modulated signal due to the use of a practical
wave generator. The true SSB modulated input (black squares) and the asymmetric
SSB modulated input (black circles) are depicted in gure 2.7.a and b respectively
in magnitude and in phase as a function of the frequency.
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a.

b.

The true SSB modulated input (black squares), the asymmetric SSB modulated
input (black circles) and the estimated SSB Modulated input signal (grey diamonds): a. in
magnitude and b. in phase.
Figure 2.7:

The cost function that has to be minimised is,

n

1X H
VLS (S(fi , j)) =
e (S(fi , j))e(S(fi , j))
2 i=1
e (S(fi , j)) ∈ C1xn
true
true
(f
)
∗ XOU
XOU
T (f ) for the
T

(2.14)

where the vector

equals the dierence between the model

output

true values

S true (fi ),

true
true
XOU
(f ) ∗ XOU
T(
T (f )|(k−l)δf =
)
n−1
n
P
P
4
true
true
S
(fk )S
(−fl )δ(f − (k − l)δf )
N
l=1

and the model output
iteration step

(2.15)

k=l+1

XOU T (f, j) ∗ XOU T (f, j)

for the values

S(fi , j) taken at

j.
XOU T (f, j) ∗ XOU T (f, j)|(k−l)δf =
(
)
n−1
n
P
P
4
S(fk , j)S(−fl , j)δ(f − (k − l)δf )
N
l=1

(2.16)

k=l+1

eH (S(fi )) denotes the Hermitian transpose of e(S(fi )).
Ŝ(fi ) are obtained from the following minimisation,
Ŝ(fi ) = argmin[VLS (S(fi ))]
S
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The estimated parameters

(2.17)

Figure 2.8: The true SSB modulated input signal, estimated SSB modulated input signal and
the residual error.

For a given set of starting values

S(fi , 0)

an increment,

δS(fi )

is computed

according to


+
δS(fi ) = − J(Ŝ(fi , j)) e(Ŝ(fi , j))

where



J(Ŝ(fi , j))

+

(2.18)

denotes the Moore-Penrose pseudo-inverse [4] of the

Ŝ(fi , j). δS(fi ) is added to the
Ŝ(fi , j) values of the previous step resulting in new parameter values Ŝ(fi , j +1) =
Ŝ(fi , j) + δS(fi ). The details behind the calculation of the Jacobian and the
increment δS(fi ) are given in appendix 2.6.

Jacobian of the set of equations evaluated in

The estimated SSB modulated input signal is depicted in the spectral domain
in gure 2.7.a and b respectively in magnitude and in phase.

In these gures

one can nd the starting values (round markers) comprising a perturbation of the
amplitude and the phase which describes the asymmetry in the SSB modulated
signal. One can infer that the estimated signal (grey markers) converges to the
true SSB modulated signal (black squares) up to a complex scaling factor.
Hence these gures show that using the two equations (2.17) and (2.18), the

Ŝ(fi )

values converge to the solution of the set of equations up to a complex scaling factor
which allows to choose one of the components since it cannot be identied.
Nevertheless, this component can be considered as a 'mapping' component that
coincides with the coarse grid on which the phase distortion is available and hence
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phase and amplitude of this component can be obtained. In other words, only the
relative behaviour of the modulation tones in phase and in amplitude, with respect
to this coarse frequency grid tone, matters.
Hence,

after

choosing

this

coarse

frequency

grid

tone,

the

estimated

SSB

modulated input signal matches the true SSB modulated input signal in the time
domain as shown in gure 2.8.
The attraction basin for this set of equations is large, meaning that starting
values diering in magnitude and phase up to ten percent from the real parameter
values are permitted without hampering convergence. One may conclude that the
estimated SSB modulated input signal does indeed coincide with the true SSB
modulated signal as shown in gure 2.8.

2.2.4 Multi-tone modulated signals
In this section we consider a multi-tone modulated signal which is a modulated
signal with many closely spaced modulation tones located in a frequency band
around a RF carrier.

The SSB modulated signal did not show a distinct carrier

component because all spectral components are of identical magnitude.
In this section the conjecture that the down conversion of the detector is
independent of the carrier frequency is veried in case of ideal detector operation
with modulated signals that are composed of closely spaced modulation tones
around an RF carrier or put in shorthand notation multi-tone modulated signals.
When applying such a modulated signal to the ideal detector, the output is
simulated as,

xOU T (t) =
where

p

xIN (t)2 + H{xIN (t)}2

(2.19)

H{} denotes the Hilbert operator and the modulated signal is formulated as
xIN (t) = (1 + m(t))Uc cos(2πfc t + ϕc )

with

m(t)

representing

modulation tones and

the

modulation

|m(t)| < 1.

signal

composed

(2.20)

of

closely

spaced

Substituting eq.(2.20) in eq.(2.19) yields,

xOU T (t) =
q
2
{(1 + m(t))Uc cos(2πfc t + ϕc )} + H{(1 + m(t))Uc cos(2πfc t + ϕc )}2
(2.21)
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Bedrosian's theorem [3] states that if the frequency content of

m(t)

is not higher

than the carrier frequency, one can write,

H{(1 + m(t))Uc cos(2πfc t + ϕc )} = (1 + m(t))Uc H{cos(2πfc t + ϕc )}
= (1 + m(t))Uc sin(2πfc t + ϕc )
Hence,

xOU T (t) = Uc (1 + m(t))

(2.22)

The output envelope is proven to be independent of the carrier frequency in the
case of ideal detector operation.
If the carrier frequency drops beyond the half of the bandwidth of the modulation
signal and the spectrum of the positive modulation overlaps with its complex
conjugate band in the negative spectrum, this derivation is indeed no longer
accurate as was ascertained by simulations.

2.3 Real detector operation
Verifying the conjecture that the down conversion of the detector is independent
of the RF carrier frequency is crucial in order to propose the crystal detector
as a candidate standard for phase calibration.

The next section discusses the

experiments performed to control whether or not this conjecture is valid when
measuring a real-life crystal detector.

2.3.1 Measurement Setup
The response of the crystal detector is measured with a nose-2-nose calibrated DSO
(Hewlett Packard 54120B DSO [60]). With this instrument one cannot acquire the
complete waveform of the RF modulated signal at the input of the detector as stated
earlier in section 2.1, but one can obtain the modulation of the RF modulated input
signal. The modulation signal that is present at the detector input and the detected
modulation at the output of the detector are measured with the DSO using the
setup shown in gures 2.9.a and 2.9.b. By means of the measured input and output
modulation one can evaluate the amplitude and phase distortion introduced by the
device with respect to a variation of the carrier frequency where the complete
waveform of the RF modulated signal is not required for this purpose.
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Figure 2.9: a. Measurement set-up for fc = [600 MHz-2 GHz], b. Measurement set-up for fc
= [1 GHz-40 GHz]

In order to study the inuence of a varying carrier frequency for a wide range of
frequencies from 600 MHz to 40 GHz, two dierent setups are needed. Each setup
incorporates a dierent signal generator to allow the set of carrier frequencies. At
the ELEC-department, a single signal generator, providing the carrier frequencies
from 600 MHz to 40 GHz, is not is available, so one has to resort to two signal
generators:



The rst setup described in gure 2.9.a makes use of the HP 8648 signal
generator which generates carrier frequencies up to 2 GHz.



The second setup shown in gure 2.9.b uses the HP 8648 signal generator
from scheme 2.9.a to provide the low-frequency modulation signal while the
carrier frequency is now extracted from the HP 83640 signal generator which
can generate frequencies up to 40 GHz.

Performing measurements with the DSO requires a trigger signal: the modulation
signal is therefore fed to an Agilent 81101 pulse generator and converted into
a pulse train, that is chosen conveniently as a trigger signal in both setups in
gures 2.9.a and 2.9.b (dashed line for trigger path). Because by triggering on the
modulation signal, repeated measurements of the RF input signal allow acquiring
the input modulation signal.
As stated earlier, the complete waveform of the RF modulated signal at the input
of the detector cannot be obtained with the DSO. By triggering with the input
modulation, repeated measurements of the RF input allow acquiring the input
envelope while the high frequency variations of the RF carrier are lost. Measured
input data is shown in gure 2.10. Here is chosen to evaluate the amplitude and
phase distortion introduced by the device by means of the measured input and
output modulation. Hence, the complete waveform of the RF modulated signal is
not required for this purpose.
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The sine wave modulated signal is fed into the crystal detector in both setups.
The output of the detector enters an isolation amplier, which provides a high
impedance termination and a low load capacitance at the output of the square law
detector. Finally, the signal enters the HP54120 calibrated sampling oscilloscope
for visualisation and further processing.

Figure 2.10:

Input Sine Wave Modulated Signal xAM (t) for fc = 1 GHz and fmod = 1 kHz

2.3.2 Varying the Carrier Frequency
A rst step in the characterisation of the detector behaviour is to quantify the
dierence in magnitude and in phase between the modulation signal present at the
input of the detector and the down converted modulation measured at the output
of the crystal detector for dierent carrier frequencies as depicted in gure 2.11.
Thereto, one will measure the magnitude and the phase of the ratio of the
modulation input signal and the detected modulation output signal in the spectral
domain.
By performing a sucient number

(N )

of repeated measurements, the envelope

of the applied sine wave modulated signal can be approximated as the standard
deviation (STD) of the sine wave modulated signals

(N = 32)

at the input of the

detector (input 1 of the sampling oscilloscope in gures 2.9.a and 2.9.b) because
the modulation signal was chosen as a trigger signal during the measurements.
Figure 2.10 shows the sine wave modulated input signal in the time domain
where one can notice that the high-frequency variation of the carrier is not
recorded.

Computing the standard deviation of a number of records of the sine

wave modulated input signals, where the fast variations behave randomly over the
records, allows retrieving the modulated input signal.
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Figure 2.11:
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fmod

Varying fc of the input sine wave modulated signal

v
u
u
(t)) = t

N

1 X
(xAM (k) − mean(xAM ))2
N −1

(2.23)

k=1

This low frequency input modulation signal

(fmod = 1 kHz)

can be transformed

to the frequency domain and can then be compared to the output of the squared
detector.

Figure 2.10 shows the sine wave modulated input signal in the time

domain. The input modulation calculated as the standard deviation of the 32 sine
wave modulated input waveforms is shown in the left graph of gure 2.12 and the
detected output modulation is depicted in the right graph of gure 2.12.

This

calculated input modulation is by denition a positive signal whereas the detector
detects the negative envelope of the sine wave modulated signal. This 180° phase
shift is not relevant and is removed.
The measurements shown in the gures 2.10 and 2.12 correspond to a carrier
frequency,

fc = 1 GHz

and a modulation frequency,

fmod = 1 kHz.

For each of

the two measurement setups shown in gures 2.9.a and 2.9.b, input and output
signals of the squared detector were recorded for dierent carrier frequencies: [fc

=

0.6; 0.7; 0.8; 0.9; 1; 1.5; 2; 5; 10; 15; 20; 25; 30; 35; 40 GHz].
For each carrier frequency the spectral mean of the output modulation signal was
calculated.

The output modulation signal in gure 2.12.b is transformed to the

YM OD (f ) =
F {yM OD (t)} and the value at the frequency corresponding to fmod , YM OD (fmod ),
frequency domain by means of the Fast Fourier Transform (FFT),

is computed. This procedure is repeated for all 32 measurements and the spectral
mean at the output is retrieved as

N

ŶM OD (fmod ) =

1X
F {yM OD (k)}
N
k=1

(2.24)

f =fmod

The 32 measurements of the sine wave modulated input signal give rise to the input
modulation signal. This input modulation signal in gure 2.12.a is transformed to
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XM OD (f ) =
fmod , XM OD (fmod )

the frequency domain by means of the Fast Fourier Transform (FFT),

F {xM OD (t)}.

The value at the frequency corresponding to

is computed.
The ratio of these two quantities

ŶM OD (fmod )

XM OD (fmod ) results in the
fmod for each carrier frequency

and

conversion transferfunction of the crystal detector at

fc ,
F RF (fmod ) =

ŶM OD (fmod )
XM OD (fmod )

a.

(2.25)

b.

Figure 2.12: Input Modulation, xM OD (t), and Output Modulation, yM OD (t), for fc = 1 GHz
and fmod = 1 kHz

The magnitude and phase characteristics of this transferfunction,

F RF (fmod ),

is

calculated for each dierent carrier frequency, leading to gure 2.13. The round
markers relate to carrier frequencies of 600 MHz up to 2 GHz and are measured
with the setup in gure 2.9.a, while the squares relate to carrier frequencies of 1
GHz up to 40 GHz as measured with the setup in gure 2.9.b. In the region of 1-2
GHz, where measurements with both setups overlap, dierences in amplitude and
phase exist due to dierences in connectorising, resulting in a dierent attenuation
in the order of several tenths of dB and a dierence in delay in the order of a
degree.
Figure 2.13 reveals that the input frequency range is about 12 GHz, as predicted
by datasheets of this device (fpass
band equals -10dB in average.

= 12.4 GHz

[78]). The attenuation in the pass

One can conclude that the crystal detector will

exhibit a xed conversion loss for a signal modulated at various carrier frequencies
in the pass band of the detector: i.e. 12.4 GHz.
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a.

b.

Magnitude of F RF (fmod ) and Phase of F RF (fmod ) : Setup 1 (round markers),
Setup 2 (square markers)

Figure 2.13:

Figure 2.13 also reveals that the phase dierence induced by the detector remains
small up to 25 GHz. The phase dierence between output modulation and input
modulation is still less than 1° for carrier frequencies below 25 GHz !

One can

conclude from this gure that the phase distortion introduced by the detector when
translating the input modulation from a carrier frequency to DC is insignicant and
independent of the carrier frequency itself.
This experiment shows that the phase shift between input modulation and output
modulation signal is independent of the carrier frequency for the operating
frequencies of the detector, meaning that the conjecture made is true and that a
phase calibrated dense frequency grid measurement can be obtained by means of a
crystal detector with a negligible dependency on coarse grid frequencies. Moreover,
this allows one to extract a baseband model for the detector using low-frequency
measurements to predict the device output when excited with a modulated RF
signal for various RF carrier frequencies. This is a unique case where model-based
extrapolation will work.

2.3.3 Varying the Modulation Bandwidth
The next set of measurements varies the modulation frequency and keeps the carrier
frequency constant at 1 GHz using the setup in gure 2.9.b. In order to study the
dependence of the characteristic of the detector on the modulation bandwidth, the
SMIQ06 Rohde&Schwarz signal generator (300 kHz - 6.4 GHz) is used, instead of
the HP83640 signal generator in gure 2.9.b, for enabling modulation frequencies
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a.
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Figure 2.15:

Magnitude and Phase of F RF (fmod )

up to 10 MHz.

The measured conversion transfer function for a modulation frequency

fmod ranging

from 1 kHz to 10 MHz is shown in gure 2.15, where magnitude and phase of this
conversion transferfunction,

F RF (fmod ),

(calculated as in eq. 2.25) are shown.

Both gures indicate that there is indeed a need for magnitude and phase
correction of the detector's inuence here. The magnitude rapidly decreases from
approximately -10dB to approximately -18dB as the frequency reaches 10 MHz
due to capacitive loading of the detector. By limiting these losses the modulation
frequency can reach up to about 20 MHz.

In the datasheets of the crystal detector [78] one nds that the maximum
modulation detection bandwidth of the detector depends on the load impedance,

BWmod = 0.35

RL + RV
2.2RL RV (CL + Cb )
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(2.26)
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Equivalent circuit of the diode
Rv
50Ω

RF IN

Figure 2.16:

where

RL

Cb

V

RL CL

LF OUT

Equivalent circuit of a detector

CL is the load capacitor. The specied
RV = 1.5kΩ which is the video impedance and
Cb = 27pF . Figure 2.16 shows the typical equivalent

is the load impedance and

characteristics of the detector are
the RF bypass capacitor,

circuit of the crystal detector that is found in the datasheets of the detector.
The load impedance lies in the order of several hundreds of MWs for all earlier
described experiments. If

CL

is in the order of pF by limiting capacitive loss, the

modulation detection bandwidth can equal 1 MHz if the detector is terminated with
several hundreds of MWs. The modulation detection bandwidth can reach 20 MHz

if the detector is terminated with 50W. The possibility of tuning the modulation
detection bandwidth of the detector by means of a specic load impedance is an
interesting property.

2.4 Detection of nonlinear
Non-parametric modelling
As

the

previous

paragraph

indicates

that

the

distortions

magnitude

and

the

:
phase

characteristics of the detector need to be compensated, an adequate modelling
approach yielding an appropriate detector model needs to be investigated.

The

goal of this paragraph is to assess how well the crystal detector approximates a
quadratic element or an envelope detector.
In this paragraph more insight in the nonlinear behaviour of the crystal detector is
gained constructing a non-parametric model for the detector [39, 57]. The crystal
detector is excited by a specically designed signal, i.e. a random odd multisine.
Figure 2.17.a shows an example of such a random odd multisine.

The signal

contains energy on the odd spectral lines with the exception of some odd spectral
lines that are randomly chosen.

None of the even lines (x in gure 2.17.a) are

excited with the exception of DC. Applying such a specic signal allows detecting
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Figure 2.17:

system

a. Input of Nonlinear system : Random odd Multisine, b. Output of Nonlinear

the presence and estimating the amount of nonlinear behaviour [39, 57]. The level
of the nonlinear distortions is proportional to the magnitude of the spectrum taken
at the detection lines.



At the excited odd lines : the output consists of the linear contribution and
odd and even nonlinear distortions. The response of a system such as the
crystal detector contains contributions on the excited odd lines due to linear
behaviour of the detector and has contributions on the excited odd spectral
lines due to odd nonlinear behaviour as well. Due to the presence of a DC
value the excited odd lines also contain contributions due to even nonlinear
behaviour.



At the even lines : the even and odd nonlinear distortions appear (arrows in
grey in gure 2.17.b). If the detector is characterised by nonlinear behaviour
due to even nonlinearities, the output of the detector will show the result
of the even nonlinearities on the even spectral lines.

However due to the

presence of a DC value the even lines also contain contributions due to odd
nonlinear behaviour. Since there was no energy at these even detection lines
in the excitation signal, the energy at these lines in the detector's response
proves that there exists even and odd nonlinear behaviour of the detector.



At the unexcited odd lines : the even and odd nonlinear distortions appear
(arrow in black at frequency bin 5 in gure 2.17.b). If the detector contains
nonlinear behaviour resulting from odd nonlinearities, the output spectrum
of the detector will carry energy at the unexcited odd spectral lines, which
are also called odd detection lines.

However due to the presence of a DC

value the odd detection lines also contain contributions due to even nonlinear
behaviour. Since there was no energy at these detection lines in the excitation
signal, the energy at these lines in the detector's response proves that there
exists indeed an even and odd nonlinear contribution in the detector.
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a.
Figure 2.18:

detector

b.

a. Input of the crystal detector : Random Odd Multisine, b. Output of the crystal

The dierence between the nonlinear contributions on the even and odd detection
lines is the contribution due to the quadratic nonlinear term
term causes distortions only on the even lines.
terms

(x4 , x6 , . . .)

(x2 ).

This quadratic

The higher order even nonlinear

cause distortions on both the odd and the even detection lines.

The odd nonlinear terms

(x3 , x5 , . . .)

cause distortions on both the odd and the

even detection lines. Hence, a dierence in the power level between the even and
the odd detection lines is due to the presence of the quadratic nonlinear term.
Because the arbitrary waveform generator is not perfect, the input signal may
contain some energy at the unexcited odd and even spectral lines. The previous
study can therefore not be carried out directly, as the detection spectrum is not zero
at the input of the device. Therefore one needs to compensate for the presence of
this energy at the ideally unexcited input lines and its inuence on the output. In a
second experiment the detector is excited by a signal with a peak-to-peak amplitude
that is ten times lower, to excite the nonlinearities of the detector less and hence
allow a characterisation of mainly the linear behaviour.

ylin (t)

The signals

xlin (t)

and

are then measured at input and output. With this experiment one obtains

an estimation of the linear transferfunction on the excited lines,

Ĝlin (lexc ) =

Ĝlin (lexc ),

Ylin (lexc )
Xlin (lexc )

(2.27)

where lexc represents the excited lines.
This transferfunction,
lines,

Ĝlin (ldet,odd ),

Ĝlin (lexc ),

is extrapolated to the unexcited odd detection

and the unexcited even detection lines,
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Ĝlin (ldet,even ),

where

a.

b.

Power spectrum of : a. the input of the crystal detector and b. the output of the
crystal detector
Figure 2.19:

ldet,odd

and ldet,even represent the odd and the even detection lines, respectively. A

more accurate way to estimate

Ĝlin would be to use the Best-Linear-Approximation

of a nonlinear system (BLA, [48]).
Figure 2.18 shows the measured time domain input signal,
signal,

yN L (t),

xN L (t), and the output

of the detector when exciting the detector's nonlinear behaviour.

Together with this input, one is able to estimate and compensate the contribution
in the output signal due to the input power at the unexcited lines,
and

Ŷlin (ldet,odd )

Ŷlin (ldet,even ),
Ŷlin (ldet,odd ) = Ĝlin (ldet,odd )XN L (ldet,odd )
ŶN L (ldet,odd ) = YN L (ldet,odd ) − Ŷlin (ldet,odd )

(2.28)

Ŷlin (ldet,even ) = Ĝlin (ldet,even )XN L (ldet,even )
ŶN L (ldet,even ) = YN L (ldet,even ) − Ŷlin (ldet,even )

(2.29)

and

where the power spectra of

ŶN L (ldet,odd ) and ŶN L (ldet,even ) are depicted in gure

2.19.b.
Figure 2.19 shows the power spectrum of the input and the output signal of the
detector, where the excited lines are depicted as lled round markers, the unexcited
even lines as circles and the unexcited odd lines as crosses.
The solid black line in each of the gures denotes the measurement noise,
on the input and the output measurements, calculated as
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nm = √σ

Np

with

σ

nm ,
the
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a.

b.

Power spectrum of : a. the input of the crystal detector and b. the output of the
crystal detector
Figure 2.20:

standard deviation and

Np

the number of periods, which equals 800. This high

amount of periods is not necessary for the method to work but the data was easily
collected, available and used.
From gure 2.19.a one can see that the excited odd lines have a power of -40dBm
in average.

With regard to these excited lines, the input signal is ltered by a

low-pass characteristic, as given by the equivalent circuit of a detector in gure
2.16.
From gure 2.19.b one can also clearly see that the detection lines have increased
in power.

Especially the even lines have grown with about 20dB in the excited

frequency band.

The unexcited even lines are found at about 20dB below the

excited odd lines in the output spectrum. The detector is able to perform a down
conversion of a modulated signal to baseband frequencies by operating as a squaring
device, hence the presence of even nonlinearities is expected. Even though the input
multisine signal used here resides in baseband - and is not modulated around an
RF carrier frequency - the squaring operation is still respected. Due to the squaring
operation the bandwidth of the baseband multisine will double, which explains the
even nonlinearities beyond the excited bandwidth of 1.8 MHz in the output signal.
The even detection lines are found at about 20dB above the odd detection lines
which indicates that the quadratic nonlinear term is clearly dominating.
When the peak-to-peak amplitude of the input signal is increased, gure 2.20.a and
b are obtained. From gure 2.20.a one can see, that the excited odd lines have
a power of -37dBm in average. The power of the even nonlinearities and the odd
nonlinearities in the output have increased as is shown in gure 2.20.b. The even
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a.

b.

Figure 2.21: Frequency Response Function for dierent peak-to-peak input voltages applied to
the crystal detector: a. DC up to 1.8 MHz, b. DC up to 0.35 MHz.

lines are still found at about 20dB below the excited lines in the output spectrum.
The frequency response function (FRF) is computed for ve dierent modulation
levels. Again the mean obtained from 800 repeated measurements at the excited
odd lines is used. The FRFs are depicted in gures 2.21.a and b. One can see from
these gures that the variability of the FRF increases with increasing input voltage
(Vpp,5

> Vpp,4 > Vpp,3 > Vpp,2 > Vpp,1 ).

The variations on the FRF are ascribed

to contributions arising from even and odd nonlinear behaviour that are present at
these odd excited lines.

2.5 Conclusion
The feasibility study of the detector as a phase calibration standard revealed that
the crystal detector is an interesting candidate as a reference element for phase
calibration, because it translates the envelope of the RF signal to IF frequencies.
Measurements characterising a realistic crystal detector explained that the device
itself will introduce phase distortion, hence magnitude and phase correction of the
detector's inuence is needed and the identication of a model for a realistic crystal
detector has to be undertaken.
A substantial ascertainment was made during the feasibility study of the crystal
detector: the down conversion of the detector is found to be independent of the
RF carrier frequency.
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This

allows

one

to

extract

a

model

for

the

detector

by

using

baseband

measurements. This entails a signicant complexity reduction. The narrow-band
RF modulated input signals can be replaced by a baseband input signal for the
model extraction. The baseband signals are easily measured by a straightforward
setup.

Since

no

long

periodic

RF

modulated

sequences

captured

in

long

data-records are needed, the model extraction procedure is facilitated by the use
of baseband signals. Moreover the same extracted model can be used to predict
the device output when excited with a modulated RF signal for dierent RF carrier
frequencies meaning that a phase calibrated coarse frequency grid can be used to
obtain a phase calibrated ne frequency grid by means of a crystal detector with a
negligible dependency on coarse grid frequencies.
A non-parametric modelling approach of the crystal detector revealed the existence
of signicant nonlinear contributions by the device. If the device would not exhibit
nonlinear behaviour via a squaring operation, envelope detection would not be
achieved. The device will therefore be modelled by means of a nonlinear model in
the next chapter.

2.6 Appendix: Calculation of the Jacobian
for a least-squares (LS) estimator of the
Single-Side-Band (SSB) modulated input
signal
e (S(fi , j)) ∈ C1xn equals the dierence between the model
true
true
∗ XOU
for the true values S
(fi ) and the model
T (f )
XOU T (f, j) ∗ XOU T (f, j) for the values S(fi , j) of iteration step j ,

The vector

output

true
XOU
T (f )

output

for

true
true
e0 = XOU
T (f ) ∗ XOU T (f )

DC

− XOU T (f ) ∗ XOU T (f )|DC

(2.30)

true
true
ek = XOU
T (f ) ∗ XOU T (f )

kδf

− XOU T (f ) ∗ XOU T (f )|kδf

(2.31)

|k| = 1 . . . 4.
ec ∈ C1x(2n−1) displays the terms at positive and
vector e (S(fi , j)) of iteration step j and is given as,

The vector
in the
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negative frequencies

ec (S(fi , j)) =

ec is split up in its
ere ∈ C1x(4n−2) ,

This vector
the vector



e−4

...

e−1

e0

e1

...

e4

T

real and imaginary part for iteration step


ere =



Re {ec }
Im {ec }


=

eR,c
eI,c

(2.32)

j,

yielding


(2.33)

Equation 2.39 is then written as,

Jt (Ŝ(fi , j)) × ∂S(j) = ere
where

Jt

j

is the Jacobian at iteration step

(2.34)

and

T



=
∂S = ∂SR ∂SI
h
∂S1,R ∂S2,R ∂S3,R ∂S4,R

∂S5,R

∂S1,I

∂S2,I

∂S3,I

∂S4,I

∂S5,I

iT

(2.35)

Ŝ(fi , j) values of
Ŝ(fi , j + 1) = Ŝ(fi , j) + ∂S .

is the increment that is added to the
in new parameter values

the previous step resulting

In order to nd the analytical expressions for the Jacobian,

Jt ∈ C(4n−2)x2n ,

one

denes,


Jt =
with

Jr = [JR + JI ]

and

Re {Jr }
Im {Jr }

Ji = i [JR − JI ]









JR = 








∂e−4
∂S1
∂e−3
∂S1
∂e−2
∂S1
∂e−1
∂S1
∂e0
∂S1
∂e1
∂S1
∂e2
∂S1
∂e3
∂S1
∂e4
∂S1

∂e−4
∂S2
∂e−3
∂S2
∂e−2
∂S2
∂e−1
∂S2
∂e0
∂S2
∂e1
∂S2
∂e2
∂S2
∂e3
∂S2
∂e4
∂S2

Re {Ji }
Im {Ji }

both

∂e−4
∂S3
∂e−3
∂S3
∂e−2
∂S3
∂e−1
∂S3
∂e0
∂S3
∂e1
∂S31
∂e2
∂S3
∂e3
∂S3
∂e4
∂S3
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(2.36)

∈ C(2n−1)xn ,
∂e−4
∂S4
∂e−3
∂S4
∂e−2
∂S4
∂e−1
∂S4
∂e0
∂S4
∂e1
∂S4
∂e2
∂S4
∂e3
∂S4
∂e4
∂S4

∂e−4
∂S5
∂e−3
∂S5
∂e−2
∂S5
∂e−1
∂S5
∂e0
∂S5
∂e1
∂S5
∂e2
∂S5
∂e3
∂S5
∂e4
∂S5


















(2.37)
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∂e−2
∂S1∗
∂e−1
∂S1∗
∂e0
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∂S1∗
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∂e4
∂S1∗
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Given
be

4
N

the
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−S5∗

expressions
in.

−S4∗

For

in

equations

example,

−S3∗
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∂S2∗
∂e0
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∂e2
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(2.13)
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−2S1∗

For a given set of starting values
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(2.38)

equals

Ji can
JR (:, 1) =

δS(fi )

is computed

of

Jr

and

.

an increment,

according to


+
δS(j) = − Jt (Ŝ(fi , j)) ere
where



Jt (Ŝ(fi , j))

+

(2.39)

denotes the Moore-Penrose pseudo-inverse [4] of the

Jacobian of the set of equations evaluated in
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Ŝ(fi , j).

Chapter 3
Modelling of the crystal
detector: A Black-box
approach
In this chapter the crystal detector is identied as a block-structured nonlinear
feedback system. This model is estimated from baseband data and needs to be
validated for use with high frequency signals: the model needs to be extrapolated
to RF frequencies. Thereto a nonlinear solver is developed to calculate the solution
of the nonlinear feedback loop in an iterative manner.
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3.1 A block-structured black-box model with
nonlinear feedback
The identication of nonlinear dynamic systems is a comprehensive issue.

No

generally valid model framework exists and this is very dierent from linear
time invariant systems.

Therefore the class of linear systems was extended by

adding static NL blocks, leading to Wiener, Hammerstein and Wiener-Hammerstein
systems that are commonly used block-structured models, which replace the
nonlinear system by a cascade of linear dynamic and static nonlinear blocks
[6, 10, 22, 23].

Initially, attention was mostly paid to Wiener and Hammerstein systems and more
recently Wiener-Hammerstein systems have gained a lot of interest. In gure 3.1,

G1

and

G2

are linear dynamic systems, and

f

is a static NL system. The output

of such a static nonlinear system is a nonlinear function of the present input. The
output does not depend on past or future inputs.

However, all these models represent open-loop systems. The observed nonlinear
behaviour of the crystal detector cannot be addressed by such models because at
RF, feedback is always present.

This can be included in the model by adding a

feedback path around the nonlinearity [50]. This leads to the structure as shown in
gure 3.2. The structure contains a linear dynamic block in the feed forward path,

G0 ,

and linear dynamic blocks in the feedback path,

path also contains a static nonlinearity labeled

G1

and

G2 .

The feedback

f.

3.2 Identication of a block-structured NL FB
system
The identication of the crystal detector has been performed jointly with Johan
Schoukens and the procedure is thoroughly addressed in [47].

The next section

briey highlights the dierent steps in the identication algorithm.

The most

dicult step in the identication process is nding good initial estimates for the
individual building blocks
and for

f

G0 , G1

and

G2

(the FRFs of the linear dynamic blocks)

(the static nonlinearity). An intelligent method to provide nonparametric

initial estimates, starting from a set of measured input and output data is needed.
Once these initial values are available, a nonlinear optimisation problem is solved
to tune the model to the data.
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A block-structured FB model : Nonlinearity in the feedback path

3.2.1 Nonparametric Identication of the dynamics of the
feed forward (FF) and the feedback (FB) Path
In the rst step of the initialisation procedure one generates initial estimates for
the dynamics

G0

(FF) and

G1,2 = G1 G2 (FB) of the model
f is obtained.

shown in gure 3.2.

In the second step an initial estimate for

The approach in [47] to obtain a nonparametric identication of the dynamics of
the feedforward (FF) path and the Wiener-Hammerstein feedback path is used.
The method starts from the observation that the best linear approximation of
a nonlinear closed loop system varies with the amplitude of the excitation.

By

performing measurements at dierent excitation levels, a series of varying frequency
response functions is obtained. These variations will be used to split the FF and
FB dynamics. Hence the method provides us with estimates for the FF and FB
dynamics.

When initial estimates are available for the FF and FB dynamics, estimates of the
input signal,

p,

q , of the Wiener-Hammerstein
q̂lin = r − G−1
0 y.

and the output signal,

can be obtained, as

p̂lin = y

and

FB branch

Next a nonparametric initial estimate for the Wiener-Hammerstein FB branch
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can be generated [49].

The major reason why the identication of a Wiener-

Hammerstein system is involved is the presence of two linear dynamic blocks
and

G2 .

G1

The kernel idea is to replace the original structure by an alternative

representation that is easier to identify in a two step procedure. In the rst step,
the best linear approximation is estimated, in the second step a structure of the
form

Gf G−1

is identied, where

G

is a linear dynamic system and

f

a static

nonlinear system [49].
The nal result of this procedure is a nonparametric estimate of the FRF of the
dynamic blocks and a nonparametric model of the static nonlinearity is obtained
in the form of an input output table.

3.2.2 Estimation of a parametric model
Parametric initialisation:
When the nonparametric initial estimates of the static and dynamic blocks are
available, one can identify a parametric model. All dynamic blocks are individually
modelled [39] with a transfer function model.

Pnb
bk Ωk
Gi (Ω) = Pnk=1
a
k
k=1 ak Ω

(3.1)

with Gi representing G0 , G1 and G2 and Ω = jω for continuous-time
f
Ω = e−j2π fs for discrete-time systems (fs is the sample frequency).

systems or

The static nonlinearity is written as a linear combination of a set of basis functions,

f (x) =

nf
X

βk Bk (x)

(3.2)

k=0
The static nonlinearity is here described by a
example one can choose

Bk (x) = x

k

nth

order polynomial function, for

.

Parametric optimisation:
A (weighted) least squares problem is solved in the nal optimisation step,

N
1 X
2
VW LS (Y, θ) =
wk |Y (Ωk ) − Y (Ωk , θ)|
N

(3.3)

k=1

Y (Ωk , θ) being the modelled output evaluated at frequency Ωk , and θ =
(θG0 , θG1 , θG2 , θf ). The weighting wk can be used to select the frequency band of
interest by choosing wk = 0 at those frequencies that should not be considered.

with
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3.3 Extraction of a block-structured NL FB
model for the crystal detector
Before passing on to the extraction of a nonlinear feedback model for the crystal
detector using the aforementioned procedure, it has to be veried that the system
relates to this structure because not any given system possesses equivalence with
a nonlinear feedback structure.

The crystal detector can be considered as an

envelope detector or a demodulator circuit.

In chapter 4 the relation between

input and output signals is set up for a typical demodulator circuit and it is shown
there that the circuit can indeed be described as a nonlinear feedback structure.
Once input-output data of the crystal detector are collected, these data records
are passed to the extraction procedure and the model parameters of the nonlinear
feedback structure are estimated. The baseband measured data and the setup for
collecting them are described in the next paragraph.
When the model is available, understanding the structure of the model and the
link with the actual system is vital and explained in section 3.4.
In the end the model will be used with high-frequency input signals but is extracted
with baseband data, hence the question of extrapolation capability rises. In section
3.5, a paragraph is dedicated to this subject.

3.3.1 Baseband measurements for model extraction
The down conversion of the detector is proven to be independent of the RF-carrier
frequency (Section 2.3).

This allows one to extract a block-oriented baseband

model for the nonlinear detector that consists of a linear direct path and a
nonlinearity in the feedback path.
For the model extraction using baseband measurements, the detector was excited
with a Gaussian distributed periodic excitation signal. This Gaussian distributed
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a.

b.

a. Voltage signal at the detector input (black curve) and the detector output (grey
curve), b. Power spectrum of the detector input (black curve), the detector output (grey curve),
measurement noise (black dots).

Figure 3.4:

periodic excitation signal is ltered by a Butterworth low-pass lter designed to
have a cut-o frequency of 800 kHz. The amplitude of this excitation increases
with time during one period; hence during one period of the signal, the amplitude
of the Gaussian distributed excitation grows linear with time. The signal has an
RMS-value of 118mV and a peak-to-peak amplitude of 165mV. The bandwidth of
the baseband excitation is 800 kHz and the signal is generated with an arbitrary
waveform generator (Agilent HPE1445A). The sample frequency is 10 MHz. The
reconstruction lter of the HPE1445A was set on at 10 MHz.
noise sequence has a length of 50 000 samples.
times, hence 5 periods are measured.

The Gaussian

This sequence is repeated ve

The nal measurements are obtained by

averaging these repeated measurements.

This allows us to also estimate the

standard deviation (STD) of the noise on the measurements which equals 0.23mV.
The input and output signals are depicted in gure 3.4.a in the time domain and
the power spectra of the input and output signals are depicted in gure 3.4.b. The
black dots in gure 3.4.b denote the measurement noise,
output measurements, calculated as
the measurements and

Np

nm = √σ

Np

with

σ

nm ,

on the input and the

the standard deviation on

the number of periods.

The input and output voltages are measured using Agilent HP-E1430A data
acquisition cards (ADC). These cards have a 50W input resistance; hence a high
impedance buer is used at the output of the detector to avoid the loading of the
device. The measurement setup is depicted in gure 3.3.
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A NL FB model for the crystal detector

The input and output signals and their power spectra are depicted in gure 3.4.
The model extraction procedure in section 3.2 can be used for baseband input and
output signals. The algorithm was at one's disposal and directly applicable for the
measurements depicted in gure 3.4 [47].

3.3.2 Identied model
Now the collected input-output data of the crystal detector can be passed to the
extraction procedure and the model parameters of the nonlinear feedback structure
are estimated.
The identied model contains a low-pass lter in the forward path depicted in gure
3.5.a. as is shown in the derivation of the input and output relation for a typical
demodulator circuit in chapter 4. In the feedback path one nds a high-pass lter
followed by the nonlinearity and a constant value.

Ĝ0 (z −1 ) =

b0 + b1 z −1
0.17 + 0.1753z −1
=
−1
a0 + a1 z
0.8345 − 0.4952z −1

Ĝ1 (z −1 ) =

d0 + d1 z −1
5.034 − 5.052z −1
=
−1
c0 + c1 z
−7.634 − 5.367z −1
Ĝ2 (z −1 ) =

f0
= 0.7675
e0

The static nonlinearity is described by a polynomial function of order

z=

nf
X

βk x k

nf :

i.e. 9,

(3.4)

k=0
with the signals z and x dened in gure 3.5.a and
polynomial that describes the static nonlinearity.
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βk

the coecients of the

As stated in section 3.2, the
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a.

b.

a. Magnitudes of the FRFs corresponding to the transfer functions: G0 (z −1 ) and
, b. Estimated nonparametric static nonlinearity z(t) = f (x(t))

Figure 3.6:

G1

(z −1 )

extraction algorithm allows the possibility of identifying a Wiener-Hammerstein
system in the feedback loop. However in the case of the crystal detector this was
found to be unnecessary:

Ĝ2 (z −1 ) = K = 0.7675 is found to be a constant, hence

the feedback path was in fact identied as a Wiener system as shown in gure
3.5.b.
The model structure with a Wiener-Hammerstein system in the FB loop is in fact
chosen too exible to model the crystal detector.

In view of the derivation of

the relation between input and output signals for a typical demodulator circuit
as performed in chapter 4, the correct NL FB model structure for the detector
contains a Wiener system in the FB loop. This is taken into account when setting
the order of the dierent dynamic blocks

G0 , G1

and

G2

in the model structure

at the time of initiating the algorithm.
Hence, the algorithm then successfully identies the detector as a block-structured
nonlinear feedback system which contains a low-pass lter in the feed forward path
and a Wiener system in the feedback loop.

When the model is available, it has to be validated using a validation test set. It is
important to assess whether the model is able to predict the output for a data set
that is dierent from the one used during the modelling. The validation data set is
an additional set of measurements that is similar to the data set used for the model
extraction. For the model extraction a Butterworth low-pass lter of

2nd

order was

used to lter the Gaussian distributed periodic excitation as discussed in paragraph
3.3.1, whereas the validation set is collected using a

4th

order Butterworth low-pass

lter. The other properties of the validation excitation signal are kept identical to
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The measured and model predicted output (Black top curve), Error (Black bottom
curve), Nonlinear contribution to the output (Grey curve).
Figure 3.7:

the model extraction signal.
Using the model, the output of the crystal detector is computed for the validation
input data record and compared to the validation output data record [47].

The

dierence between the measured and the modelled output is very small (mean
error: 0.18mV, standard deviation: 0.30mV), particularly when this is compared
with the standard deviation of the noise on the input and output measurements,
which equals 0.23mV. The model predicted output is depicted in gure 3.7 (black
top curve), together with the deviation between the model predicted and measured
output (black bottom curve) and the contribution of the NL FB path to the model
predicted output (grey curve).
It can be seen that it is signicantly larger than the remaining error, and hence, a
NL model is indeed needed to model the crystal detector. In practice, it is exactly
this NL part of the output that matters in the down conversion of an RF waveform
by the crystal detector.

3.4 Qualitative validation of a block-structured
NL FB model
Now that the model is available, understanding the structure of the model and the
link with the actual system is vital and this will be explained in this section.
The device is excited with a sine wave modulated signal or amplitude modulated
signal,

xAM (t)

and the measured output signal is denoted as

xOU T (t).

The

detector is terminated in a 50Ω load impedance by the Agilent DSO5032A
oscilloscope. The measurement setup is shown in gure 3.8.a.
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a. Measurement set-up, b. Low-pass lter cut o frequency dependence on the
load impedance

Figure 3.8:

In section 2.3.3 was shown that the maximum modulation detection bandwidth
of the detector depends on the load impedance, according to eq.(2.26) and gure
2.16. Hence choosing a 50Ω load impedance alters the cut o frequency of the
low-pass lter in gure 3.6.a. The cut o frequency of the low-pass lter is found to
be inversely proportional to the load impedance of the detector, so if
then

fc,2 < fc,1

RL,2 > RL,1 ,

as shown in gure 3.8.b.

According to eq.(2.26), one nds a cut o frequency in the order of 50 MHz for a
load capacitor in the order of the RF bypass capacitor

(≈ pFs)

instead of a cut o

frequency in the order of 1 MHz as shown in gure 3.6.a.
The amplitude modulated signal,

xAM (t)

in gure 3.9.a has a carrier frequency,

fc ,

of 100 MHz, a sine wave modulation of 1 kHz and a peak-to-peak amplitude

of

(148 ± 3) mV. The accuracy of the Agilent DSO5032A oscilloscope is 3mV,
±2.0% of the full scale reading here 160mV. Dierent excitation signals

which is

were applied to the crystal detector each with a dierent carrier frequency ranging
from 20 MHz to 500 MHz. The peak-to-peak amplitude of the AM signal is kept
constant. Hence, in the experiments discussed here, all input signals have the same
signal amplitude and modulation envelope: only the carrier frequency shifts.
The frequency span of



fc

is divided in two sets :

a rst set of low-frequency carriers denoted as measurement set 1: 20 MHz,
30 MHz, 100 MHz, 200 MHz.



a second set of high-frequency carriers denoted as measurement set 2: 300
MHz, 400 MHz, 500 MHz.
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and high-pass lter in the model

Figure 3.9:

For each set a dierent behaviour of the crystal detector appears when studying
the detector's response.
This can be expected when looking at the low-pass lter characteristic in the FF
path in gure 3.9.b. Since the cut o frequency of about 1 MHz is altered, with
respect to the load impedance of 50Ω, to a value of about 50 MHz, one infers that
the rst set of carriers (blue in g.3.9.b) excites the pass band as well as the stop
band of this low-pass lter. The second set of carriers (green in g.3.9.b) excites
only the stop band of the low-pass lter as shown in gure 3.9.b.
When studying the measurements the following can be concluded: for modulated
signals with a low carrier frequency, the device acts as a half wave rectier as can
be seen in gure 3.10.a.

In half wave rectication, one polarity of the wave is

left untouched while the other polarity is blocked, depending on the polarity of
the rectier. This operation extends up to a carrier frequency of about 200 MHz.
When we increase the carrier frequency of the input signal from 20 MHz to 200
MHz the output signal amplitude decreases which demonstrates a low-pass lter
behaviour.
When the carrier frequency is further increased beyond 200 MHz, the envelope
detection starts to show. From 300 MHz on, the low frequency envelope is clearly
visible, as is shown in gure 3.10.b.
These initial experiments indicate that the proposed model structure, as shown in
gure 3.5, can be valid. This simple structure is indeed capable of mimicking the
measured behaviour.
This is ascertained by considering the signals that are present in the schematic and
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a.

b.

Figure 3.10: a. Detected output signal for a. low-frequency fc =20 MHz, 50 MHz, 100 MHz
and 100 MHz, b. high-frequency fc =200 MHz, 300 MHz, 400 MHz and 500 MHz

their evolution when passing through the structure as explained in gures 3.11.a
and b and gure 3.12.a and b.
First, assume the feedback loop in gure 3.5.b to be absent for initialisation
purposes.

Consider an amplitude modulated signal being fed into the detector

when modelled according to gure 3.5.b:

a. Low frequency carriers


In gure 3.9.b is shown that at low frequencies, the low-pass lter does not
attenuate the signal, whereas the high-pass device blocks the access of the
signal to the nonlinearity. The low-frequency modulated signal belonging to
measurement set 1 (3-tone signal in blue) encounters the frequency region
of the red characteristic,



The ltered signal,

x,

Gtot ,

where the attenuation is at its largest.

dened in gure 3.5.b, is applied to the nonlinearity,

which is approximated as a squaring function.
nonlinearity, contributions at DC and



This signal,

q,

2fc

At the output of the

arise as shown in gure 3.11.a.

is left with a positive polarity and is applied in negative

feedback, meaning that

r = u−q

(g.3.5.b) and the positive polarity side of

u. Signal r is left with a negative
r contains contributions at DC and 2fc due to the signal
at fc due to the signal u.

the signal is removed from the input signal
polarity. This signal

q


and contributions

Since this negative polarity originates from an AM-signal with a low-frequency
carrier, it will mainly act as a low-frequency signal with regard to the low-pass
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Figure 3.12:

lter in the FF path as is shown in gure 3.12.a. Hence, low pass ltering
this polarity side will not alter this signal because it lies in the pass band of
the lter. This explains why in gure 3.10.a, for low frequency carriers, one
polarity side of the signal of the input wave is found at the output.

b. High frequency carriers


When the frequency is increased, the high-pass lter will attenuate the
RF-signal belonging to measurement set 2 (3-tone signal in green) less as is
shown in gure 3.9.b.



High frequency components will now be presented to the nonlinearity as
shown in gure 3.11.b. These high frequency contributions then undergo the
nonlinear squaring operation.
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The squared signal

q,

is left again with only a positive polarity side and is

r = u − q . The positive polarity
u. The remaining signal,
r, contains contributions at DC and 2fc due to the signal q and contributions
at fc due to the signal u as shown in gure 3.12.b.
applied in negative feedback, meaning that

side of the signal is removed from the input signal



The signal

r

will contain mainly high-frequency contributions with regard

to the low-pass lter in the FF path as shown in gure 3.12.b. Hence low
pass ltering this polarity will remove the high-frequency variations and the
low-frequency envelope of the wave is detected at the output as shown in
gure 3.10.b.

The measurements and the model that are explained above clearly distinct between
two frequency regions of operation. However in chapter 2 it was found that the
down conversion of the detector is independent of the RF carrier frequency. This
property was determined for carrier frequencies starting at and above 600 MHz,
which all belong to the second set of carriers considered in this experiment.
Nevertheless, this does not necessarily mean that the ascertainment about the
down conversion being independent of an RF carrier frequency is invalidated. For
RF carriers it was demonstrated that the characteristic of

Gtot represents a constant

frequency response function at RF frequencies as is shown in gure 3.9.b. Hence,
high-frequency waves with a varying carrier frequency will indeed undergo the same
ltering

Gtot .

As explained in the beginning of this section, the cut o frequency

of the low-pass lter (inuenced by the load impedance), determines the frequency
region where

Gtot

acts as a constant.

3.5 Quantitative black-box validation of a
block-structured NL FB model
The qualitative validation of a block-structured NL FB model denoted that this
model structure is adequate to simulate the measured behaviour. In a quantitative
validation, the model estimated from baseband data can further be validated for
use with high-frequency excitation signals: the model needs to be extrapolated to
RF frequencies, which is a quite arduous task.
However a substantial ascertainment was made during the feasibility study of the
crystal detector: the down conversion of the detector is found to be independent
of the RF carrier frequency, allowing extrapolation of the baseband model to RF
frequencies for this passive element.
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In practice, the model extraction procedure provides the discrete-time models or
z-domain models of the feed forward and feedback dynamic blocks in the nonlinear
model structure. The drawback of this z-domain model is that the extrapolation of
the response to high frequencies is jeopardised which will be addressed in paragraph
3.5.3.
The section on quantitative validation starts by outlining the high-frequency
measurements and the setup involved.

3.5.1 High-frequency measurements for model validation
High-frequency measurements need to be collected to validate the baseband model.
The goal of the validation is assessing the model's capability to predict the
detector's actual response to high-frequency signals that belong to the same class
of excitation signals as the baseband signals used in the extraction of the model.
Using the model, the output of the detector can be simulated and compared to
the measured response. The measurement setup and the data collected using this
setup are discussed in the following paragraphs.

3.5.1.1 Measurement setup
A crystal detector model that matches the actual detector operation for low
frequencies is now available for validation in the high-frequency operation region
where the feedback loop closes.

Measurements of the input and output signals

are performed with the LSNA. In order to guarantee that the systematic errors are
removed, the setup is also calibrated. A one-port linear calibration and a power
calibration are performed. A phase calibration is not performed, however.
In case of measurements with the LSNA, the phase can be calibrated through
the SRD-method combined with an interpolation on a grid with a low frequency
spacing.

However, in this experiment the phase distortion at the operating

frequency is assumed to vary about a few tenths of a degree in between two
components, which is negligible compared to the uctuations we want to measure.
One could try to perform a phase calibration for one frequency component of
the RF multisine by using an SRD-method. Making the hypothesis that the phase
distortion of the tones in the small frequency band around this component, is equal
to the phase distortion of the component, results in a constant phase distortion
for all tones present in the RF multisine.

Removing approximatively the phase

distortion for the components in the RF multisine by correcting the phases of all
frequency components by a constant value, does not alter the envelope of the RF
multisine and is therefore not useful.
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Figure 3.13:

Measurement setup for RF validation measurements

An RF multisine signal is constructed using a Tektronix AWG710 generator,
operating at a sampling frequency of 4 GHz, and fed to the detector under test and
measured at port 1 of the LSNA as shown in gure 3.13. The detector output is
measured using one of the ADCs of the LSNA. The ADCs of the LSNA operate at
a sampling frequency of 20 MHz. Again, the measurement setup contains a high
impedance buer that is used at the output of the detector to avoid the loading of
the device, in the same way as during the model extraction measurements (g.3.3
in paragraph 3.3.1). The setup can be found in gure 3.13.
Some Remarks:



It sounds peculiar that the detector model is veried with the LSNA while the
latter is in fact the measurement instrument we wish to calibrate. However
at this point one is not yet calibrating the LSNA, one is only verifying a
model.



When dealing with nonlinear systems, the amplitude of the time domain
waveform exciting the static nonlinearity is of great importance. The static
nonlinearity is modelled for a given input power (see x-axis on gure 3.6) when
using baseband signals. The input power exciting the static nonlinearity when
using RF excitations should not exceed the boundaries of the input power
used during the modelling. One has to impose a well-chosen amplitude range
for the RF excitation.

3.5.1.2 Input Signal
Figure 3.14.a shows measurements of the input time domain waveform and gure
3.14.b shows the input spectrum.

The 20 repeated measurements of the input
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a.
Figure 3.14:

b.

a. LSNA Input Time Domain Waveform, b. LSNA Input Power Spectrum

signal also allow estimating the standard deviation of the noise on the input
measurements. In gure 3.14.b the level of the measurement noise on the input is
then calculated as

nm = √σ

Np

with

σ

the standard deviation and

Np

the number

of repeated measurements, which equals 20.

The input signal is a multisine signal composed of 41 spectral lines with a frequency
spacing of 20 kHz and hence occupies a signal bandwidth of 800 kHz with a carrier
frequency

fc

located at 800.38 MHz (g.3.14.b).

The LSNA is congured to

measure the 41 frequency components.
This excitation signal is designed to match the bandwidth and the class of the signal
used during the modelling experiments. The signal used during the modelling had
a bandwidth of 800 kHz and was a Gaussian distributed periodic excitation signal
belonging to the class of Gaussian distributed random excitations or random phase
multisines. The multisine input signal used here for the validation belongs to this
same class.

3.5.1.3 Output Signal
At the output of the detector, the down converted response of the crystal detector
is measured. The output signal measured with an ADC and shown in gure 3.15.a.
It is found to have a total bandwidth of 1600 kHz (g.3.15.b). As expected, the
bandwidth has doubled by the presence of spectral contributions at

2fmod

that

are created due to the squaring operation of the detector and this holds already
knowledge about the bandwidth of the feedback loop.
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a.
Figure 3.15:

b.
a. ADC Output Signal, b.ADC Output Power Spectrum

At the output, the 20 repeated measurements allow one to estimate the standard
deviation of the noise on the output measurements. In gure 3.15.b the level of
the measurement noise on the output is then depicted.

3.5.2 Model structure validation approach
In order to determine the model accuracy for RF excitation signals we calculate
the dierence between the measured envelope and the model predicted envelope.
The comparison procedure works as follows:
1. the real system is excited with an RF multisine signal and both the excitation
and the response are measured,
2. the measured input signal is used as an excitation signal for the estimated
model,
3. the simulated model response and the measured response are compared.
In this paragraph we will discuss the calculation of the model predicted envelope
using the nonlinear model structure depicted in gure 3.5.

3.5.3 Replacing the discrete-time model by a
continuous-time model:
Extrapolation of the
baseband model
The power spectrum of the measured RF-input signal is shown in gure 3.14 and
is applied to the feedback model shown in gure 3.5.
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Extrapolated feedback model structure

operating in continuous time. However up to now, the model extraction procedure
(Section 3.2) provides the discrete-time models or z-domain models of the feed
forward and feedback dynamic blocks that are present in the nonlinear model
structure (Section 3.3.2). Hence, the continuous-time system will be approximated
by a discrete-time one. This is allowed, if the sampling frequency,

fS , of the discrete

signal is chosen to be large enough compared to the bandwidth of the device under
test. In this case

fS

equals 10 MHz which suces because the dynamics of the

system reveal a bandwidth that is signicantly less than 10 MHz. The feed forward
dynamics exhibit a passband with a bandwidth of approximately 1 MHz and the
feedback dynamics possess a stop band with a bandwidth in the order of kHz. The
risk of aliasing is seriously minimised by choosing

fS

equal to 10 MHz.

The model extraction procedure provides the discrete-time models or z-domain
models of the feed forward and feedback dynamic blocks that are present in the
nonlinear model structure and their uncertainty bounds.

The disadvantage of

this z-domain model is that the extrapolation of the response to high frequencies
is jeopardized by the fact that these models are described in the z-domain and
this kind of model repeats in the frequency domain at
extrapolation to frequencies

f>

fS
2 .

fS ,

hereby disallowing an

This kind of extrapolation to higher frequencies is exactly what is needed in
the context of the crystal detector:

the z-domain models were extracted using

measurement data of excitations up to 800 kHz meaning that for model validation
at RF-frequencies, the functions must be extrapolated to the GHz frequency range.

To get around this problem, one could use a transformation to obtain a continuous
time equivalent of the discrete time model. However, this is often not so accurate
and we have decided to use an alternative way. The model's response is evaluated
in the z-domain when excited by a at multisine and the input/output data are
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tted by a continuous time model using the Matlab Toolbox FDIdent [21, 39] in
continuous time. In the toolbox, the frequency band where the tting is performed
is selected from DC up to 800 kHz, because the z-domain models were extracted
using measurement data of excitations up to 800 kHz. In this errors-in-variables
formulation, the variances on the input and output are set to a constant, chosen
to be

1

for all frequencies:

vu = 1

and

vy = 1 ,

where

vu

and

vy

are the variances

on the input and the output measurement respectively. The weights in the cost
function of the Least Squares (LS) estimator are hence equal to

1.

The continuous-time models or s-domain models are given in equation (3.5) and
shown in gure 3.16.

1
Ĝ0 (s) = a+bs
Ĝ1 (s) = c + ds

(3.5)

The model structure in gure 3.16 is then equivalent to equations (3.6).

y(s) =

1
a+bs
 [u(s)

− q(s)] 

(3.6)

q(t) = Kf cy(t) + d dy(t)
dt

The model structure is translated to the continuous-time domain and can be
validated for high-frequency waveforms.

3.5.4 Evaluating the model response : RF input applied to
the extrapolated feedback model structure
When one wants to apply an RF-input to the feedback model structure shown
in gure 3.16, one needs to obtain an s-domain model corresponding to
for the low-pass lter with transfer function,
corresponding to

Ĝtot (s),

Ĝ0 (z −1 )

for the multiplication of the transfer functions of the

low-pass lter and the high-pass lter,

Ĝtot (z −1 ) = Ĝ0 (z −1 ) × Ĝ1 (z −1 ).

In view of gure 3.16, if one calculates the signal
the response of both

Ĝ0 (s),

and an s-domain model

Ĝ0 (z −1 )

and

Ĝ1 (z −1 )

to

r(t),

x(t)

in the feedback path as

one needs to t an s-domain

Ĝtot (z −1 ). Therefore one chooses to t an s-domain model directly to
Ĝtot (z ), instead of tting an s-domain model to Ĝ1 (z −1 ) and Ĝ0 (z −1 ) and
multiplying Ĝ0 (s) and Ĝ1 (s) afterwards. Fitting an s-domain model directly to
Ĝtot (z −1 ) minimizes the extrapolation error when tting an s-domain model to a
model to

−1

z-domain model when FDIdent.
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a.
Figure 3.17:

b.

a. Magnitudes of the FRFs corresponding to the transfer functions: G0 (s),
b. Input and output signals of the static
FB model is excited by an RF-input

Gtot (s), G0 (z −1 ), G1 (z −1 ) and Gtot (z −1 ) and
nonlinearity function : z(t) = f (x(t)) when the NL

If one calculates the output of the model structure
to

r(t),

one needs the s-domain model

y(t) as the response of Ĝ0 (z −1 )

Ĝ0 (s).
Ĝ1 (z −1 ) is unnecessary in
envelope, as Ĝ0 (s) and Ĝtot (s),

Furthermore obtaining a separate s-domain model for
the calculation of the model predicted output

suce for this purpose as claried by gure 3.16. The signal either passes through
the feedback branch and so continually encounters

Ĝ0 (s).
Ĝ0 (s).

the structure by passing through
without rst also encountering

Ĝtot (s),

or the signal exits

No signal ever solely encounters

Ĝ1 (s),

In gure 3.17.a the solid curves represent the magnitude values of the frequency
response function (FRF) corresponding to the z-domain transfer functions

Ĝ1 (z

−1

)

and

Ĝtot (z

−1

)

Ĝ0 (z −1 ),

up to the excitation bandwidth of 800 kHz. The dashed

curves show the magnitude values of the frequency response function corresponding
to the s-domain transfer functions of the low-pass lter,

Ĝ0 (s),

and of

Ĝtot (s)

up

to RF frequencies of 10 GHz. Although the RF input signal is located near 1 GHz,
we extrapolate up to 10 GHz to account for the harmonic contributions that can
and will arise when passing through the static nonlinearity of the model

10 GHz).

( f2S =

Since the measured RF input signal was generated with a Tektronix

AWG710 generator, operating at a sampling frequency of 4 GHz, the recorded
input signal is now up sampled to yield

fS = 20 GHz.

The frequency grid on which the s-domain functions are available needs a spacing
of 1 kHz to include a signicant part of the stop band of the high pass lter.
Therefore is opted to work with an equidistant grid with a spacing of 1 kHz. Filling
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the equidistant grid with a spacing of 1 kHz for a sampling frequency

fS = 20 GHz,

requires up sampling yielding signals of 20 million sample points.

At this point

Ĝ0 (s) and Ĝtot (s) are available for calculation of the model predicted

output envelope according to the model structure depicted in gure 3.5.
initialisation, we assume the feedback loop to be absent.
RF-input is applied to

Ĝtot (s),

resulting in the signal

x(t)

to a constant value of about -14dB for RF-frequencies.
applied to the static nonlinearity.
multiplied with the constant
signal,

r(t),

modelled as

Ĝ2 ,

For

Hence the measured

Ĝtot (s) tends
x(t) is then
nonlinearity, z(t), is

(g.3.5).

The signal

The output of the static

and applied in negative feedback. This dierence

is then fed to the low-pass lter in the feed forward path which is

Ĝ0 (s),

and evaluated as the signal

y(t).

At this point we have only

passed the signal through the feedback loop once. To obtain a complete solution
the NL FB model is solved iteratively until convergence is reached. This calculated
signal is then chosen as the model predicted output envelope.

When convergence is reached one has to verify that the input power exciting the
static nonlinearity of the RF excitation does not exceed the boundaries of the input
power levels used during the modelling. Figure 3.17.b shows the input and output

z(t) = f (x(t)).

signals of the static nonlinearity function:

One can conrm that

the input signal respects the boundaries of the excitation used in the modelling
when considering gure 3.6.b.

Now one can compare the model predicted output envelope to the measured output
envelope. Figures 3.18.a and 3.18.b depict the power spectrum and phase spectrum
of both signals in the 0-800 kHz spectral band of the low frequency envelope. The
mean deviation up to frequencies of 800 kHz between the modelled and measured
envelope equals 3.2dB in magnitude (g.3.18.b). The variability of 4.1dB is too
large with respect to the mean error of 3.2dB. The dierence in the 0-400 kHz
spectral band equals 1.6dB. Beyond 800 kHz the power of both signals drops with
40dB.

The

measured

power

of

the

spectral

component

at

frequency

760

kHz

is

signicantly smaller than the other components in the output spectrum which
encourages one to consider the standard deviation (STD

σv)

on the output

measurement as plotted in gure 3.15.b. Since the level of the STD on the output
measurement is found at approximately -150dB, the low measured power of the
spectral component at 760 kHz of approximately -110dB results in a low SNR
compared to the other frequencies.
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a.

b.

c.

d.

e.

f.

Figure 3.18: a. Power spectrum of the measured and modelled output, b. Dierence between
the measured and modelled output in magnitude, c. Phase of the measured and modelled output,
d. Dierence between the measured and modelled output in phase, e. The measured and modelled
output waveforms and f. Dierence between the measured and modelled output waveforms

Hence, this justies neglecting the component at 760 kHz from the measurement
data set when recalculating the mean deviation in the lower side of the spectral band
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of interest up to frequencies of 800 kHz which hence equals 3.1dB in magnitude
with a variability of 3.6dB.
When one performs measurements on the device with an identical excitation but
a higher input power, the component at 760 kHz has a power similar to the other
points.

Due to the amplitude level of the excitation signal the nonlinearity of

the detector will respond dierently. However the input power exciting the static
nonlinearity when using RF excitations should not exceed the boundaries of the
input power used during the modelling, as explained in paragraph 3.5.1 and shown
in gure 3.17.b. Therefore is chosen to continue evaluating the data in gure 3.18.
The phase information of the spectral components of the modelled output coincides
to some extent with those of the measured output envelope. The mean deviation
between the phase of the modelled and measured envelope equals 24.3° (g.3.18.d).
The dierence in the 0-400 kHz spectral band equals 6.5°.

Hence, the spectral

behaviour of the modelled output coincides less with the measured output envelope
for higher frequency modulation tones as can be seen from gure 3.18.c.
Also here, the signicantly lower SNR of the component at 760 kHz justies
neglecting

the

phase

information

of

the

component

at

760

kHz

from

the

measurement data set when recalculating the mean deviation in the lower side
of the spectral band of interest up to frequencies of 800 kHz which hence equals
21.5° in phase.
The measured and model predicted time domain waveforms at the output are
depicted in gure 3.18.e. The mean deviation between the modelled and measured
time domain waveforms is 0.17mV (g.3.18.f ).

3.5.5 Evaluating the model response : RF input exciting the
extrapolated feedback model in a Harmonic Balance
(HB) formulation
While the previous method computes the signals that are present in the NL FB
model exploiting their entire spectral content, this section discusses an alternative
approach of simulating the response of the NL FB model to RF-inputs using an
Harmonic Balance formulation (HB) [29].
The corresponding circuit is separated into a linear and a nonlinear part. The linear
time invariant part of the model is gathered in the linear subcircuit represented by
a matrix
3.19.

[T]

of which each element is a transfer function as is shown in gure

The nonlinear part of the structure is extracted from the complete model
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Figure 3.19:

Harmonic Balance Formulation [29]

and gathered in the subcircuit labeled static nonlinearity.
The voltages

v1

and

v2

and the currents i1 and i2 are the interconnection voltages

and currents of the ports that connect the linear and the nonlinear subcircuit.

u
y , imposed by sources that are connected only to the linear subcircuit shown in

The input and output of the system shown in gure 3.5.a are the voltage signals
and

gure 3.19. The input and output of the static nonlinearity are the current signal

x and the voltage signal z in gure 3.5.a. The output voltage z corresponds to the
dierence of voltages v1 and v2 dened in gure 3.19. The current x equals the
current i2 = −i1 .
The signals u, y , x and z used here are hence identical to the signals dened in
the earlier gure 3.5.a.
The transfer function matrix
are transfer functions.

[T]

contains elements

Tyu , Tyz , Txu

and

Txz

which

The equations that describe the linear subcircuit in the

spectral domain partitioning in harmonic balance are,

y(s) = Tyu (s)u(s) + Tyz (s)z(s)
x(s) = Txu (s)u(s) + Txz (s)z(s)

(3.7)

The nonlinear part of the structure is gathered in the block SNL described by a
polynomial function,

z

z(t) = f (x(t))

that transforms the current

x

into a voltage

in the time domain.

In view of gure 3.5.a, one nds the following expressions for

Txz

Tyu , Tyz , Txu

and

:

Tyu (s) =
Txu (s) =

y(s)
u(s)
z=0
x(s)
u(s)
z=0

For example, to retrieve

=

1
a+bs

Tyz (s) =

=

c+ds
a+bs

Txz (s) =

Tyu ,

feedback path delivers a signal

y(s)
z(s)
u=0
x(s)
z(s)
u=0

=
=

−K
a+bs
−K(c+ds)
a+bs

one modies gure 3.5.a into gure 3.20.a.

q = 0,

and one easily nds,
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(3.8)
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Figure 3.20:

b.
Retrieving the transfer functions for a.Tyu and b.Txz .

Tyu (s) =
and to retrieve

x

f

Txz ,

1
a + bs

(3.9)

one modies gure 3.5.a into gure 3.20.b and nds,

Txz (s) =
In the same way one nds

Txu

and

−K (c + ds)
a + bs

Tyz .

(3.10)

The coecients

a, b, c, d, K ,

and the

nonlinearity are identical to the ones dened by the model structure in section
3.5.3. Completing eq.(3.7) with the expressions in eq.(3.8) yields eq.(3.6).
The harmonic balance algorithm solves eq.(3.11) for

x(s).

Harmonic balance

basically means solving the nonlinear set of system equations by balancing" the
harmonic components existent in the spectra until the system equations are fullled
[29].

Through the interconnections, the currents of the linear and nonlinear

subcircuits have to be balanced at every harmonic frequency.

x(s) − Txu (s)u(s) − Txz (s)F(f (x(t))) = 0
Supplying the functions

Tyu , Tyz , Txu

and

Txz ,

denes the simulation model. Using the RF input,

(3.11)

f,
u, and a frequency grid as inputs

and the nonlinearity function,

for the harmonic balance algorithm, allows calculating the model predicted output.
A modied Harmonic Balance algorithm that allows using RF modulated signals
was available and ready-to-use [56].

The algorithm evaluates the signals in the

Harmonic Balance formulation on a particular frequency grid. Since the RF input
signal contains 40 components around an RF carrier (g.3.14), a number of boxed
frequency grids is dened, each composed of 80 components located around a
multiple of the carrier frequency
of boxed grids.

kfc with k = 0, 1..nb and with (nb +1) the number

Because the bandwidth is doubled by the squaring operation of

the crystal detector, the number of components around the carrier frequency one
needs to account for is doubled too.
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a.

b.

a. Power spectrum of the input U (f ), modelled output Y (f ) and the signal Z(f )
and b. Functions Tyu , Tyz , Txu and Txz

Figure 3.21:

signicant contributions in the output signal beyond

5fc because there arise no
5fc in practice as can be seen

5fc

the contribution is located at

These boxed frequency grids are built from DC to
in gure 3.21.a. For the boxed grid built around
less than -100dBm in gure 3.21.a.

The harmonic balance algorithm evaluates the signals present in gure 3.19 on the
following 6 selected boxed frequency grids: [DC-800 kHz], [799.58 MHz-801.18
MHz],

[1599.96 MHz-1601.56 MHz],

[2400.34 MHz-2401.94 MHz],

[3200.72

MHz-3202.32 MHz] and [4001.1 MHz-4002.7 MHz], where each frequency grid
has a spacing of 20 kHz.
Figure 3.21.a shows the power spectrum of the input signal
output signal

Y (f )

and the signal

Z(f )

U (f ),

the modelled

as dened in equations 3.7 given on the

earlier mentioned boxed frequency grid. The x-axis of gures 3.21.a and b is not
linear as the frequency axis corresponds to the juxtaposition of the boxed frequency
grids.
Also the functions

Tyu , Tyz , Txu

and

Txz

are depicted in gure 3.21.b versus the

boxed frequency grids.

Figures 3.22.a and 3.22.c depict the power spectrum and phase spectrum of
measured and model predicted output in the 0-800 kHz spectral band of the low
frequency envelope. The mean deviation in the lower side of the spectral band of
interest up to frequencies of 800 kHz between the modelled and measured envelope
equals 2.0dB in magnitude. The variability is now 1.9dB, which is more reasonable
with respect to the mean error of 2.0dB. The dierence in the 0-400 kHz spectral
80
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a.

b.

c.

d.

e.

f.

Figure 3.22: a. Power spectrum of the measured and modelled output, b. Dierence between
the measured and modelled output in magnitude, c. Phase of the measured and modelled output,
d. Dierence between the measured and modelled output in phase, e. The measured and modelled
output waveforms and f. Dierence between the measured and modelled output waveforms
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band equals 1.7dB.
The same remark with regard to the SNR of the output measurement of the
measured spectral component at frequency 760 kHz can be made.

Since the

SNR of the component at 760 kHz is signicantly lower than the SNR at the other
frequencies, one can remove the component at 760 kHz from the measurement
data set as it can be considered to be an outlier. The mean deviation in the lower
side of the spectral band of interest up to frequencies of 800 kHz equals 1.6dB in
average with a variability of 1.9dB.
The phase information of the spectral components of the modelled output coincides
well with those of the measured output envelope in the 0-400 kHz spectral band.
The mean deviation between the phase of the modelled and measured envelope
equals 6.2°. For frequencies up to 800 kHz, the deviation equals 22.4°. The mean
deviation in the lower side of the spectral band of interest up to frequencies of 800
kHz between the modelled and measured envelope equals 21.4° in phase with the
component at 760 kHz neglected from the data set.
The measured and model predicted time domain waveforms at the output are
depicted in gure 3.22.e. The mean deviation between the modelled and measured
time domain waveforms is 0.14mV.

3.6 Conclusion
In this chapter the crystal detector is identied as a block-structured nonlinear
feedback system. The extracted model contains a low-pass lter in the feed forward
path and a Wiener system in the feedback loop.

The model is estimated from

baseband data and needs to be validated for use with high frequency signals: the
model needs to be extrapolated to RF frequencies, which is a quite arduous task.
Using the extrapolated nonlinear feedback model for the crystal detector its output
signal is computed when excited by an RF input signal.
The validation of the extrapolated model is performed by applying a narrow band
RF modulated signal to the extrapolated model structure and computing the output
signal.

Thereto a nonlinear solver is developed to calculate the solution of the

nonlinear feedback loop in an iterative manner.

In this approach the RF-input

is directly applied to the extrapolated NL FB model structure and a restricted
spectral content of the signals present in the block-structured model is evaluated
in the algorithm.
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Secondly the response of the NL FB model to RF-inputs is computed using
a harmonic balance technique.

In the algorithm the signals present in the

block-structured model are acquired on boxed frequency grids located around a
multiple of the carrier frequency.
Both approaches of modelling the low frequency output envelope of the crystal
detector for RF inputs gives reasonable results with regard to predicting the
magnitude behaviour of the detector output spectra. However, the performance of
this approach is not satisfying with regard to predicting the phase behaviour of the
detector output spectra.
In this chapter two solvers were investigated that calculate the output envelope
based on a black-box block-structured mode using a frequency domain formulation.
In the next chapter a white-box model will be studied to model the output envelope
of the crystal detector.
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Chapter 4
Modelling of the crystal
detector: A White-box
approach
An adapted block-structured model is conceived that matches the crystal detector
operation. The adapted model is based on an equivalent circuit scheme that renders
a white-box version of the detector model. This adapted model is highly suited
for time-domain simulation methods, easily used in any circuit simulation, and
performs well at predicting the detector output both in the time and the frequency
domain.
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4.1 A white-box circuit model for the crystal
detector
In the previous chapter the low frequency output envelope of the crystal detector
is modelled for RF inputs using a black-box model.
1. In a rst approach a narrow band RF modulated signal is applied to the
extrapolated model structure (see section 3.5.4 in chapter 3). By means of
a nonlinear solver, the solution of the nonlinear feedback loop is computed
in an iterative manner.
2. In a second approach the response of the model to the RF modulated signal
is computed using a harmonic balance technique and the signals present in
the block-structured model are acquired on boxed frequency grids located
around a multiple of the carrier frequency (see section 3.5.5 in chapter 3).
The spectral content in a restricted spectral band of the signals present in
the block-structured model is evaluated in the algorithm.

Both solvers calculate the output envelope in the spectral domain based on a
black-box block-structured model. In this chapter a white-box model is studied to
model the output envelope of the crystal detector. Whereas the previous methods
calculate the model response and optimise the response until convergence is reached
based on a frequency domain formulation, the white-box model can be considered
as a time-domain alternative, where the output signal is constructed sequentially
for each time instance as is discussed in this section.
This adapted model is not only suited for time-domain simulation methods but is
also straightforwardly implemented in any circuit simulation. Hence, matching a
white-box model with the extracted NL FB model is motivated when using circuit
simulators.

Equivalent circuit of the diode
Rv

RF IN

50Ω

Figure 4.1:

V

Cb

RL CL

LF OUT

Equivalent circuit of a detector
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Physical representation of the detector model

In a white box approach the baseband NL FB model for RF inputs, can be set
up as an equivalent schematic for the crystal detector. As was demonstrated in
(Section 2.3), the datasheets of the crystal detector used in this work [78] propose
an equivalent structure as shown in gure 4.1.
The voltage that drives the equivalent diode is related to the input signal in this
case, therefore a modied scheme is proposed in gure 4.2, where the nonlinearity
represented by the diode symbol is connected in series with the remainder of the
circuitry, as it is found in a typical demodulator circuit.
The diode symbol represents the nonlinear behaviour of the detector and the diode
equation is given by

vD (t) = fD (iD (t))

voltage and the diode current.
signal is

where

vD (t)

and

The input signal is labeled

iD (t) are the diode
u(t) and the output

y(t). Four passive components are found in the circuit in gure 4.2:
R1 , R2 and R3 and one capacitor C .

three

resistors,

In order to demonstrate that this physical representation of the detector model
represents a NL FB model, one can derive the input-output relation of this
equivalent scheme. The dierential equation adhering to the model structure in
gure 4.2 is calculated:

h
h

1+

R1
R1 +R3

1−

R1
R1 +R2

i
i y(t) + h

h

R1 R2 C
R1 +R2

1−

i

R1
R1 +R2

i

dy(t)
vD (t)
i
= u(t) − h
dt
1
1 − R1R+R
2

(4.1)

with

iD (t) =
and

dy(t)
y(t)
+C
R3
dt

vD (t) = fD (iD (t)).
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A NL FB model for the crystal detector

Figure 4.3:

Equations (4.1) and (4.2) can be reformulated as,

ay(t) + b dy(t)
dt = u(t) −

h vD (t) i ,
R1
1− R +R
1

iD (t) = cy(t) + d dy(t)
dt

2

(4.3)

vD (t) = fD (iD (t))
The expressions in equation (4.3) indeed describe a nonlinear feedback structure
such as the one set up earlier in chapter 3 that is copied here in gure 4.3.

a, b, c

Equations (4.1) and (4.2) can be written such that
terms of

R1 , R2 , R3
a=

and

h
i
R1
1+ R +R
1
3i
h
,
R1
1− R +R
1

q(t) =

b = R1 C,
vD (t)

h

1− R

R1
1 +R2

Equations (4.4) are rearranged to yield

d

are formulated in

c=

1
R3 ,

d=C

(4.4)

2

with

and

d

and

C,

i

=

h fD (iD (t)) i
R1
1− R +R
1

R1 , R2 , R3

(4.5)

2

and

C

as functions of

a, b, c

which are available from the model extraction:

C = d,

R1 = bd,

R2 =

b(c+2bd)
c((−1+a)c+(−2+a)bd) ,

q(t) = Kf (x(t)) as depicted in
h
i
1
fD (iD (t)) = K 1 − R1R+R
f (x(t))
2

when combining eq.(4.5) and

R3 =

1
c

(4.6)

gure 4.3, one nds
(4.7)

Equations (4.1) and (4.2) are rewritten to result in equations (4.8) and (4.9). The
dierential equation (4.8) is solved using a RungeKutta algorithm [42]:
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dy(t)
u(t)
y(t)
=
−
dt
CR1
C
where

vD (t)



1
1
1
+
+
R1
R2
R3


−

vD (t)
C



1
1
+
R1
R2


(4.8)

is computed iteratively using the Newton-Raphson method [42] for

equation (4.9).

u(t)
iD (t) = hD (vD (t)) =
− y(t)
R1



1
1
+
R1
R2




− vD (t)
vD (t)

From eq.(4.9) one learns that computing the signal
Newton-Raphson method, requires the signal
of the signal

vD (t),

or the signal

x(t)

iD (t)


(4.9)

iteratively using the

to be known as a function

z(t) (g.4.3).
z(t) = f (x(t)) or

as a function of the signal

Whereas from the model extraction, one can only retrieve

vD (t) = fD (iD (t)).

1
1
+
R1
R2

Hence, the extracted polynomial function needs to be inverted

and thus, needs to be invertible. The function

z(t) = f (x(t)),

as shown in gure

4.3, is not monotonically decreasing and can therefore not be inverted.

4.2 An adapted block structured black box
model with nonlinear feedback
The model extracted in chapter 3 cannot be used straightforwardly when one wants
to compute the output of the circuit representing the detector (g.4.2).
static nonlinearity that is identied as a

9th

The

order polynomial needs to be inverted.

However one rst has to ensure the function to be monotonically increasing or
decreasing by adding a linear term,
The modied function,

α

(eq. 4.10).

f˜(x(t)) describing the static nonlinearity is then dened as,
f˜(x(t)) = f (x(t)) + αx(t)

where

f (x(t))

is the

9th

(4.10)

order polynomial available from the model extraction

procedure.
The model structure is modied to gure 4.4 by replacing the function

f (x(t))

in

gure 4.3.
Next one will simplify the schematic in gure 4.4 by grouping the linear dynamics.
As it is shown in appendix 4.7, one is allowed to shift the dynamics from the
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˜
G
0

u

˜f
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Figure 4.5:

y

G1

The modied NL FB model structure

nonlinear feedback to the feed forward branch.

The feed forward dynamics are

thereby changed as follows,

G̃0 (s) =
with

G0 (s)
1−αG0 (s)G1 (s)G2 (s)

ã and b̃ obtained as shown in appendix 4.7.

=

1
ã+b̃s

(4.11)

The new model is shown in gure

4.5.
The modied model in gure 4.5 is built using the extracted model in section
3.3.2 of chapter 3, where the dynamics and nonlinearity function were altered
with respect of the parameter
The parameter

α

α

as demonstrated by equations (4.11) and (4.10).

is chosen manually such that the nonlinear function becomes

monotonically decreasing as shown in gure 4.6. As one can observe, the model
structure of this new model (g.4.5) is identical to the model in gure 4.3, however
the parameters dening the blocks in the structure are dierent to allow solving
the dierential equation adhering to the model structure.
The extracted nonlinear feedback model is composed of the modied low pass lter
in the feed forward path with the frequency response function corresponding to the
s-domain transfer function

G̃0 (s).

The Wiener system in the feedback branch

is composed of the original high pass lter with the frequency response function
corresponding to the s-domain transfer function
modelled by the function,

f˜(x(t)),

G1 (s)

and the static nonlinearity

as is shown in gure 4.6.b.
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a.

b.

a. Initial static nonlinearity function : f (x(t)), b. Modied static nonlinearity
function : f˜(x(t))

Figure 4.6:

The frequency response functions corresponding to the s-domain transfer functions,

G̃0 (s)

and

G1 (s),

The values of

ã

of the dynamic blocks are shown in gure 4.7.

and

b̃

are used to compute the new values for

R1 , R2 , R3

and

C.

Taking equation (4.7) into account, the inverted polynomial then becomes,

−1
h̃D (ṽD (t)) = f˜D
(ṽD (t)) = f˜−1 (

ṽ (t)
ṽ (t)
h D
i ) = h̃( h D
i)
R1
1
K 1 − R1 +R2
K 1 − R1R+R
2
(4.12)

The dierential equation (4.8) can be solved and the output of the detector can
then be computed to compare the model predicted output envelope to the measured
output envelope. The waveform in gure 3.14 of chapter 3 is used as the input
signal for this experiment. As the measured output envelope, the signal in gure
3.15 of chapter 3 is used.

4.3 White-box model for the
block-structured NL FB model

modied

Figure 4.8.a depicts the power spectrum of both signals in the 0-800 kHz spectral
band of the low-frequency envelope. The mean deviation in the lower side of the
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Figure 4.7:

Magnitudes of the FRFs corresponding to the transfer functions: G̃0 (s) and G1 (s).

spectral band of interest up to frequencies of 800 kHz between the modelled and
measured envelope equals 2.6dB in magnitude with a variability of 3.9dB. The
dierence in the 0-400 kHz spectral band equals 3.4dB in magnitude.

Taking into account the standard deviation (STD,

σv)

on the output measurement

and the low SNR of the component at 760 kHz, as shown earlier in section
3.5.4, the mean deviation was recalculated with this component neglected from
the measurement data set and equals 2.5dB in magnitude with a variability of
3.1dB.

Figure 4.8.c depicts the phase behaviour of both signals in the 0-800 kHz spectral
band of the low-frequency envelope.

The phase information of the spectral

components of the modelled output coincides well with those of the measured
output envelope in the spectral band of interest. The mean deviation between the
phase of the modelled and measured envelope equals 8.2°. The dierence in the

0-400 kHz spectral band equals 7.8°. The mean deviation in the lower side of the
spectral band of interest up to frequencies of 800 kHz between the modelled and
measured envelope equals 6.8° in phase with the component at 760 kHz neglected
from the data set.

The low SNR of the component at 760 kHz accounts for a

signicant part of the dierence in phase between the model predicted and the
measured output envelope as seen in gure 4.8.d.

The measured and model predicted time domain waveforms at the output are
depicted in gure 4.8.e. The mean deviation between the modelled and measured
time domain waveforms is 0.15mV.
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a.

b.

c.

d.

e.

f.

a. Power spectrum of the measured and modelled output, b. Dierence between the
measured and modelled output in magnitude, c. Phase of the measured and modelled output, d.
Dierence between the measured and modelled output in phase, e. The measured and modelled
output waveforms and f. Dierence between the measured and modelled output waveforms
Figure 4.8:
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Method :

Black-Box Model Validation :
Input directly applied to the model
Black-Box Model Validation :
Simulating NL FB model using HB
White-Box Model Validation :
Solving equivalent circuit of model

Dierence between measured
and model predicted envelope in
Magnitude
Phase
[dB]
[°]

Amplitude
[mV]

3.1

21.5

0.17

1.6

21.4

0.14

2.5

6.8

0.15

Dierence between the measured and modelled envelope for Black-box and White-box
model validation of the NL FB model for RF-input signals
Table 4.1:

4.4 Summary of the results with Black-box and
White-box model validation of the modied
block-structured NL FB model
The results of the calculation of the output envelope of the crystal detector obtained
with the black-box model validation techniques explained in chapter 3 and the
technique explained in this chapter are discussed in this section.
Table 4.1 summarizes the dierence in magnitude and phase between the spectra
and in amplitude between the waveforms of the measured and model predicted
envelope for each approach. From the table one can conclude that all approaches
give a good prediction of the magnitude of the detector output.

The gures in

the rst and second row of the table were obtained in chapter 3 Section 3.5.4 and
Section 3.5.5 respectively.

The second method however, where one uses Harmonic Balance in a Black-Box
model validation (see Section 3.5.5), gives the lowest magnitude error that is 0.9dB
lower than using the method of white-box model validation and 1.4dB smaller that
the method of black-box model validation when applying the RF-input directly to
the NL FB model (see Section 3.5.4).
In addition, the variability on this magnitude error is 1.9dB for the second approach
and 3.1dB for the third approach, which are both signicantly smaller than the
variability of 3.6dB when using the rst method.

Unfortunately the results for predicting the phase behaviour of the detector output
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spectrum and the time domain output waveform are unsatisfactory when following
the rst and the second method.

The dierence in phase between modelled

and measured outputs equals more than 20°.

The white-box model approach

signicantly outperforms the rst and the second method as it gives a dierence
in phase of 6.8° between modelled and measured outputs.
The dierence between the modelled and measured time domain waveforms equals
0.15mV which comprises an error of 5% for signals with a peak-to-peak amplitude
of 2.9mV when using the third method.
The method that computes the output of the detector in the time domain by means
of solving a dierential equation adhering to the identied nonlinear feedback model
gives the overall best results for predicting the magnitude and the phase of the
detector output spectrum and the amplitude behaviour of the time domain output
waveform.
When comparing the black-box and the white-box model evaluation, we will
consider the Black-Box model validation where the input is directly applied to the
model as explained in section 3.5.4 with results listed in the rst row in table 4.1.
Because here the spectral content of the signals, present in the block-structured
model and evaluated in the algorithm, is not restricted to a certain spectral grid
as opposed to the harmonic balance technique.
As explained in section 3.5.5, in the second approach where the response of the
model to the RF modulated signal is computed using a harmonic balance technique,
the signals present in the block-structured model are acquired on boxed frequency
grids. This means that only restricted spectral content of the signals present in the
block-structured model is evaluated in this algorithm.
In the black-box model validation, where the input is directly applied to the model,
and in the white-box model evaluation, the spectral content of the signals is not
restricted to specic boxed frequency grids.
The evaluation of the black-box model is found to be less reliable for high-frequency
input waveforms than the method of solving the equivalent circuit using the
white-box model with regard to the phase error between the measured and the
simulated output envelope.
A possible explanation for this behaviour can be found when considering the
dierences between the two solvers for high-frequency inputs.
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As the black-box model solver iteratively computes the solution of the nonlinear
feedback loop using a frequency domain formulation, we have looked at the
convergence of the modelled output for high-frequency inputs. We have inferred
that the dierence between measurement and model does not grow iteratively.
The use of the black-box frequency domain solver can cause diculties when the
applied frequencies are very high.

During the modelling the frequency is kept

suciently low and when evaluating the model response with high-frequency signals
numerical instabilities can occur.
The Runge-Kutta solver that simulates the output of the white-box circuit can
be considered as a time-domain alternative where a discretisation of time is
performed to solve the white-box circuit equations. The output signal is constructed
sequentially for each time instance which is found to be a more reliable way of
simulating the model response for high-frequency inputs.
The remaining dierence between the measured and model predicted output
envelope can be partly ascribed to not calibrating the RF input waveform in phase.
As the phase distortion, introduced by the LSNA at the high-frequency components
present in the input signal, is not calibrated, the measured RF waveform will be
slightly dierent from the actual waveform present at the device's input interface.

4.5 Analysis of Variance
At this point, one is encouraged to analyse the variance of the calculated output
envelope due to the uncertainty on the estimated parameters. Because the model
predicted output

y(t, θ̂, û(t))

is a function of the estimated parameters,

valuable to study the inuence of the uncertainty on
model output

y(t, θ̂, û(t)).

θ

θ,

it is

on the estimation of the

To estimate the parameters,

θ,

of the NL FB model

an output error model is assumed and to extract the parameters a least-squares
estimator is used. In the output-error model, the input is assumed to be known
exactly and only the output observations are disturbed by noise. This disturbing
noise is assumed to be white and is uncorrelated over time.
Hence, as an output-error model is assumed in the model extraction, the variance
of the calculated output envelope due to the uncertainty on the measured input
waveform is calculated in the second part of this section.
predicted output

y(t, θ̂, û(t))

Because the model

is also a function of the input waveform,

is also recommended to study the inuence of the uncertainty on
estimation of the model output

y(t, θ̂, û(t)).
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u(t)

u(t),

it

on the

The variance on the output due to the uncertainty on the estimated parameters
will be calculated in the rst section, while the variance on the output due to the
uncertainty on the input waveform will be calculated in the second section.

In

conclusion both contributions will be combined.

4.5.1 Variance on the output due to the uncertainty on the
estimated parameters
An analysis of the variance of the calculated output envelope due to the uncertainty
on the estimated parameters is performed for the output envelope obtained with
the white-box model. The parameters are estimated in the low-frequency domain
using low-frequency data-records, while the output envelope is calculated by means
of an extrapolation of this model for high-frequency input waveforms. Hence in the
calculation of the variance on the output due to the uncertainty on the estimated
parameters one has to make a clear separation between both frequency regions.
The parameters,

θ,

are the estimated parameters dening the z-domain models,

Ĝ0 (z −1 ) =

b0 + b1 z −1
a0 + a1 z −1

Ĝ1 (z −1 ) =

d0 + d1 z −1
c0 + c1 z −1

Ĝ2 (z −1 ) =
and the coecients,

βr ,

of the

9th

f0
e0

order polynomial function describing the static

nonlinearity:

z=

nf
X

βr x r

r=0
The number of parameters is dened as

nθ = 20.

An approximation of the variance of the output
through linearisation of
derivatives w.r.t.

θ,

y(t, θ̂, u(t)).

y(t, θ̂, u(t)) can be calculated
y(t, θ̂, u(t)) has continuous

Assuming that

one obtains

y(t, θ̂, uRF (t)) = y(t, θ0 , uRF (t)) +


∂y(t, θ, uRF (t)) 
θ̂ − θ0 + ...
∂θ
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y(t, θ̂, uRF (t)) ∈ RNx1 with N the number of sample points
for a given high-frequency input signal uRF (t). The variables θ̂ are the estimated
parameters and the variables θ0 are the true parameters.
The covariance matrix of the output y(t, θ̂, uRF (t)) due to the variation of the

The output vector

parameters can be approximated as,

Cov{y(t,
θ̂, uRF (t))} =



 
T 
∂y(t,θ,uRF (t))
∂y(t,θ,uRF (t))
θ̂ − θ0
θ̂ − θ0
E
∂θ
∂θ
where

Cov{y(t, θ̂, uRF (t))} ∈ RNxN

(4.14)

and the higher-order terms are not taken into

account [39].

Cov{y(t, θ̂, uRF (t))} =

∂y(t,θ,uRF (t))
E{(θ̂
∂θ

− θ0 )(θ̂ − θ0 )T }



∂y(t,θ,uRF (t))
∂θ

T

(4.15)

JRF ∈ RNxnθ , that yields the variation of the output
the parameters, θ , for a given input signal uRF (t) which

with the Jacobian,

due

to a variation of

is a

high-frequency signal in this case.

JRF (t, θ̂) =
and with the covariance matrix

∂y(t, θ, uRF (t))
∂θ

(4.16)

θ=θ̂

Cov(θ̂) ∈ Rnθ xnθ ,

Cov(θ̂) = E{(θ̂ − θ0 )(θ̂ − θ0 )T }

(4.17)

Equation (4.15) is transformed in,

T
Cov{y(t, θ̂, uRF (t))} = JRF (t, θ̂)Cov(θ̂)JRF
(t, θ̂)
The Jacobian for the NL FB model is computed as
domain with

k

JRF (k, θ̂)

(4.18)

in the frequency

the frequency index,

N −1
kl
1 X
y(l , θ, uRF (l ))e −2 πj N
Y (k, θ̂, uRF (k)) = √
N l=0

(4.19)

and

JRF (k, θ̂) =

∂Y (k, θ̂, uRF (k))
∂θ
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θ=θ̂

In equation (4.18) this transformation gives rise to the Hermitian transpose,

[.]H

and it is rewritten as,

H
Cov{Y (k, θ̂, uRF (k))} = JRF (k, θ̂)Cov(θ̂)JRF
(k, θ̂)

(4.21)

4.5.1.1 Calculation of the covariance matrix for the extracted parameters
The Cramèr-Rao lower bound gives a lower limit on the covariance matrix of the
parameters [39]. It is given by,



T



∂bθ
F i−1 (θ0 ) Inθ +
∂θ
)
(
T 

 2

∂l(z|θ)
∂ l(z|θ)
∂l(z|θ)
= −E
F i(θ0 ) = E
∂θ
∂θ
∂θ2
CR(θ0 ) =

∂bθ
∂θ

Inθ +

θ = θ0

The derivatives are calculated in
the estimator.

F i(θ)

the log likelihood function [39].

CR(θ0 ) = F i−1 (θ0 ).

and

bθ = E{θ̂} − θ0

is called the Fisher information matrix and

(4.22)

(4.23)

is the bias on

l(z|θ)

is called

For unbiased estimators eq.(4.22) reduces to,

The calculation of the Cramèr-Rao lower bound requires

knowledge of the true parameters,

θ0 , which are not available. An
θ0 , by the estimated values, θ̂.

approximation

is therefore calculated by replacing,

Under the assumption of an output error model (when extracting the parameters
using a least-squares) and of disturbing noise that is white and is uncorrelated over
time, then the covariance matrix of the parameters is calculated as [39],

T
Cov(t, θ̂, uLF (t)) = σ̂n2 (JLF
(t, θ̂)JLF (t, θ̂))−1

JLF (t, θ̂) ∈ RNxnθ

(4.24)

is the Jacobian matrix for low-frequency inputs because the

parameter extraction is performed with low-frequency data records.

σ̂n2 ∈ R

is the

variance of the residuals related to the Nonlinear Least Squares (NLS) costfunction

VN LS (y, θ)
σ̂n2 =
with

N

and calculated in the time domain as,

VN LS (y, θ)
=
N − nθ

PN −1
t=0

2

y(t, θ̂, uLF (t)) − ymeas (t, uLF (t))
N − nθ

nθ the number of parameters. The time
ˆ LF (t)) and ymeas (t, uLF (t)) are the model predicted output
y(t, θ,u

the number of sample points and

domain signals

(4.25)

and the measured output, respectively.
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The disturbing noise is assumed to be white and is uncorrelated over time which
results in the scalar
Since the Jacobian

σ̂n2 ∈ R

in eq.(4.24). The value of

σ̂n

equals 0.34mV.

JLF (k, θ) is calculated in the frequency domain, equation (4.24)

is rewritten as,

−1
σ̂n2  H
JLF (k, θ̂)JLF (k, θ̂)
N

Cov(k, θ̂, uLF (k)) =
The value for

σ̂n2

(4.26)

is computed in the time domain while the Jacobian

is obtained in the frequency domain, hence

σ̂n2

is scaled by

N

JLF (k, θ̂)

in equation (4.26)

(Parseval's theorem) because the disturing noise is asymptotically uncorrelated over
frequency since it is obtained by a DFT.

The product,



−1
H
JLF
(k, θ̂)JLF (k, θ̂)
in equation (4.26) is found by exploiting the

Singular Value Decomposition (SVD, [39]) of the Jacobian.
The condition number of the Jacobian
rst scaled by its column norm,

JLF (k, θ̂) ∈ R

JLF (k, θ̂)
for

JLF (k, θ̂)

=
j

N
X

JLF (k, θ̂)

is high, therefore

1×nθ

,

JLF (k, θ̂)

i=1

is

(4.27)

ij

j = 1 . . . nθ .

The normalised Jacobian

JLF,N (k, θ̂)

is found as,

JLF,N (k, θ̂) =

JLF (k, θ̂)

(4.28)

JLF (k, θ̂)
JLF,N (k, θ̂) ∈ CNxnθ ,
SVD is obtained for the matrix, JRI (k, θ̂),

T
JRI (k, θ̂) = Re{JLF,N (k, θ̂)}T Im{JLF,N (k, θ̂)}T

The real and imaginary parts of this Jacobian,
and the

The matrices

Σ ∈ Rnθ ×nθ
order.

Σ, U

and

V

then resort from the SVD of

are seperated

JRI (k, θ̂).

(4.29)
The matrix

is a diagonal matrix with non-negative diagonal elements in decreasing

The diagonal entries of

The matrices

U ∈ R2N×nθ

and

Σ are known as the singular values
V ∈ Rnθ ×nθ are unitary matrices.

of

JRI (k, θ̂).

Using the SVD, the Jacobian can then be written as,

JRI (k, θ̂) = U ΣV T
The diagonal matrix
but last and the

th

6

(4.30)

Σ contains nθ = 20 elements where the ratio between the 7th
12
th
th
but last is 10 , the ratio between the 7
but last and the 5
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but last is

1024

etc.. Hence the diagonal matrix

Σ

contains 14 non-zero elements

and 6 zero elements.
The diagonal matrix

Σ hence reveals 6 singularities as is conrmed when evaluating

the NL FB model structure with the 20 parameters dening it of which in fact 6
parameters can be omitted:



Ĝ0 (z −1 ) by parameter b0 in the numerator
), the number of parameters dening Ĝ0 (z −1 )

By dividing the z-domain model of
of the expression for

Ĝ0 (z

−1

is 3 which is sucient and one singularity is revealed.



Analogously, by dividing the z-domain model of
in the numerator of the expression for

Ĝ1 (z −1 )

dening



Parameters

f0

Ĝ1 (z

−1

),

Ĝ1 (z −1 )

by parameter

b1

the number of parameters

is 3. Also here one singularity is revealed.

and

e0

dening

Ĝ2 (z −1 )

can be replaced by one parameter.

These are the three most obvious singularities present in the identied NL FB
model structure.



Ĝ2 (z −1 )

Moreover the constant

can be included in the coecients dening

the polynomial function which brings to light a fourth singularity.



Analogously a factor of

Ĝ1 (z −1 )

can be included in the coecients dening

the polynomial function, bringing the total amount of singularities to ve.



The

6th

singularity can be found by taking into account the appendix 4.7.

The coecient of the linear term dening the static nonlinearity can be
shifted towards the feed forward branch.
The product,





−1
T
(k, θ̂)JLF (k, θ̂)
JLF
in

equation (4.26) can now be calculated,

−1

T
T
= V Σ−2 V T = V Σ−1 V Σ−1
(k, θ̂)JLF (k, θ̂)
JLF

Taking into account the norm of the Jacobian

(4.31)

JLF (k, θ̂), the expression for Cov(θ)

becomes,

Cov(θ) =

2
σ̂n
N

Cov(θ) =

σ̂n
√
N

−1
T
JLF,N
(k, θ̂)JLF,N (k, θ̂)

T
n
JLF (k, θ̂) V Σ−1 √σ̂N
JLF (k, θ̂) V Σ−1
= Λ(θ̂)Λ(θ̂)T
2

JLF (k, θ̂)



(4.32)
with

Λ(θ̂) =

σ̂n
√
N

JLF (k, θ̂) V Σ−1 ∈ Rnθ ×nθ
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Figure 4.9: Power spectrum of the measured output envelope withn2σM eas -error bars
o and the
modelled output with 2σM od -error bars, σM od (k, θ̂, uRF (k)) = Std Y (k, θ̂, uRF (k)) .

4.5.1.2 Conclusion
When considering equation (4.32), the expression (4.21) for the covariance matrix
of the output vector becomes,

H
˜ θ̂)J(
˜ θ̂)H
Cov{Y (k, θ̂, uRF (k))} = JRF (k, θ̂)Λ(θ̂)Λ(θ̂)T JRF
(k, θ̂) = J(

(4.33)

J˜ = JRF (k, θ̂)Λ(θ̂) ∈ CN×nθ , JRF (k, θ̂) ∈ CN×nθ calculated for
T
H
n ×nθ
high-frequency input waveforms and Λ(θ̂) = Λ(θ̂)
because Λ(θ̂) ∈ R θ
.
The variance on the output vector, Var{Y (k, θ̂, uRF (k))}, as a function of
with

frequency can then be found as the diagonal elements of the covariance matrix,

Cov{Y (k, θ̂, uRF (k))}.
Var{Y (k, θ̂, uRF (k))}, the value of the vector
σM od (k, θ̂, uRF (k)) = Std{Y (k, θ̂, uRF (k))} is obtained and depicted in gure
4.9. Here is the standard deviation given as 2σM od (k, θ̂, uRF (k)) error-bars on
h
i
From the value for the vector

the model predicted output envelope:

Y (k, θ̂, uRF (k)) ± 2σM od (k, θ̂, uRF (k))}
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.

Given the asymptotic normal distribution for this vector, this gives 95% condence
bounds.

The value of the standard deviation on the 20 repeated output

σM eas is depicted as 2σM eas error-bars
[Ymeas (k, uLF (k)) ± 2σM eas (k, uLF (k))].

measurements
envelope:

on the measured output

In view of the power spectrum of gure 4.9, the error bars around the measured and
the model predicted output envelope show an overlap for the frequencies around
500 kHz where the deviation between the measured and model predicted envelope
is not very large. For the frequencies situated in the band between [440 kHz-580
kHz], a signicant part of the deviation between the measured and model predicted
envelope is explained by the variance on the modelled output due to the uncertainty
on the estimated parameters. However for the majority of the spectral components
depicted in gure 4.9 the variance on the modelled output due to the uncertainty on
the parameters cannot account for the deviation between measured and modelled
envelope.
Aside from investigating the variance on the output due to the uncertainty on the
estimated parameters, one can also take into account the variance on the input
waveform as an attempt to explain the remaining deviation between the measured
and the model predicted output envelope.

4.5.2 Variance on the output due to the uncertainty on the
input waveform
An analysis of the variance on the calculated output envelope due to the uncertainty
on the input waveform is performed for the output envelope obtained with the
white-box model.
The model predicted output

u(t),

y(t, θ̂, û(t))

is also a function of the input waveform,

and as an output error model is assumed in the model extraction, it is also

u(t) on the estimation
y(t, θ̂, û(t)).
Assuming that y(t, θ̂, û(t)) has continuous derivatives w.r.t. the model parameters
θ and the input signal û(t), linearisation of y(t, θ̂, û(t)) yields,


RF (t))
y(t, θ̂, ûRF (t)) = y(t, θ0 , uRF,0 ) + ∂y(t,θ,u
θ̂ − θ0
∂θ
recommended to study the inuence of the uncertainty on

of the model output

(4.34)

RF (t))
+ ∂y(t,θ,u
(ûRF (t) − uRF,0 (t)) + ...
∂uRF

The output vector
The variables

θ̂

y(t, θ̂, ûRF (t)) ∈ RNx1

with

N

the number of sample points.

are the estimated parameters and the variables
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θ0

are the
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a.
Figure 4.10:

true parameters.

b.

a. LSNA Input Time Domain Waveform, b. LSNA Input Spectrum

The true high-frequency input signal

uRF,0 (t)

is estimated

by averaging 20 repeated measurements yielding the estimated value for the
high-frequency input signal

ûRF (t).

∂y(t,θ,uRF (t))
(ûRF (t) − uRF,0 (t)) in equation
∂uRF
(4.34) holds a signicant contribution to the variance of the output envelope

One has to assess whether the term

y(t, θ̂, ûRF (t)).
In gure 4.10.a the input signal of chapter 3 is repeated together with the input
measurement noise.

With this information the Signal-to-Noise Ratio (SNR) can

be inferred from gure 4.10 to be

dB
w 45dB.
SN RIN

Following a similar approach for the output measurements repeated in gure 4.10.b,
reveals an

dB
SN ROU
T

of approximately 90dB at the output, as can also be inferred

from the gure.
Comparing

the

of

45dB

about

∂y(t,θ,uRF (t))
∂uRF

SNRs

at

which

input

and

encourages

(ûRF (t) − uRF,0 (t))

output,
one

to

brings

to

light

consider

the

to the output envelope

a

dierence

contribution

y(t, θ̂, ûRF (t)).

4.5.2.1 Calculation of the contribution due to the input uncertainty
An approximation of the covariance of the output

y(t, θ, ûRF (t))

due to the

uncertainty on the input waveform can be made as explained by equation 4.35,
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Cov{y(t, θ, ûRF (t))}
=

∂y(t,θ,uRF (t))
E{(ûRF (t)
∂uRF

− uRF,0 (t))(ûRF (t) − uRF,0 (t))T }



∂y(t,θ,uRF (t))
∂uRF

T

T

= JRF (t, ûRF (t))Cov(ûRF (t)) (JRF (t, ûRF (t)))

(4.35)
with the covariance matrix

Cov(ûRF (t)) ∈ RN×N ,

Cov(ûRF (t)) = E{(ûRF (t) − uRF,0 (t))(ûRF (t) − uRF,0 (t))T }
JRF (t, ûRF (t)) ∈ RN×N , that
variation of the input signal, uRF (t).

and the Jacobian,
due to a

JRF (t, ûRF (t)) =

(4.36)

yields the variation of the output

∂y(t, θ, uRF (t))
∂uRF

(4.37)

uRF (t)=ûRF (t)

∂y(t,θ,uRF (t))
one starts from the input-output relation
∂uRF
of the white box model (Section 4.2). The output is given by the dierential

In order to retrieve the term
equation:

dy(t)
uRF (t) y(t)
= f (t, y(t)) =
−
dt
CR1
C



1
1
1
+
+
R1
R2
R3


−

vD (t)
C



1
1
+
R1
R2



(4.38)
this equation cannot be solved analytically to yield a solution of the form,

y(t) = F (uRF (t)).

Instead in order to solve this equation and retrieve its output

a discretisation of the time is performed by means of a RungeKutta algorithm
where,

yn at time tn , a set of slopes k1 , k2 , k3 and k4 is calculated,
k1 = f (tn , yn ),
k2 = f (tn + 12 h, yn + 21 hk1 ),
1
1
k3 = f (tn + 2 h, yn + 2 hk2 ), k4 = f (tn + h, yn + hk3 )

given values

yn+1 at time tn+1 is calculated
yn+1 = yn + 61 h(k1 + 2k2 + 2k3 + k4 )
tn+1 = tn + h

and using these slopes, a new value

Equation (4.40) demonstrates that the value

yn+1
tn

contributions of the input signal at time instants
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at time
,

tn +

(4.39)

using,
(4.40)

tn+1 depends on
h
2 and tn + h and
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according to equation (4.35) the variance on the output,

var{y(tn+1 )},

can then

be calculated as,

var{y(tn+1 )} =
 ∂y(tn+1 ) T




∂uRF,tn
∂y(tn+1 )
∂uRF,t + h
n

2

∂y(tn+1 )
∂uRF,tn +h



2
σ
(t
)
0
0
n
u


 

0
σu2 (tn + h2 )
0


0
0
σu2 (tn + h)


∂y(tn+1 )
∂uRF,tn
∂y(tn+1 )
∂uRF,t + h
n

2

∂y(tn+1 )
∂uRF,tn +h





(4.41)

with a diagonal covariance matrix because the noise on
be uncorrelated over time. The derivative of

y(tn+1 )

uRF (t)

is assumed to

does not depend on future

inputs, merely on present and past inputs. The expression for

var{y(tn+1 )}

hence

becomes,

X

var{y(tn+1 )} =

σu2 (tn + k)

k=0, h
2 ,h
In order to calculate the vector

h

(4.40) is reformulated in terms of

∂y(tn+1 )
∂uRF,tn



∂y(tn+1 )
∂uRF,tn +k

∂y(tn+1 )
∂uRF,t + h
n

2

2

∂y(tn+1 )
∂uRF,tn +h

(4.42)

i

, equation

uRF (t),

yn+1 = yn + 61 h(f (tn , yn , uRF (tn )) + 2f (tn + 21 h, yn + 12 hk1 , uRF (tn + 21 h))
+2f (tn + 12 h, yn + 12 hk2 , uRF (tn + 12 h))
+f (tn + h, yn + hk3 , uRF (tn + h)))
(4.43)

As an example the term

∂y(tn+1 )
∂uRF,tn +h of the vector of derivatives in equation (4.42)

is given by,

∂yn+1
∂yn
1 ∂f (tn ,yn ,uRF (tn ))
∂uRF,tn +h = ∂uRF,tn +h + 6 h
∂uRF,tn +h
1
1
∂f (tn + 2 h,yn + 2 hk1 ,uRF (tn + 12 h))
+ 62 h
∂uRF,tn +h
∂f (tn + 12 h,yn + 12 hk2 ,uRF (tn + 12 h))
n +hk3 ,uRF (tn +h))
+ 26 h
+ 16 h ∂f (tn +h,y∂u
∂uRF,tn +h
RF,tn +h

When replacing

k1

and

k2

(4.44)

by the expressions in (4.39), equation (4.44) yields,
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∂yn+1
∂yn
1 ∂f (tn ,yn ,uRF (tn ))
∂uRF,tn +h = ∂uRF,tn +h + 6 h
∂uRF,tn +h
1
1
1
2 ∂f (tn + 2 h,[yn + 2 hf (tn ,yn ,uRF (tn ))],uRF (tn + 2 h))
+6h
∂uRF,tn +h
∂f (tn + 12 h,[yn + 12 h[f (tn + 12 h,yn + 12 hf (tn ,yn ,uRF (tn )),uRF (tn + 12 h))]],uRF (tn + 21 h))
+ 26 h
∂uRF,tn +h
n +hk3 ,uRF (tn +h))
+ 61 h ∂f (tn +h,y∂u
RF,tn +h
(4.45)
From equation (4.45) is clear that the rst four terms are zero because they have
no dependence on future inputs

∂yn+1
∂uRF,tn +h

uRF,tn +h ,

only the last contribution is not zero.

(tn +h,[yn +
= 16 h ∂f∂u
RF,t +h
n

h[f (tn + 21 h,yn + 12 h[f (tn + 12 h,yn + 21 hf (tn ,yn ,uRF (tn ))],uRF (tn + 12 h)))]],uRF (tn +h))
(4.46)
By means of equation (4.38), equation (4.46) simplies to

∂yn+1
∂uRF,tn +h
Using

equation

∂vD,tn +h
∂uRF,t + h
n

h

=

(4.9),

h
6CR1

−

h
6C



1
R1

+

1
R2



∂vD,tn +h
∂uRF,tn +h

∂vD,tn
∂uRF,tn

derivatives

,

∂vD,t

h
n+ 2

∂uRF,tn

(4.47)

∂vD,t

h
n+ 2

, ∂u
RF,t

h
n+ 2

,

∂vD,tn +h
arising in the expressions for the vector
∂uRF,tn +h
i
∂y(tn+1 )
∂y(tn+1 )
can
be
found
by
means
of
the
∂uRF,t + h
∂uRF,tn +h
and

2

∂y(tn+1 )
∂uRF,tn

n

2

Newton-Raphson algorithm.
When

Y (k )

is dened as the Discrete Fourier Transform (DFT) of

y(l ),

N −1
kl
1 X
Y (k ) = √
y(l )e −2 πj N
N l=0
The variance of

var{Y (k )}=
=

1
N

NP
−1
l,s=0

Y (k )
1
N E{

σy2 (l )δ(l

(4.48)

can be expressed as,

NP
−1

y(l )y(s)e−2 πj

k (l−s)
N

}=

l,s=0

− s)e

−2 πj

k (l−s)
N

=

1
N

NP
−1
l=0

1
N

NP
−1

E{y(l )y(s)}e−2 πj

k (l−s)
N

l,s=0

σy2 (l )

= N1

NP
−1

var{y(l, θ, ûRF (l))}

l=0
(4.49)
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Power spectrum of the measured output envelope with 2σM eas -error bars and
the modelled output with 2σM od -error bars, σM od (θ, ûRF (k)) = Std {Y (k, θ, ûRF (k))}.

Figure 4.11:

y(l) assumed to be uncorrelated over time. Hence the
var{y(l, θ, ûRF (l))} is reduced to one value in the spectral domain
var{Y (k, θ, ûRF (k))} that is assumed to be constant over frequency.
NP
−1
(4.50)
var{Y (k, θ, ûRF (k))}= N1
var{y(l, θ, ûRF (l))}

with the noise on
vector

t=0

4.5.2.2 Conclusion
From
due

eq.(4.50)

to

the

a

measure

uncertainty

on

for
the

the

variance

input

of

waveform

the
is

output

Y (k, θ, ûRF (k))

calculated

and

depicted

2σM od error-bars on the model predicted output envelope:
[Y (k, θ, ûRF (k)) ± 2σM od (θ, ûRF (k))]. Given the asymptotic normal distribution

in gure 4.11 as

for this vector, this gives 95% condence bounds.
The value of the standard deviation on the 20 repeated output measurements

σM eas is depicted as 2σM eas error-bars
[Ymeas (k, uLF (k)) ± 2σM eas (k, uLF (k))].
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on the measured output envelope:

In view of the power spectrum of gure 4.11, can be inferred that the error bars
around the measured and the model predicted output envelope show no overlap for
any of the frequencies. Hence taking into account the standard deviation on the
modelled output envelope due to the uncertainty on the input signal measurement
does not cause overlap of the error bars around measured and the model predicted
output envelope.
One can conclude that the

Var{Y (k, θ, ûRF (k))} originating from the uncertainty
Var{Y (k, θ̂, uRF (k))} originating

on the input signal measurement is lower that the

from the uncertainty on the estimated parameters.

The uncertainty on the

estimated parameters is found to have a greater inuence on the estimation of
the model predicted output envelope than the uncertainty on the input signal
measurement.

4.5.3 Variance on the output due to the uncertainty on the
estimated parameters and due to the uncertainty on
the input waveform
Combining the variance on the output due to the uncertainty on the estimated
parameters and the variance of the output due to the uncertainty on the input
waveform is depicted in gure 4.12.
The variance of the output due to the uncertainty on the input waveform is
neglectable compared the variance on the output due to the uncertainty on the
estimated parameters, hence gure 4.12 strongly resembles gure 4.9.

2σM od (k, θ̂, ûRF (k)) error-bars are constructed as,
2
σM od (k, θ̂, ûRF (k)) = Var{Y (k, θ, ûRF (k))} + Var{Y

The

on the model predicted output envelope:

h

(k, θ̂, uRF (k))}

(4.51)

Y (k, θ, ûRF (k)) ± 2σM od (k, θ̂, ûRF (k))

i

From gure 4.12 can be inferred that these error bars around the measured and
the model predicted output envelope show again overlap for the frequencies around
500 kHz where the deviation between the measured and model predicted envelope
is not very large. The overlap is a result of the variance on the modelled output
due to the uncertainty on the parameters since the variance of the output due to
the uncertainty on the input waveform is neglectable compared the variance on the
output due to the uncertainty on the estimated parameters.
For the number of the frequencies situated in the band of [440 kHz-580 kHz],
a signicant part of the deviation between the measured and model predicted
110
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Figure 4.12:
Power spectrum of the measured output envelope with 2σM eas -error
2
bars and the modelled output with 2σM od -error bars, σM
od (k) = Var{Y (k, θ, ûRF (k))} +

Var{Y (k, θ̂, uRF (k))}.

envelope is explained by the variance on the modelled output due to the uncertainty
on the estimated parameters. However for the majority of the spectral components
depicted in gure 4.9 the variance on the modelled output due to the uncertainty on
the parameters combined with the variance of the output due to the uncertainty
on the input waveform cannot account for the deviation between measured and
modelled envelope.

From gure 4.13 one can nd the residual error between the model predicted and
measured output envelope and the value of

σM od (k)

in equation (4.51).

For frequencies in the band of [480 kHz-580 kHz] the residual error and

σM od (k)

have the same order of magnitude and there the residual error can be explained
by the variance on the output due to the uncertainty on the estimated parameters
and in lesser degree due to the uncertainty on the input waveform. For frequencies
below 400 kHz the residual error is too large to be explained by the variance on
the output due to the uncertainty on the estimated parameters and due to the
uncertainty on the input waveform.
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Figure 4.13:

and σM od (k).

Comparison of the residual error between modelled and measured output envelope

4.6 Conclusion
An alternative approach to validate the baseband block-structured black-box model
for high-frequency waveforms is studied. An equivalent circuit scheme is conceived
that matches the nonlinear feedback model of the crystal detector.

An identical nonlinear feedback model structure with modied model parameters
is provided by shifting dynamics from the nonlinear feedback branch to the feed
forward branch.
This model still ts the equivalent circuit scheme and renders a white-box model
for the detector, which performs well at predicting the magnitude and the phase
of the detector output spectrum and the amplitude behaviour of the time domain
output waveform.

The variance of the calculated output envelope due to the uncertainty on the
estimated parameters and the uncertainty on the measured input waveform is
analysed to explain the residual error between the model predicted and measured
output envelope.

y(t, θ̂, û(t)) is a function of the estimated
u(t), it is valuable to study the inuence
u(t) on the estimation of the model output

Because the model predicted output
parameters,

θ,

and the input waveform,

of the uncertainty on both

y(t, θ̂, û(t)).

θ

and

It is found that the variance of the output due to the uncertainty on

the input waveform is neglectable compared the variance on the output due to the
uncertainty on the estimated parameters.
The standard deviation of the model predicted output envelope due to the
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uncertainty on both

θ

and

u(t) is visualised as error bars providing 95% condence

bounds. In view of the power spectrum for some of the frequencies a signicant part
of the deviation between the measured and model predicted envelope is explained
by the variance on the modelled output due to the uncertainty on the estimated
parameters and the uncertainty on the input signal. However for the majority of the
spectral components in the low frequency envelope the variance on the modelled
output due to the uncertainty on the estimated parameters and the uncertainty on
the input signal cannot account for the deviation between measured and modelled
envelope. From the variance analysis one can infer that the detector model that was
extracted using a baseband input signal may not have fully captured the behaviour
of the crystal detector when excited by RF input signals.

4.7 Appendix: Shifting dynamics from the
nonlinear feedback branch to the feed
forward branch
Consider the structure with the nonlinearity in the FB-path (Fig. 4.14). One can
show that it is possible to add a linear term to the static nonlinearity in the FB
path while thereby changing the dynamics of the FF path.

G0

u

u

y

G0

q

z

G2

x
f

G1

q̃

q'
p

G2

G2

a.
Figure 4.14:

z̃

z'

˜f
–α

y

x

x

G1

G1

b.

a. The initial NL FB model structure and b. the modied NL FB model structure

y(s) = G0 (s) [u(s) − q(s)]

(4.52)

z(t) = f (x(t))

(4.53)

and

with the signals

u(t), y(t), q(t), x(t)

and

z(t)

Dene the modied NL function,
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as dened in gure 4.14.a.

f˜(x(t)) = f (x(t)) + αx(t)

(4.54)

Substituting eq.(4.54) in eq.(4.53) yields,

z(t) = f˜(x(t)) − αx(t) = z̃(t) − αx(t) = z̃(t) − z 0 (t)

(4.55)

Remember that ,

q(s) = G2 (s)z(s) = G2 (s)z̃(s) − G2 (s)z 0 (s) = q̃(s) − q 0 (s)

(4.56)

and hence eq.(4.52) becomes,

h
i
0
y(s) = G0 (s) [u(s) − q(s)] = G0 (s) u(s) − q̃(s) − q (s)

(4.57)

y(s) = G0 (s) [u(s) − q̃(s) + G2 (s) (αx(s))]
with the signals

u(t), y(t), x(t), q(t), q̃(t), z(t)

and

z̃(t)

(4.58)

as dened as in gure

4.14.b.
When one replaces

x(s)

by

x(s) = G1 (s)y(s)

in 4.58, one nds,

y(s) = G0 (s) [r(s) − q̃(s) + αG1 (s)G2 (s)y(s)]
Grouping the terms in

y(s)

(4.59)

in the left side of the equation yields,

y(s) [1 − αG0 (s)G1 (s)G2 (s)] = G0 (s) [u(s) − q̃(s)]

(4.60)

Reformulating (4.60) yields,

y(s) = G̃0 (s) [u(s) − q̃(s)]

(4.61)

with

G̃0 (s) =
If

G0 (s) =

1
a+bs

,

G0 (s)
[1−αG0 (s)G1 (s)G2 (s)]

G1 (s) = c + ds

and
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G2 (s) = K = constant

(4.62)

then
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˜
G
0

u

Figure 4.15:

and

x

G1

p

The simplied NL FB model structure model

G̃0 (s) =
ã = a − αKc

˜f

G0 (s)
[1−αG0 (s)G1 (s)G2 (s)]

G̃0 (s) =

with

z

G2

q

y

=

[1−αK (

1
[a+bs−αK(c+ds)]

b̃ = b − αKd

=

1
a+bs
1
a+bs

)(c+ds)]

1
ã+b̃s

(4.63)

(4.64)

.

As one can observe, the model structure of this new model (g.4.15) is identical to
the model structure in gure 4.14.a: the new model also contains a linear dynamic
block in the feed forward path,

G2 in the
f˜. Hence,

G̃0 ,

and a linear dynamic block,

G1

and a constant

feedback path. The feedback path also contains a static nonlinearity,
the model structure has not changed but the parameters describing the

linear dynamic block in the feed forward path and the parameters describing the
static nonlinearity in the feedback path of the model were altered with respect to
the term

α.
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Chapter 5
Reconstruction of the
crystal detector input signal
In order to catch the actual waveform present at the device's input interface, the
measured output envelope and the identied model are turned to use.
A Volterra series representation of the NL FB model is derived for obtaining the
pth order inverse. By means of this inverse and the measured output envelope, the
input waveform can be acquired.
Tuning the measured input waveform so that the model output approaches the
measured output via numerical optimisation is an alternative way to retrieve the
actual input waveform.
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5.1 Introduction
In the two previous chapters a NL FB model of the crystal detector was proposed
and validated for use with high-frequency input waveforms. This NL FB model is
found to t the equivalent circuit scheme of the detector and renders a white-box
model for the detector which performs well at predicting the magnitude and the
phase of the detector output spectrum and the amplitude behaviour of the time
domain output waveform. A dierence between the measured and model predicted
output envelope exists and this dierence was quantied in the previous chapter.
The dierence between the measured and model predicted output envelope can be
partly ascribed to not calibrating the RF input waveform in phase. Since the phase
distortion, introduced by the LSNA at the high-frequency components present
in the input signal, is not calibrated, the measured RF waveform used in the
white-box validation will be slightly dierent from the actual waveform present
at the device's input interface. Hence the measured RF excitation and the actual
RF signal impinging the detector are indeed dierent.
In this chapter the reconstruction of the actual RF input signal by means of the
model for the crystal detector will be investigated.

Dierent methods will be

discussed.
In a rst approach to obtain a measure of the induced distortion on the input signal,
the

pth

order inverse based on Volterra theory of nonlinear systems is employed

[46]. The crystal detector is identied as a nonlinear feedback system and a Volterra
series representation of this NL FB system is set up. By means of this Volterra
series representation the
The

p

th

pth

order inverse of this Volterra series can be obtained.

order inverse and the measured output signal allow reconstructing the input

signal. The dierence between the reconstructed input signal and the measured
input signal yields an estimation of the distortion on the frequency grid dened by
the input signal.
The second approach to reconstruct the actual RF input waveform is by numerical
optimisation. Four dierent techniques have been selected out of the wide variety
of available optimisation methods. First the Trust-Region-Reective optimisation
method and the Levenberg-Marquardt optimisation method will be studied as
two single-vector and derivative-based optimisation techniques.

An alternative

approach is provided by using a single-vector and derivative-free Nelder and Mead
Simplex Search.

Finally a multi-vector evolutionary algorithm called Dierential

Evolution is explored as an approach to reconstruct the RF input waveform.
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5.2 The Volterra theory and the pth order inverse
of nonlinear systems
A continuous time-invariant nonlinear system with

u(t) as input and y(t) as output

can be expanded in a Volterra series as:

´∞
y(t)
h1 (τ1 ) u (t − τ1 ) dτ1
´ ∞= ´−∞
∞
+ ´−∞ ´−∞ ´h2 (τ1 , τ2 ) u (t − τ1 ) u (t − τ2 ) dτ1 dτ2
∞
∞
∞
+ ´−∞ −∞
´ ∞ −∞ h3 (τ1 , τ2 , τ3 ) u (t − τ1 ) u (t − τ2 ) u (t − τ3 ) dτ1 dτ2 dτ3 + ...
∞
+ −∞ ... −∞ hn (τ1 , τ2 , ..., τn ) u (t − τ1 ) u (t − τ2 ) ...u (t − τn ) dτ1 dτ2 ...dτn
(5.1)

n = 1, 2, ...: hn (τ1 , τ2 , ..., τn ) = 0 for any τj < 0, j = 1, 2, ..., n.
th
function hn is called the n
order Volterra kernel which can be seen as

in which for
The

a

higher-order impulse response of the system. Another way of expressing equation
(5.1) is

y(t) = H1 [u(t)] + H2 [u(t)] + H3 [u(t)] + ... + Hn [u(t)]

(5.2)

with

H
n [u(t)]
´∞
´ ∞=
...
h (τ , τ , ..., τn ) u (t − τ1 ) u (t − τ2 ) ...u (t − τn ) dτ1 dτ2 ...dτn
−∞
−∞ n 1 2
(5.3)
A

pth

order inverse of a given nonlinear system is dened as the system that,

when connected in tandem with the nonlinear system, results in a system in which
the

1st

order Volterra Kernel is a unit impulse and the

2nd

up to the

Volterra Kernels are zero [46]. A method for the synthesis of the

th

p

pth

order

order inverse

is presented in [46] and summarised in the next section.

5.2.1 The Volterra series expansion of a nonlinear feedback
system
In order to nd the

pth

order inverse of the nonlinear feedback system, one should

rst set up the Volterra series expansion for this nonlinear feedback system.

Theoretical expressions
Consider the feedback system shown in gure 5.1: the linear system in the feed
forward path is considered to be stable as is the nonlinear system in the feedback
path.
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r

u

G0

y

GFB

q

Figure 5.1:

A general nonlinear feedback system
v

y

q

GFB

Figure 5.2:

y

G1

q

N

The system GF B

The Volterra series representation of the stable operators

G0

and

GF B

y(t) = G0 [r(t)] = G0,1 [r(t)]
and

q(t) = GF B [y(t)] =

∞
X

are,
(5.4)

GF B,n [y(t)]

(5.5)

n=0
In the model structure of the crystal detector one nds a rst-order linear dynamic
block in the FF path,
high-pass lter

G1

G0 ,

and a Wiener system in the FB path dened by the

and a static nonlinearity as was established in section 3.3.2 of

chapter 3.
When one singles out the feedback path in gure 5.1, one nds gure 5.2.
The nonlinearity has the characteristic,

q(t) = N [x(t)] =

9
P

Nn [x(t)] =

n=0
9
P

an (x(t))n = a0 +

9
P

an (x(t))n - instead of using the coecients βn dened in
n=0
n=1
section 3.3.2 of chapter 3, one uses the scaled coecients an = Kβn where K is
as dened in chapter 3.
The Volterra series representation of the system

q(t) =

9
X

GF B

GF B,n [y(t)]

is,

(5.6)

n=0

GF B,1 is a1 g1 (τ ) and that of GF B,2 is g2 (τ1 , τ2 ) =
a2 g1 (τ1 )g1 (τ2 ). One can continue likewise for GF B,3 up to GF B,9 . The Kernel
for GF B,0 is the constant a0 .

in which the Volterra Kernel of
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v
y

G1

Figure 5.3:

v
q1(t)=GFB,1[x(t)]

N1

G1

q2(t)=GFB,2[x(t)]

N2

Block diagrams of the operators GF B,1 and GF B,2 of the system GF B
r

u

Figure 5.4:

G0

GFB

q

y

G0

An equivalent representation of the nonlinear feedback system

Block diagrams of the operators
gure the linear operator

g1 (t)

y

GF B,1

GF B,1

and

GF B,2

are shown in gure 5.3. In the

is a linear system with the unit impulse response

connected in tandem with the system

N1

which has a linear characteristic,

q1 (t) = GF B,1 [y(t)] = N1 G1 [y(t)] = a1 v(t)

The second order operator
impulse response

g1 (t)

GF B,2

(5.7)

is composed of the linear system with the unit

connected in tandem with the system

N2

which has a

quadratic characteristic,

q2 (t) = GF B,2 [y(t)] = N2 G1 [y(t)] = a2 v 2 (t)

Since the static nonlinearity is identied by a

9th

(5.8)

order polynomial function, there

GF B,n , (n = 1 . . . 9) and a constant GF B,0 = a0 .
operators GF B,n of the feedback path are derived one

exist 9 operators
Now that the

can continue

with establishing the Volterra series representation of the entire nonlinear feedback
system in gure 5.1.

The system in gure 5.1 is transformed into the equivalent system in gure 5.4
and the tandem connection of

G0

en

GF B

in the feedback path can be presented

by the Volterra series as found in [46],

q(t) = GF B G0,1 [r(t)] = Q [r(t)] =

∞
X

Qn [r(t)]

n=0
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a. and b. Modied representations of the nonlinear feedback system

P
R
P
R1
ũ
r

ũ

G0

r

R1

y

y

G0

Q1
Qr
Qr

a.
Figure 5.6:

b.

a. and b. Modied representations of the nonlinear feedback system (ctd.)

Next the linear operator

Q1

is separated from the rest and the sum of remaining

terms is dened as,

Qr [r(t)] =

∞
X

Qn [r(t)]

(5.10)

n=2
The feedback system can then be depicted as in gure 5.5.a and redrawn as in
gure 5.5.b.
The Kernel of

Q0

is a constant identical to the Kernel of

GF B,0

Q0 = a0
One will exclude the Kernel of

Q0

Q0

(5.11)

from the discussion because it is a constant and

this constant is in fact subtracted from the input signal
Hence

that equals,

u,

as shown in gure 5.5.

is removed from the representation in gure 5.5.a and b. Setting up the
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pth

order inverse operating on the output signal

y(t)

will require that in the nal

step one has to add this constant to obtain the input signal.
For easy deduction of the expressions in what follows,

ũ(t) = u(t) − a0

according

to which the feedback system is then redrawn in gures 5.6.a and b.
The operators are determined in [46]. The general expression for the operators
for

n≥2

Rn

is,

Rn = −

n
X

(

k
X

...

m1 =1

k=2
with

k
X

)
R1 Qk {Rm1 ...Rmk }

(5.12)

mk =1

n
X

mk = n

(5.13)

k=2
Some of the operators

Rn

are listed here for the special case of the NL FB system

studied in chapter 3 (g.3.5),

R1 (s) =

The system

1
1
=
1 + Q1 (s)
1 + G0,1 (s)GF B,1 (s)

(5.14)

R2 = −R1 [GF B,2 G0,1 ] R1

(5.15)

R3 = −R1 [GF B,3 G0,1 ] R1 − 2R1 GF B,2 G0,1 {R1 , R2 }

(5.16)

R

is connected in tandem with the system

G0,1 .

The Volterra series

representation of the entire nonlinear feedback system in gure 5.6.b is established
as,

y(t) = P [ũ(t)] =

∞
X

Pn [ũ(t)]

(5.17)

n=1
The Volterra series of this tandem connection is the desired series representation
of the NL FB system operator

P,

Pi = G0,1 Ri

and i = 1..n

(5.18)

GF B,n , (n = 1..9), one has to include
n = 1..9.

If one wants to account for all 9 operators of
at least 9 Kernels of

Rn

and

Pn

where

As the Volterra series expansion for this nonlinear feedback system is performed,
one can now retrieve the

pth

order inverse of the nonlinear feedback system.
124

Chapter 5: Reconstruction of the crystal detector input signal

Figure 5.7:

y

P

ũ

K(p)

u’

The system T formed by the tandem connection of P and his pth order inverse

K(p)

5.2.2 The pth order inverse of a nonlinear feedback system
Theoretical expressions
pth

In order to retrieve the

order inverse of a nonlinear feedback system, one

considers the tandem connection of two nonlinear systems [46].
inverse of a given nonlinear system

P,

and represented in Volterra series by

The

pth

order

such as dened in the previous subsection

y(t) = P [ũ(t)] =

∞
P

Pn [ũ(t)]

is depicted in

n=1
gure 5.7,
The system

K(p)

is a

pth

order system with the response

so that:

0

u (t) = K(p) [y(t)] =

p
X

u0 (t)

for the input

Kn [y(t)]

y(t)

(5.19)

n=1

Kn is a nth order Volterra operator with the kernel kn (τ1 , ..., τn ). The
T = K(p) P formed by the tandem connection of P and K(p) can then be

in which
system

characterised by the Volterra series,

u0 (t) = T [ũ(t)] =

∞
X

Tn [ũ(t)]

(5.20)

n=1
The Volterra operators
Volterra Kernel
Kernels

Tn

T1

Tn

are determined while one imposes that the

2 through the p
u0 (t) = ũ(t) [46].

is a unit impulse and the

are zero in order to approach

nd

the

4

order

1st

order

order Volterra

K1 , the 2nd order operator K2 , the 3rd order operator K3
th
operator K4 of the p
order inverse are given by,

The linear operator

th

th

K1 (s) =

1
P1 (s)

and

(5.21)

K2 = −K1 P2 K1

(5.22)

K3 = − (K1 P3 − 2K2 {P1 , P2 }) K1

(5.23)
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K4 = − (K1 P4 − 2K2 {P1 , P3 } − K2 P2 − 3K3 {P1 , P2 , P3 }) K1
General expressions for the operators

K(p)

of the

pth

(5.24)

order inverse can be found in

[46].
Suppose one would set up the

pth

−1
p = 3: P(3)
of the system P .
−1
inverse P
equals,
(3)

order inverse with

The input of the system according to the

pth

order

−1
P(3)
[y(t)] = ũ(t) + O(ũ4 , ũ5 , ..)

where

T2

T3
in u

and

contributions

are indeed zero and

O(ũ4 , ũ5 , ..)

stands for higher order

that arise from the higher order terms

not reduced to zero because the

3th

(5.25)

Tn ,(n ≥ 4),

that are

order inverse is computed.

5.2.3 The pth order inverse of a nonlinear feedback system
for low-frequency signals
5.2.3.1 The experimental Volterra Kernels of a nonlinear feedback system
The Volterra Kernels are obtained by use of the expressions stated in section 5.2.1.
The output

y(t)

of the nonlinear feedback system is formed as the sum of the

response of each of the operators

Pn

to the input signal

y(t) = P [ũ(t)] =

∞
X

ũ(t) = u(t) − a0 .

Pn [ũ(t)]

(5.26)

n=1
The measured input signal and output signal resort from a validation data set of
low-frequency measurements as used during the low-frequency validation of the
model in section 3.3.2 of chapter 3. High-frequency waveforms will be introduced
further in the text.
The measured input,

um (t)

and measured output,

ym (t), are depicted in gure
yv (t) is depicted in gure

5.8.a. The output modelled by means of Volterra theory,

5.8.b when calculated considering all 9 Volterra operators as,

yv (t) = P [ũ(t)] =

9
X
n=1
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Pn [ũ(t)]

(5.27)
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a.

b.

a. Voltage signal at the detector input (black curve) and the detector output
(grey curve), b. Measured output envelope (blue curve), Volterra series output (green curve) and
dierence between both (red curve).

Figure 5.8:

One can infer from the gure 5.8.b that the Volterra series representation of the
output delivers a divergent signal.

With respect to the RMS error between the

Volterra series output and the measured output, one nds an optimum when
including Volterra operators up to

n = 4.

Higher-order operators cause the Volterra

series approximation to become numerically unstable.
Therefore one computes the Volterra series representation of the output when
including Volterra operators up to

n=4

,

yv (t) = P [ũ(t)] =

4
X

Pn [ũu(t)]

(5.28)

n=1

The power and phase spectra of the Volterra series representation of the output
and the measured output are depicted in gures 5.9.a and b.

The dierence in

magnitude equals 0.2dB in average and the dierence in phase equals 2.0° in
average in the low-frequency band up to 800 kHz where the output envelope is
found in gures 5.9.c and d. Beyond 800 kHz the dierence in magnitude and in
phase rapidly increases because there is no excitation power and has no meaning.
The Volterra series representation of the output when including Volterra operators
up to

n=4

and the dierence between this Volterra series representation of the

output and the measured output,

ym (t)

are depicted in gure 5.10.b. The RMS

error equals 0.67mV.
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a.

b.

c.

d.

Figure 5.9: Measured output envelope (black curve), Volterra series output ( eq.(5.28) grey
curve) : a. in magnitude and b. in phase, and the dierence between both : c. in magnitude
and d. in phase.
The output simulated by means of the NL FB model for the measured low-frequency
input

um (t)

5.10.c.

as already explained in section 3.3.2 of chapter 3 is depicted in gure

The RMS error between the NL FB modelled output and the measured

output equals 0.35mV, which is smaller but has the same order of magnitude as
the RMS error between the Volterra series output and the measured output.
However this output is simulated by means of the NL FB model structure when
considering all 10 extracted coecients dening the polynomial function of the
static nonlinearity. Figure 5.11 shows the results of simulating the NL FB model
when the number of coecients dening the polynomial function of the static
nonlinearity is gradually increased.

The static nonlinearity is described by a

polynomial function of order 9 where the signal
nonlinearity and the signal

z(t)

x(t)

is the input of the static

is the output as stated in section 3.3.2 of chapter

3,
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a.

b.

c.

a. Measured output envelope, b. Volterra series output (green curve) and
dierence between Volterra series output and measured output envelope (red curve), c. NL FB
modelled output (green curve) and dierence between NL FB modelled output and measured
output envelope (red curve).

Figure 5.10:

q(t) =

9
X

an xn (t)

(5.29)

n=0
The dierence between the simulated and the measured output envelope is depicted
in gure 5.11 for dierent signals

2
P

The dierence plotted in gure 5.11.a

3
P

an (x(t))n , when
n=0
n=0
continuing in this way the nal graph in gure 5.11.h considers all extracted
9
P
coecients and q(t) =
an (x(t))n .
n=0

considers

q(t) =

an (x(t))n ,

q(t).

in gure 5.11.b
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q(t) =

From these gures one can infer that when selecting only a subset of coecients
of the polynomial function up to

n=4

a signicant error between the measured

and simulated envelope remains. The rms-error here equals 0.89mV.

a.

b.

c.

d.

e.

f.
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g.

h.

Dierence between the measured output envelope and the simulated NL FB
output where the simulated output is obtained when increasing the order of the polynomial
function dening the static nonlinearity.

Figure 5.11:

Next in gures 5.11.d and e polynomial coecients up to

a5 (x(t))5

n = 5

and

n = 6

4
P

an (x(t))n + a5 (x(t))5 +
n=0
a6 (x(t))6 is smaller than the contribution a6 (x(t))6 as can be seen in gure 5.12
5
6
where a5 (x(t)) (solid magenta) and a6 x (t) (dotted blue) are depicted. From
5
gures 5.11.c and d can be found that adding only the nonlinear term a5 (x(t))
4
P
to q(t) =
an (x(t))n does not suce to reduce the dierence between the
n=0
6
measured and simulated envelope. When the term a6 (x(t)) is also added the

are included.

The contribution

in

q(t) =

dierence decreases.
However in the case of representing the NL FB system by a Volterra series
representation, the Volterra modelled output becomes numerically unstable when
including operators of degree

n > 4 as shown in gure 5.13.a and b. when including
n = 5 and n = 6 respectively. So numeric

Volterra operators one by one up to

and/or stability issues impose that one can only include Volterra operators up to

n = 4.
In the validation of the NL FB structure for low-frequency signals in section 3.3.2
of chapter 3 one could nd that when a low-frequency input signal was applied to
the NL FB structure the major contribution to the simulated output is due to the
linear dynamics in the FF path ( Figure 3.7 ). The contribution of the NL FB path
is modest as could be inferred from gure 3.7.
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a.

b.

Volterra series output (green curve) and dierence between Volterra series output
and measured output envelope (red curve) for a. including Volterra operators up to up to n = 5
and b. including Volterra operators up to up to n = 6 .
Figure 5.13:

Contributions in q(t): a1 x(t) (solid blue), a2 x2 (t) (solid green), a3 x3 (t) (solid
red), a4
(solid cyan), a5 x5 (t) (solid magenta), a6 x6 (t) (dotted blue), a7 x7 (t) (dotted
P
8
green), a8 x (t) (dotted red), a9 x9 (t) (dotted cyan) and 9n=0 an (x(t))n (solid black).

Figure 5.12:

x4 (t)

By limiting the Volterra operators of the NL FB system to
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n = 4,

the nonlinear
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contribution is not adequately captured. Since the contribution of the NL FB path
is modest anyhow, the overall error between the simulated output by means of a
Volterra representation and the measured output remains rather small.

Although one needs to limit the Volterra series representation to Volterra operators
up to

n = 4, it is still valuable in the next paragraph to set up the pth

order inverse

of the structure under study.

5.2.3.2 The experimental Volterra Kernels of the pth order inverse of a
nonlinear feedback system
The Volterra series expansion for this nonlinear feedback system is performed up
to the

4th

order Kernel.

Nevertheless one can infer by continuing equations (5.21-5.24) for
operator contains aside from a contribution due to
the lower order operators.

Hence although

P5

P5

K5

that this

also contributions due to

is chosen to be zero by limiting

the Volterra series representation to Volterra operators up to

n = 4, K5

is not

necessarily zero.

Here the

z(t),

pth

−1
p = 4, P(4)
, of
th
according to the p

order inverse with

of the NL FB system

−1
P(4)
[y(t)] = K [y(t)] =

4
X

the system

P

order inverse

is set up. The input

−1
P(4)

is computed as,

Kn [y(t)] = ũ(t) + O(ũ5 , ũ6 , ..)

(5.30)

n=1
and

u(t) = ũ(t) + a0

(5.31)

The RMS error between the measured input signal and the modelled input signal by
means of the

pth

order inverse decreases when including operators up to

RMS errors for the
the

5th

pth

K4 .

The

order inverse up to order 5 are given in table 5.1. Beyond

order inverse calculation the RMS error increases rapidly.

The measured and modelled input signal in case of calculating the input signal by
means of

−1
P(4)

and by means of

−1
P(5)

are given in gures 5.14.a, b and c.
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a.

b.

c.

a. Measured input envelope, b. Volterra modelled input (green curve) and
dierence between Volterra modelled input and measured input envelope (red curve) in case of
a 4th order inverse, c. Volterra modelled input (green curve) and dierence between Volterra
modelled input and measured input envelope (red curve) in case of a 5th order inverse.
Figure 5.14:

Modelled input

RMS error [V]

−1
P(1)
[y(t)] = K1 [y(t)]
2
P
−1
P(2) [y(t)] =
Kn [y(t)]

1.86e−3

−1
P(3)
[y(t)] =

n=1
3
P

1.96e−3

n=1
4
P

1.77e−3

n=1
5
P

5.27e−3

−1
P(4)
[y(t)] =
−1
P(5)
[y(t)] =

Kn [y(t)]
Kn [y(t)]
Kn [y(t)]

1.85e−3

n=1

Table 5.1: RMS error between the measured input signal and the modelled input signal by
means of the pth order inverse for various p.
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a.

b.

c.

d.

Measured input signal (black curve), Simulated input ( eq.(5.30) grey curve) :
a. in magnitude and b. in phase, and the dierence between both : a. in magnitude and b. in
phase.

Figure 5.15:

The power and phase spectra of the measured input and the modelled input signal
by means of the

pth

order inverse when including operators up to

K4

are depicted

in gures 5.15.a and b. The dierence in magnitude equals 0.5dB in average and
the dierence in phase equals 3.3° in average in the low-frequency band up to 800
kHz, where the output envelope is found, in gures 5.15.c and d.

5.2.4 The pth order inverse of a nonlinear feedback system
for high-frequency signals
5.2.4.1 The experimental Volterra Kernels of a nonlinear feedback system
In this section the output is synthesised as a Volterra series expansion when
high-frequency waveforms are applied.
The used Volterra Kernels are the same as the ones in the previous section and the
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output

y(t)

of the nonlinear feedback system is formed as the sum of the response

of each of the operators

Pn

to the input signal

y(t) = P [ũ(t)] =

∞
X

ũ(t) = u(t) − a0 .

Pn [ũ(t)]

(5.32)

n=1

Volterra operators up to

n = 5

are included because also for high-frequency

inputs the higher-order operators cause the Volterra series approximation to become
numerically unstable as discussed earlier in the case of a low-frequency signal. The
input signal is the data set of high-frequency measurements discussed in section
3.5.1 of chapter 3.

Since not all estimated coecients of the polynomial function dening the static
nonlinearity are considered, the contribution due to the nonlinear feedback loop is
not completely captured.
In the case of an RF excitation signal, it is exactly this NL contribution to the
output that matters in the down conversion of the RF waveform by the crystal
detector. Hence the simulated output will suer from omitting higher-order terms
dening the static nonlinearity.

Signicant dierences are hence expected and found between the measured output,

ym (t),

and the output modelled by means of Volterra theory for high-frequency

signals.
For low-frequency signals the overall error between the simulated output by means
of a Volterra representation and the measured output remains rather small, since
the contribution of the NL FB path is modest anyhow.
Whereas for high-frequency signals the NL contribution plays a key role when
simulating the low-frequency output envelope through a down conversion operation
of the RF input waveform.

The measured output, ym (t), and the output modelled by means of Volterra theory,
yv (t) are depicted in gure 5.16. The power and phase spectra of the Volterra series
representation of the output and the measured output are depicted in gures 5.10.a
and b. The dierence in magnitude equals 18dB in average and the dierence in
phase equals 19.0° in average as is found in gures 5.10.c and d. This dierences
are indeed too large to allow computing the Volterra Kernels of the
based on the Volterra Kernels of the NL FB system.
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a.

b.

c.

d.

Measured output signal (blue curve), Volterra series output (green curve) : a. in
magnitude and b. in phase, and the dierence between both : a. in magnitude and b. in phase.
Figure 5.16:

Because the approximation of the output by means of a Volterra series expansion
is not adequate for modelling the output signal when high-frequency waveforms
are applied, the Volterra Kernels of the NL FB system can not be used to calculate
the

pth

order inverse of the NL FB system in order to retrieve the high-frequency

waveform. In other words, as the Volterra series expansion does not capture the
down conversion of high-frequency waveforms adequately, it will neither provide the
up conversion of the low-frequency output signal for retrieval of the high-frequency
input waveform.

5.3 Numerical optimisation
When one targets to retrieve the RF input signal by numerical optimisation, the
goal is to search for the input signal that minimizes the dierence between the
modelled and the measured output as shown in gure 5.17. If one considers the
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Figure 5.17:

Numerical optimisation of the input signal

ideal case of a perfect model, i.e.

without a model error, obtaining an exact

mapping between the modelled and measured output means that the RF input
signal is exactly known.
The RF input signal contains

NRF = 41

spectral components as described in

section 3.5.1 of chapter 3 and therefore 41 parameters of the vector

θ

need to be

optimised to yield a mapping between the modelled and the measured output.
Since a phase calibration was not performed at these 41 high-frequency lines,
reconstructing the RF input signal at the 41 high-frequency lines translates to
estimating the 41 parameters that represent the phase information at these lines as
shown in gure 5.17. The power spectrum of the RF input signal is not considered
during the optimisation, because a power calibration was performed at the carrier
frequency and extrapolated for the modulation tones.
Since the phase relations in the RF input signal were not calibrated and if one
supposes to have extracted a model that perfectly matches the crystal detector,
then any dierence between the measured output envelope and the modelled output
envelope will arise from not calibrating the phase relations in the RF input signal.
When the dierence between the measured and the modelled envelope can then
be minimised by optimising the phase information of the RF input signal using
numerical optimisation, one can quantify the phase distortion introduced by the
measurement instrument.
This approach is studied in this section as an exercise to quantify the phase
distortion and reconstruct the actual RF input signal because the available extracted
model does not perfectly match the crystal detector and a dierence between the
measured and model predicted output envelope exists that was quantied in the
previous chapter.
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Since the NL FB model is nonlinear-in-the-parameters, it is impossible to nd an
analytical solution for the input spectrum. Here one can opt for the nonlinear least
squares cost function,

VLS (θ),
VLS (θ) = εT (θ)ε(θ)

ε(θ)
θ

where the residual

and the model and

(5.33)

is a measure of the dierence between the measurements
is the parameter vector containing the unknown phase

information of the spectral lines.

Note that the

depends only on the measurements at frequency

k th element ε[k] (θ) = ε(fk , θ)
fk at the output. In the case

of the measurements with the crystal detector (as described in section 3.5.1 of
chapter 3), the power of the output envelope is contained in the frequency band
starting at DC and ranging up to 800 kHz and therefore the frequency index k is
limited by

NLF

corresponding to 800 kHz.

The residual vector

ε(θ)

is chosen to contain the phase dierences and the

magnitude dierences between the measurements and the model at each frequency
index k,

VLS (θ) =

NP
LF

2

2

|∠ymeas (k) − ∠ymod (k)| + ||ymeas (k)| − |ymod (k)||

(5.34)

k=1
The signals

ymeas (k)

ymod (k) are the measured output and
NLF is the number of frequency lines.
minimising the cost function, VLS (θ), results in
and

the modelled

output respectively and
It was found that

a lower mean

magnitude dierence and mean phase dierence between the measured and the
modelled output when compared with the cost function,

0

VLS (θ) =

NP
LF

2

|ymeas (k) − ymod (k)| =

k=1



0

VLS (θ),

Re{ymeas (k) − ymod (k)}2
Im{ymeas (k) − ymod (k)}2


(5.35)

where the real and imaginary parts are stacked on top of each other.
The numerical search routines are iterative procedures since starting from a selected
set of starting values an improved set of parameters is generated and this process
is repeated until a stop criterion is met.
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The starting values for the parameter vector,

θ(0) ,

or the phase information of the

initial starting input signal, are provided by the measured RF waveform. Starting

θ(i) will be
(i)
(i)
generated and evaluated by means of the model, yielding ymod = g(θ ). When
comparing the modelled output with the measured output via the cost function,
from this measured waveform, waveforms with phase information

VLS (θ),

this cost function will have decreased. If there is no longer a signicant

decrease of the cost function with iteration and the stop criterion

VLS (θ(i+1) ) − VLS (θ(i) )
≤ 10−3
VLS (θ(i) )

(5.36)

is met, then the actual value of the parameter vector at the considered iteration
step is accepted as the optimal value,

θ(opt) .

In the following four sections numerical optimisation methods are discussed that
allow to retrieve the RF input waveform: the Trust-Region-Reective optimisation
method, the Levenberg-Marquardt optimisation method, the Nelder and Mead
Simplex Method and Dierential Evolution.
A bottleneck in this optimisation problem is the computational cost of one
cost function evaluation.

This cost is relatively high as one evaluation requires

computing the model output using the white box approach described in chapter 4
for RF input signals which contain a high number of samples.

5.3.1 The Trust-Region-Reective Optimisation method
The trust-region-reective (TRR) algorithm is a subspace trust-region method that
is based on the interior-reective Newton method as described in [12, 11]. This
algorithm is available with the Matlab Optimization Toolbox by Mathworks [69].

θ(i) by moving to a new point in n-space with
a lower cost function value, the idea is to approximate the cost function, VLS (θ),
with a simpler function QLS (θ), which reects the behaviour of the function VLS (θ)
(i)
in the neighbourhood around the point θ . This neighbourhood, T R, is the trust
(i)
region. A trial step δ
is computed by minimising the function QLS (θ) over this
trust region T R,
As the goal is to improve from a point

δ (i) = min {QLS (δ), δ ∈ T R}
δ

(5.37)

The current point is updated as,

θ(i+1) = θ(i) + δ (i)
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(5.38)
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VLS (θ(i+1) ) < VLS (θ(i) ) and the phase increment at the ith iteration is given
(i)
(i)
by δ . Otherwise, the current point θ
is preserved, the region of trust T R is
if

reduced and the trial step computation is repeated.
In a standard trust-region method [33], the quadratic approximation

VLS (θ)


1 T
= min
δ Hδ + δ T ∇VLS (θ) such that kDδ ≤ Λk
δ
2

dened by the rst two terms of the Taylor approximation of

δ (i)
with

∇VLS (θ)

Hessian matrix,

as the gradient of

D

VLS (θ)

at the current point

is a diagonal scaling matrix and

Λ

QLS (θ)
θ(i) ,

is

at

θ(i) . H

(5.39)

is the

is a positive scalar denoting

the trust-region dimension.
In

the

Matlab

Optimization

Toolbox

eq.(5.39)

is

solved

by

restricting

the

trust-region subproblem to a two-dimensional subspace. The subspace is obtained
by a preconditioned conjugate gradient (PCG) process (see [69]).
The starting values of the parameters for the TRR algorithm are provided by the
measured RF input signal.

With TRR one can determine parameter bounds for

the phases of the input signal.

Initially these bounds are concentrated around

the measured starting value. The bounds are consecutively set to

±0.10rad.

±0.05rad

and

It was found that 6 iterations suce to reach convergence (eq.5.36).

One iteration requires 42 cost function evaluations. In order to perform 6 iterations,
a total of 252 cost function evaluations is needed. The TRR was also run without
parameter bounds and convergence is reached towards the

8th

iteration, after 336

cost function evaluations.
The results obtained with this approach are discussed by means of the gures in
5.18- 5.20.
In gure 5.18.a one can see how the phases of the RF input signal are modied
by the TRR method from the starting values up to the
parameter bounds are set to
information (δ

(i)

±0.05rad.

6th

in eq.(5.38)) of the RF input at each iteration

5.18.b. Towards the

6th

iteration when the

The consecutive increments of the phase

i are given in gure

iteration the consecutive increments become small: the

algorithm converges as the cost function does no longer decrease signicantly and
the stop criterion (eq.5.36) is met.
The mean dierence in magnitude between the measured and model predicted
envelope is depicted in gure 5.18.c.

The mean dierence in magnitude for the

starting values (iteration 0) was already listed in table 4.1 in chapter 4. The mean
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a.

b.

c.

d.

TRR : a. phase and b. phase increments of the reconstructed RF input signal at
dierent iterations, c. mean dierence in magnitude and d. in phase between the measured and
model predicted output envelope at each iteration and ±0.05rad bounds.

Figure 5.18:

a.

b.

TRR : Increments in phase of the RF input signal for the parameter bounds : a.
and b. ±∞.

Figure 5.19:

±0.10rad
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a.

b.

Figure 5.20: TRR : a. mean dierence in magnitude and b. mean dierence in phase between
the measured and model predicted output envelope for the dierent iterations and dierent
parameter bounds :±0.05rad in blue, ±0.10rad in green and ±∞ in red.

dierence in phase between the measured and model predicted envelope is depicted
in gure 5.18.d where the mean dierence in phase for the starting values was also
already listed in table 4.1. Each marker denotes an iteration outcome, whereas one
iteration requires 42 function evaluations.
It was found that at some frequencies the total phase increment (θ

(opt)

− θ(0) )

±0.05rad (±2.8°), hence the parameter bounds are increased
±0.10rad and ±∞ to explore a further decrease in the mean dierence in phase

reaches the bound of
to

and magnitude.
In gures 5.19.a and b the modication of the phase according to the TRR
algorithm is depicted with the parameter bounds in the TRR algorithm set to

±0.10rad

and

±∞

respectively. Convergence (eq.5.36) is reached towards the

6th

iteration, after 252 cost function evaluations, with the parameter bounds set to

±0.10rad

and towards the

the parameter bounds set

8th iteration, after 336 cost function evaluations, with
(i)
to ±∞. The consecutive increments of the phase (δ

in eq.(5.38)) of the RF input at each iteration is given in gures 5.19.a and b. If
the bounds are set to innity, the maximum total phase increment (θ

(opt)

− θ(0) )

is about 12.4° as can be seen in the blue curve in gure 5.22.a.
In gure 5.20.a and b the mean dierence in magnitude between the measured
and model predicted envelope and the mean dierence in phase between the
measured and model predicted envelope is depicted for the dierent parameter
bounds (±0.05rad in blue,

±0.10rad

in green and

±∞

in red).

The TRR method is capable of retrieving the input phases such that the dierence
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between the measured and the model predicted output envelope in magnitude and
in phase decreases.
In

the

next

section

the

Levenberg-Marquardt

method

is

considered

as

an

optimisation method for reconstructing the phases of the RF input signal.

5.3.2 The Levenberg-Marquardt Optimisation method
In the Levenberg-Marquardt method (LM, [27, 30]) new parameter updates are
generated using the following formula,

(J(θ(i) )T J(θ(i) ) + λ(i) INRF )δ (i) = −∇VLS (θ(i) )

(5.40)

θ(i+1) = θ(i) + δ (i)

(5.41)

and

with

λ

(i)

∇VLS (θ(i) )

as the gradient of

If

at the current point

controls both the magnitude and direction of

identity matrix where
If

VLS (θ)

λ(i)
λ(i)

NRF
δ

INRF

.

is

θ(i) . The scalar
an NRF × NRF

is the number of parameters.

is zero, the direction
tends to innity,

δ

(i)

(i)

δ (i)

conforms to that of the Gauss-Newton method.

tends towards the steepest descent direction.

The

Levenberg-Marquardt method therefore uses a search direction that is a cross
between the Gauss-Newton direction and the steepest descent direction [39, 16].

The starting values of the parameters for the LM algorithm are provided by the
measured RF input signal. As opposed to the TRR algorithm, with the LM method
in the Matlab Optimization Toolbox, one cannot dene parameter bounds for the
phase information of the input signal.

One iteration requires at least 41 cost

function evaluations. In order to perform 9 iterations, a total of 403 cost function
evaluations is needed.
In gure 5.21.a one can see how the phase information of the RF input signal
is modied by the LM method from the starting values up to the
The consecutive increments of the phase information (δ

(i)

9th

iteration.

in eq.(5.41)) of the RF

input at each iteration is given in gure 5.21.b. Towards the

9th

iteration the cost

function converges (eq.5.36) and the consecutive phase increments become small.

The mean dierence in magnitude between the measured and model predicted
envelope is depicted in gure 5.21.c and the mean dierence in phase between the
measured and model predicted envelope is depicted in gure 5.21.d.
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a.

b.

c.

d.

LM : a. phase and b. phase increments of the reconstructed RF input signal at
iterations 1, 3, 5 and 7, c. mean dierence in magnitude and d. in phase between the measured
and model predicted output envelope at each iteration.
Figure 5.21:

The graphs denote that with the LM method one is able to retrieve the input
phase information such that the dierence between the measured and the model
predicted output envelope in magnitude and in phase decreases.
When comparing the optimal

θ vector found by the TRR (blue) and the LM (green)

method by depicting the phase increments in gure 5.22.a, one notices that both
methods converge to similar optimal solutions for the phase information of the RF
input signal.
By observing the mean dierence in magnitude (g.5.22.b top graph) and mean
dierence in phase (g.5.22.b bottom graph) between the measured and model
predicted envelope for dierent iterations found by the TRR method (blue) and
the LM method (green) it is found that neither method signicantly outperforms
the other. To reach a mean magnitude dierence and a mean phase dierence of
respectively 2.4dB and 2.7°, the TRR method requires 336 function evaluations
whereas the LM method needs 403 function evaluations.
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a.

b.

a. Total phase increment (θ(opt) − θ(0) ) of the optimal solution θ(opt) , b. mean
dierence in magnitude (top) and in phase (bottom) between the measured and model predicted
envelope for dierent iterations found with TRR (blue) and LM (green).
Figure 5.22:

5.3.3 The simplex search of Nelder and Mead
A search method that does not use derivative information such as the Nelder-Mead
Simplex (NMS) algorithm is described in [34, 69].

n+1 points for an n-dimensional parameter vector
θ. The algorithm rst makes a simplex around the initial guess θ(0) by adding to
θ(0) 5% of each component θ(0) (k) with k the frequency index, k = 1 . . . 41 and
building in this way n θ vectors where n equals 41. These n vectors and the initial
(0)
vector θ
are used as n + 1 elements of the simplex. Then, the algorithm in [69]
This algorithm uses a simplex of

modies the simplex repeatedly.

θ(i) (k, j) denote the list of points in the current simplex at iteration i with
k = 1 . . . n and j = 1 . . . n + 1 where n = 41. The points in the simplex are
(i)
ordered from the lowest cost function value VLS (θ (k, 1)) to the highest value
(i)
VLS (θ (k, n + 1)). The algorithm discards the current worst point θ(i) (k, n + 1),
Let

and accepts another point into the simplex. The accepted point is calculated by
reection, expansion and contraction (see [69]).

The rst iteration requires 41 cost function evaluations and the succeeding
iterations require 1 to 2 evaluations depending on the case of reection, expansion
and contraction. A total of 306 iterations and 400 cost function evaluations were
performed.
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a.

b.

c.

d.

NMS : a. phase and b. phase increments of the RF input signal, c. mean
dierence in magnitude and d. mean dierence in phase between the measured and model
predicted envelope for dierent iterations.
Figure 5.23:

Figure 5.23.a depicts the phases of the RF input signal obtained by simplex search
after a certain number of chosen iterations.

In gure 5.23.b one can see how

consecutive increments of the phase of the RF input signal are obtained by the
Nelder-Mead Simplex (NMS) method from the starting values up to the

306th

iteration.
The mean dierence in magnitude between the measured and model predicted
envelope is depicted in gure 5.23.c and the mean dierence in phase between the
measured and model predicted envelope is depicted in gure 5.23.d.
As expected, the cost function of this non-derivative based method only slowly
decreases and after 400 function evaluations, convergence is not yet reached

VLS (θ (i+1) )−VLS (θ (i) )
≈ 2 · 10−2 ) and the algorithm is stopped. The nal value
VLS (θ (i) )
found by the NMS method diers from the optimal value found by the TRR and
(
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a.

b.

5.24:
Comparison of the Trust-Region-Reective method (blue), the
Levenberg-Marquardt method (green) and the Simplex Search method (red) : a. mean dierence
in magnitude and b. mean dierence in phase between the measured and model predicted envelope
for dierent iterations.
Figure

the LM method (g.5.22.a). Nevertheless, it was found that when the number of
cost function evaluations is doubled, convergence is reached as stated in eq.(5.36)
and the value found by the NMS approaches the one found by the TRR and the
LM method.
Compared to the derivative-based optimisation techniques, TRR and LM discussed
earlier, the non-derivative-based simplex search method requires more function
evaluations to reach the same cost function value.

In gures 5.24.a and b a

comparison between the three techniques can be found and the dierent number
of cost function evaluations required for the three techniques is apparent.
The TRR and the LM method reach a mean dierence in magnitude error
of approximately 2.4dB and a mean dierence in phase error of approximately
2.7°, whereas the NMS method reaches a mean dierence in magnitude error of
approximately 2.3dB and a mean dierence in phase error of approximately 4.3°.

5.3.4 Dierential Evolution
Suppose that the cost function has many local optima and that the measured
starting values for the phases of the RF input are not reliable, in that case it is
valuable to also verify a multi-point optimisation technique.
Unlike the three aforementioned optimisation techniques, Dierential Evolution
(DE) is a multi-vector, population-based optimizer that starts by sampling the
objective function at multiple and randomly chosen initial parameter vectors [41].
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Parameter bounds are preset and dene the domain from which the

Npop

vectors

in this initial population are chosen. Once the initialisation bounds are specied,
a random number generator assigns each parameter of every vector a value from
within the prescribed range. Each one of these vectors is indexed with a number
from

0

to

Npop − 1.

DE then generates new vectors by perturbing population vectors with the scaled
dierence of two randomly selected population vectors.

Hence, once initialised,

DE mutates and recombines the population to produce a population of

Npop

trial

vectors. To create the trial vector, DE adds the scaled random vector dierence
to a third randomly selected population vector. The scale factor,

F,

is a positive

real number that controls the rate at which the population evolves. Scaling vector
dierences ensures that trial vectors do not duplicate existing points and scaling
can also shift the focus of the search between local and global.
To complement the dierential mutation search strategy, DE also employs uniform
crossover where a trial vector is built out of parameter values that have been copied
from two dierent vectors. The cross over probability,

Cr ,

is a user dened value

that controls the fraction of parameter values that are copied from the mutant.
In the selection stage, the created trial vector competes against the population
vector of the same index. The vector that has the lowest cost function is selected
and added to the next population. The procedure is repeated until all the

Npop

vectors have competed against a trial vector. When the last trial vector has been
tested, the survivors of the pair wise competitions will become parents for the next
generation. This procedure is repeated until the optimum is located or a specied
termination criterion is satised.
Dierent strategies can be adopted in the DE algorithm. The strategy applied here
is called DE/rand/1/bin because it chooses the vector to be perturbed randomly,
considers one dierence vector for perturbation of the chosen vector and uses
binomial crossover as the type of crossover. In binomial crossover, the crossover is
performed on each of the parameter values in a vector whenever a randomly picked
number is within the

Cr

value. Many variations to this strategy exist, but the one

chosen here is the most widely used [41].
When applying DE to retrieve the RF input signal the algorithm has to be tuned
to the problem at hand. Characteristics of the DE algorithm have to be specied:
the population size,

Npop ,

the parameter bounds that dene the distribution of

the initial population on the search plane, the scale factor,
probability,

Cr .
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F

and the cross over

a.

b.

c.

d.

DE : a. phase and b. total phase increment (θ(opt) −θ(0) ) of the optimal solution
c and d. Normalised cost function values as a function of two input parameters of the last
generation.
Figure 5.25:

θ(opt) ,

In [41] some suggestions concerning the characteristics of the DE algorithm are
provided. Normally

Npop

should be about 5 to 10 times the number of parameters

in a vector. In our case the population size is chosen to be 200. As for F, it is
chosen in the range 0.5 to 1.0. Initially

F = 0.5

is tried, this rate at which the

population evolves can later be chosen larger and a rst choice for the cross over
probability

Cr

is 0.1.

As with TRR, dierent parameter bounds are simulated. These bounds determine
the grid on which the 200 members of the population are distributed. In view of
nding an optimum at minimal computational cost, a trade o has to be made
between the density of the population and the reach of the search plane.

Calculating the population for an iteration requires 200 cost function evaluations
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as the number of members in the population is 200 and the algorithm performs a
total of 5 iterations. When the search plane is concentrated around the starting
value, the best results are obtained.

A large search plane around the starting

value was scanned in 5 iterations revealing no local minima. However to ascertain
the non-existence of local minima, a dense search plane and more iterations are
required.
Since DE requires a high number of function evaluations, related to the high number
of parameters, it is considerably less time ecient than the previously discussed
methods. The results of optimising the phases of the frequency lines in the input
signal when using Dierential Evolution are depicted in gure 5.25.
Figure 5.25.a shows how the phase information of the RF input signal is modied by
DE when the search plane is concentrated around the starting value. In gure 5.25.b
the increments of the phase information of the RF signal from the starting values to
the best member found by DE is given. Figures 5.25.c and d depict the value of the

VLS,N (θ) for dierent values of 2 out of the 41 parameters.
VLS (θ)
. Each
function VLS,N (θ) is found as VLS,N (θ) =
VLS (θ (opt) )

normalised cost function
The normalised cost

sample corresponds to a member in the nal population and the best member

θ(opt)

is the one with the normalised cost function value equal to 1.

If one observes the 5 lowest cost function values in gures 5.25.c and d and
the corresponding x-axis value of these samples, these x-axis values are dispersed
over the parameter range dened by the bounds. Nevertheless, the best member
yields a mean magnitude error and a mean phase error of respectively 2.5db and
5.5° approximately making DE not performing better than the aforementioned
optimisation techniques at the expense of more function evaluations.
A multi-vector technique that doesn't use derivative information is not found to
possess surplus value. Since DE requires a high number of function evaluations,
related to the high number of parameters, and still exhibits a high cost function
value, it is considered too expensive compared to the previous techniques.

5.4 Conclusion
In this chapter the

pth

order inverse based on Volterra theory was studied rst

to obtain a measure of the induced distortion on the input signal.

Since the

crystal detector was identied as a nonlinear feedback system, a Volterra series
representation of system was set up. Next the
series was be obtained.

This

p

th

pth

order inverse of this Volterra

order inverse and the measured output signal
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allow retrieving the input signal and the dierence between the reconstructed input
signal and the measured input signal yields an estimation of the distortion on the
frequency grid dened by the input signal.
It was found that the approximation of the output by means of a Volterra series
expansion is not adequate for modelling the output signal when high-frequency
waveforms are applied.

Hence, the Volterra Kernels of the NL FB system can

neither be used to calculate the

pth

order inverse of the NL FB system in order to

retrieve the high-frequency waveform.
In the next part four dierent numerical optimisation techniques were applied to
the problem at hand.
Two derivative-based single-vector optimisation techniques were studied:
Trust-Region-Reective

optimisation

method

and

the

the

Levenberg-Marquardt

optimisation method. Alternative approaches were provided by the derivative-free
single-vector Nelder and Mead Simplex Method and the derivative-free multi-vector
Dierential Evolution algorithm.
Derivative-based optimisation is preferred:

the TRR and LM method require

less cost function evaluations to reach the same cost function value as the
non-derivative-based simplex search method. DE requires an even higher number of
function evaluations, related to the number of parameters, to exhibit a comparable
cost function value.
TRR reaches a mean magnitude dierence and a mean phase dierence of 2.4dB
and 2.7° respectively with the least number of function evaluations.
When the measured RF input signal is distorted in phase by the measurement
channel and diers from the actual present input signal, numerical optimisation
can be used indeed to quantify the phase distortion of the input signal.
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Part II
A signal based multi-tone
phase calibration
technique
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Chapter 6
Using a pulse position
modulated signal as a
phase calibration reference:
A feasibility study
An RF pulse train signal is introduced that can serve as a reference signal for
the phase calibration of the Large-signal Network Analyser (LSNA) when operated
under modulated excitation. The pulse train generator is specically designed to
full the requirements of a dense frequency grid, a designated generator scheme is
presented and simulated in this chapter to conrm its envisaged performance.
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reference: A feasibility study

6.1 Design of the desired reference signal
In analogy to the SRD method [28], the calibration can be achieved by measuring
an a priori characterised signal.

In order to yield a multi-tone phase calibration

technique, the signal is constructed such that a dense frequency grid is obtained.
To perform a signal based phase calibration for a modulated signal one needs to
construct a test signal that contains a large number of spectral components in a
nite frequency band to obtain a high spectral resolution. In addition, this signal
should be accurately known:

ideally it needs to be perfectly characterised and

stable over a long period (months).

In this chapter a pulse position modulated

signal will be used as a broadband periodic signal containing a high density of
spectral lines.

This signal is composed of a well-chosen sequence of broadband

pulses and is designed to exhibit a very at amplitude spectrum.

In this work, the generator has been designed for three dierent technologies:



A rst generator was built using commercial o-the-shelf components: an
Ultra-Wideband (UWB) 50 GHz digital logic gate (Inphi Corporation [71])
and a dierential Emitter-Coupled Logic circuitry (ECL, ON Semiconductor
[67])



A

second

generator

was

built

as

a

System-on-Chip

(SoC)

using

Source-Coupled Logic (SCL [2]) cells, integrating all components into a single
integrated circuit.



A third generator was built as a System-on-Chip (SoC) using Standard CMOS
Logic cells available from Faradays libraries [15] instead of source-coupled
logic cells.

Before passing on to the design, a generator scheme is proposed and simulated in
this chapter to demonstrate the properties and the potential of the method.

6.2 Simulation of the reference signal generator
The key component that is needed to build a pulse position modulated signal, that
can be used as a broadband periodic calibration signal containing a high density
of spectral lines, is a Pseudo Random Binary Sequence (PRBS) generator. In the
proposed scheme the transitions of the PRBS-signal are used as a trigger signal to
generate the pulses as is shown in gure 6.1.
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Figure 6.1:
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PRBS

The principle of operation of the generator

The idea behind the proposed scheme is to position fast pulses on the transitions
from a low level (bit 0) to a high level (bit 1) of the PRBS signal. The principle
of operation of the generator is shown in gure 6.1.
A Pseudo Random Binary Sequence (PRBS [20, 39]) is most often generated by
a suitably connected feedback shift register.

This consists of a cascaded string

of binary storage elements, the contents of which may be transferred or shifted
simultaneously along the register synchronously with an external clock.

A new

digit, computed by the modulo-2 addition of some of the digits held in the register,
is fed back to the input at each clock interval. The autonomous behaviour of such
a circuit is to produce a binary sequence. The shift register generates one bit per
clock pulse as an output. The output signal is usually obtained feeding one and
the last stage of the register to an output buer. A maximum length sequence has
a periodicity of

2n − 1

bits for an

n-stage

register, if the feedback connections are

selected appropriately.
In gure 6.1 a shift register of length 9 is shown. For a given shift register length
there exist a number of primitive polynomials that result in PRBS signals [20].
In the case of a 9 stage shift register, the maximum length PRBS generator
associated with the primitive polynomial,

f (x) = 1 + x4 + x9
is built, meaning that the

4th

and the

9th

(6.1)

bit of the register are fed back to the

1st

stage after being fed to an exclusive OR gate, as shown in gure 6.1. The output
of the XOR gate feeds back a new input bit for the shift register (g.6.1).
This PRBS signal is then applied to input 1 of an AND gate, while input 2 of the
same AND gate is excited by an inverted and delayed copy of the PRBS. The AND
gate detects a high level (bit 1) at both inputs for a very short time and generates
a fast pulse at its output.
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a.
Figure 6.2:

b.
PRBS signal: a. time domain and b. frequency domain

The following sections demonstrate the theoretical principle of operation of the
generator. By means of simulations in which the pulse train is constructed starting
from a clock signal and a PRBS, it is conrmed that the generator scheme is able
to provide the desired reference signal.

6.2.1 Ideal signal model
To ease the computation during the simulation, a PRBS signal is constructed for
a shift register length of 3.

Tc .
n = 3.

The PRBS is clocked by a signal with period

The period of the PRBS is therefore

TP RBS = (2n − 1)Tc = 7Tc

for

This periodic PRBS, represented by 1400 samples, is simulated to have a period

TP RBS =

35ns leading to a sample period of 25ps. The clock period

Tc

becomes

5ns and contains 200 samples per clock period. The sample frequency hence equals,

fs =

1400samples
= 40 GHz
35ns

Four periods of the PRBS signal are simulated.

(6.2)

Figure 6.2.a shows the analog

periodic PRBS signal in the time domain. The PRBS switches between levels 0
and 1.
The periodic analog PRBS signal after Zero-Order-Hold (ZOH) reconstruction of
the digital PRBS bit sequence is shown where it is assumed that the analog PRBS
after ZOH reconstruction has innitely steep edges.
Figure 6.2.b shows the magnitude spectrum of a periodic PRBS signal. The PRBS
has a spectrum whose components decrease in inverse proportion to the frequency.
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The amplitude

A(k)

of the Fourier coecient

Uk

of the PRBS in gure 6.2.a is

given by

√

A(k) = a
k = 1, 2, . . . L − 1, with 2a
2n − 1 = 7 and fk = k fLc [39].
for

L+1
kπ
L sinc( L )

(6.3)

the peak-to-peak amplitude of the sequence,

L=

In a PRBS period the number of ones does not dier from the number of zeros by
more than one. The amplitude

A(0)

of the Fourier coecient

on whether the number of ones equals

A(0) =

L+1
2

 2a
L

2n−1
or

or

2n−1 − 1

A(0) =

Uk

at DC depends

respectively,

L−1
2

For the PRBS in gure 6.2.a, the number of ones equals

 2a

(6.4)

L

2n−1 = 4

and

A(0) =

8a
L+1 2a
2
L = L.
The spacing between the lines of the PRBS signal equals,



fP RBS =

1
1
≈ 28 MHz
=
TP RBS
35ns

(6.5)

which yields a frequency grid density dened by the clock period and the shift
register length. Although the frequency spacing is as desired and can be adapted
to the needs by changing

n, the amplitude distribution of the PRBS sequence is not

appropriate yet because of the presence of lines with very low power. A reference
signal that contains spectral components with a similar amount of energy is needed.
Hence the idea is to atten the power spectrum of the PRBS. This can be obtained
by generating a pulse train that contains one pulse on the rising edges of the PRBS.
Therefore, the transitions from low to high of the PRBS are used as a trigger signal
for the pulse circuit. Hence, the spacing between the spectral lines of the pulse

1
TP RBS , which yields a reference signal with a dense frequency
grid, but the power spectrum is attened.

train still equals

In order to generate a pulse on a rising edge of the PRBS, this edge needs to be
detected. In the case of a perfect detection of the rising edges of the PRBS with
innite steep edges, as is performed by a perfect dierentiator, the trigger signal
for the gate in gure 6.1 will be a sequence of Dirac delta functions. In the case
of the ideal signal model, the Dirac delta functions are positioned at the exact
locations of the positive slopes of the PRBS (g.6.3.a).
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a.

b.

c.
Figure 6.3:

Ideal trigger signal: a. time domain, b and c: frequency domain

In the case of a realistic detection of the rising edges of a PRBS signal with more
realistic transitions, the signal will be band limited. The inuence of this eect is
considered in the next section.
Figure 6.3.a shows the sequence of Dirac delta functions.

In gure 6.3.b, the
fs
which equals 20 GHz for this simulation.
2
This spectrum is 'at' up to innite frequencies in the sense that it does not show

spectrum of this signal is depicted up to

dynamic behaviour. In gure 6.3.c, one can clearly observe the discrete spectrum
up to 1 GHz with a frequency spacing of about 28 MHz which indeed equals

1
TP RBS

yielding the dense frequency grid.
Note that there are dierent signal levels present in the simulated spectrum in gure
6.3.b and c ranging from -50dB to -65dB while the lines that carry no energy are
situated around

=370dB

which represents the resolution of double real arithmetic.

An analytical derivation and the explanation of the amplitude behaviour of this
spectrum is provided in appendix 6.4.
161

a.

b.

c.

d.

a. RZ pattern PRBS signal, b. Ideal trigger signal in the time domain, c. and d.
Ideal trigger signal in the frequency domain
Figure 6.4:

The PRBS signal can also be transformed to obtain a Return-to-Zero (RZ) pattern,
such as the one shown in gure 6.4.a. By combining the PRBS signal that exits
the shift register in gure 6.1 with the clocking signal of the PRBS through a
logical AND operation, one obtains a Return-to-Zero (RZ) PRBS pattern.

The

Dirac delta functions are positioned as before at the exact locations of the positive
slopes of this RZ pattern PRBS (g.6.4.b).
The spectrum is again repeated up to innite frequencies because of the innitely
steep signal transitions as shown in gure 6.4.c and d and is ranging from -35dB
to -45dB which is higher than found with the NRZ signal (g.6.3.c). This could
be expected as the pulse density is higher than with the NRZ signal.
The amplitude behaviour of this spectrum is slightly dierent from the one in
gures 6.3.b and c.

An analytical derivation and a calculation of the amplitude
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behaviour in both the RZ and the NRZ case is provided in appendix 6.4 to explain
the simulation results in gures 6.3.c and 6.4.c.
In what follows one considers the Non-Return-to-Zero (NRZ) pattern PRBS signal
as depicted in gure 6.2 and used for the ideal trigger signal in 6.3.

6.2.2 Simulation of the ideal signal
In this section, simulations show the eect of a perfect detection of the rising edges
of an ideal PRBS on the spectral properties of the resulting pulse train. First the
signal model of the PRBS is computed as described in section 6.2.1 and its rising
edges are retrieved.
Next, the convolution (*) of the Dirac comb (g.6.3.a) and the impulse response,
representing the dynamics of the gate, is calculated in the time domain.
impulse response of the gate,

hg (t),

The

is mimicked using

hg (t) = at × exp(−bt) × sin(2πf t + φ)

(6.6)

a, b, f and φ are tuned to obtain a broadband gate that resembles a practical
a is chosen to be equal to T1s ; b equals 2.3
Ts ; the sine wave has a frequency
π
of 2.1 GHz and a phase of
. The function at × exp(−bt) is multiplied with a sine
2
where

setup:

wave to model a pulse generated at the rising edge of the signal.
This results in a pulse train composed of identical pulses that are located at each
time instant that matches the moment of a positive slope in the PRBS (g.6.5.a).
Figure 6.5.b shows a zoom of the sequence in gure 6.5.a. In the spectral domain,
one can observe that the bandwidth of the reference signal is directly inuenced by
the bandwidth of the AND gate. The dynamics of the gate are clearly seen from
gure 6.5.e that is a zoom of gure 6.5.c.
Figure 6.5.d shows the discrete spectrum of the pulse train up to 1 GHz with a
frequency spacing of about 28 MHz corresponding to the proposed dense frequency
grid.
For the sake of clarity, gure 6.6.a repeats a zoom of gures 6.3.b and 6.5.c,
where one can observe the inuence of the bandwidth of the AND gate. For the
generation of the desired wideband reference signal, it is therefore required to use
an Ultra-Wideband (UWB) gate such as the 50713OR gate (Inphi Corporation
[71]).
For the construction of the pulse train, it is assumed that time jitter is negligible.
This is justied by the use of ECL components, known to have very low jitter (rms
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a.

b.

c.

d.

e.
Figure 6.5:

Ideal pulse train: a. and b. time domain; c, d and e. frequency domain
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a.

b.

a. Trigger signal (o) and ideal pulse train (x): frequency domain, b. PRBS signal:
ideal (solid line) and real (dashed line).

Figure 6.6:

jitter < 5ps).
In the case that the generator is built as a System-on-Chip (SoC) integrating
all components into a single integrated circuit, the performance of the designed
generator will be thoroughly simulated using Cadence software that provides
front-to-back design tools and services for all aspects of semiconductor design
[75].
The simulations discussed here are therefore more useful for the commercial
o-the-shelf components and conceived from the point of view when using discrete
components.
From the preliminary simulations of the general generator scheme discussed here it
is concluded that using the proposed scheme in the case of an ideal signal model
one can obtain the desired reference signal.

6.2.3 Real signal model
In the case of a realistic detection, a more realistic PRBS signal that has edges with
a nite rise time is studied. The PRBS signal is built in the same way as explained
in section 6.2.1, but to simulate the band limited trigger signal, the PRBS signal

2nd order lowpass Chebyshev lter with a cut-o frequency of
fs
fcutof f = 0.1 2 = 2 GHz and a peak-to-peak ripple in the pass band of 1dB. The
eect of the lter can be observed in gure 6.6.b.
is ltered by a

In the case of using commercial o-the-shelf components, the high-speed AND
gate is more broadband than the PRBS signal whose bandwidth is determined by
the Chebyshev lter with the frequency response function
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Hf (ω).

The cut-o

Figure 6.7:

a.

b.

c.

d.

Real trigger signal: a. and b. time domain; c. and d. frequency domain

frequency of the lter dened by
gate dened by

Hg (ω)

Hf (ω) is chosen lower than the bandwidth of the

to allow investigating the eect of a PRBS signal that is

limited in bandwidth with respect to the broadband gate. The bandwidth of

Hg (ω)

Hf (ω),

and in

is about 10 GHz which is ve times larger than the bandwidth of

practice the digital AND gate (Inphi Corporation [71]) is even more broadband than
what is simulated here. Hence, in the simulations the gate was underestimated in
bandwidth.
Figure 6.7.a depicts the trigger signal resulting from a rising edge detection
performed on a more realistic PRBS signal with a nite rise time.
Figure 6.7.c shows that the restriction in bandwidth on the PRBS signal has no
signicant inuence on the trigger signal.
In gure 6.7.d one can again clearly observe the discrete spectrum up to 1 GHz
with a frequency spacing of about 28 MHz which still equals
dense frequency grid.
166

1
TP RBS yielding the

Chapter 6: Using a pulse position modulated signal as a phase calibration
reference: A feasibility study

6.2.4 Simulation of the real signal
When repeating the simulation for a realistic pulse train, the approach in section
6.2.2 is followed, but the ideal Dirac comb is replaced by the trigger signal shown
in gure 6.7.a.
This trigger signal is convolved with the impulse response of the gate,

hg (t),

as

explained in section 6.2.2. This results in a more realistic pulse train shape (g.6.8.a
and b). The dynamics of the gate are clear from gure 6.8.e that is a zoom of
gure 6.8.c.
A zoom of gures 6.7.c and 6.8.c are repeated in gure 6.8.f where one can see
that in the same way as in gure 6.6.a, the reference signal is inuenced by
the bandwidth of the digital AND gate.

Hence, again it is concluded that an

Ultra-Wideband gate is indeed required for the generation of the desired reference
signal.

6.2.5 Conclusion of the simulations
Figures

6.6.a

and

6.8.f

already

pointed

out

the

importance

of

using

an

Ultra-Wideband gate, but it is necessary to check whether the bandwidth of the
PRBS signal has to be taken into account.
Combining gures 6.5 and 6.8 in gure 6.9 one can observe that ltering the PRBS
signal has no signicant eect on the reference signal. In gure 6.9.b one can see
that a delay arises.
Figures 6.9.c and d show no deviation between the amplitude distribution of the
ideal and the real pulse train signal. From the simulations it is concluded that the
key features of the reference signal were indeed found.
A discrete spectrum of spectral components with a similar amount of energy on
a dense frequency grid remains guaranteed when using the proposed generator
scheme and taking into account a realistic PRBS signal, the edges of which are
not innitely steep. Hence the theoretical background for the application of the
generator scheme was explained and simulations have demonstrated the potential
of the method.

6.3 Conclusion
This chapter presented the concept for a new calibration signal generator. An RF
pulse train signal was introduced that can serve as a reference signal for the signal
based multi-tone phase calibration of the Large-signal Network Analyser (LSNA).
The pulse train generator was designed to full the specic requirements of such a
calibration signal and a designated generator scheme was presented and simulated.
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a.

b.

c.

d.

e.

f.

Real pulse train: a. and b. time domain; c, d and e. frequency domain; f. Trigger
signal (o) and real pulse train (x): frequency domain
Figure 6.8:
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Figure 6.9:

domain

a.

b.

c.

d.

Ideal pulse train and real pulse train: a. and b. time domain; c. and d. frequency

6.4 Appendix: Derivation of the spectrum of
the trigger signal composed of Dirac delta
functions.
The appendix presents a derivation of the spectrum of the trigger signal composed
of Dirac delta functions with a spacing in time dened by the rising edges of a
NRZ and a RZ pattern PRBS signal.
A perfect ideal Dirac comb is an innite sequence of Dirac delta functions spaced
at constant intervals

T0

as stated in eq. (6.7)

x(t) =

∞
X

δ(t − kT0 )

k=−∞
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(6.7)

When the spectrum of this signal

x(t) is derived, we obtain as is stated in equations

(6.8), (6.9) and (6.10) [38],

∞
X

X(f ) =

Ak δ(f − kf0 )

(6.8)

k=−∞
As is shown here:

1
Ak =
T0

ˆ
x(t)e

−jkω0 t

1
dt =
T0

T0

ˆ
δ(t)e−jkω0 t dt =

1
T0

(6.9)

T0
∞
X
1
δ(f − kf0 )
T0

X(f ) =

(6.10)

k=−∞
One observes that the spacing

T0

denes the amplitude of spectral components

and that this level is inversely proportional to this time spacing: the amplitude of

1
T0 . Hence, the Dirac comb
with Dirac delta functions spaced at constant intervals T0 results in a spectrum of
1
discrete lines with equal amplitudes and a spacing of
T [38].

the lines in the spectrum of the ideal Dirac comb equals

0

In the signal that is proposed here, the spacing of the actual Dirac delta functions
is dened by the rising edges of the NRZ or RZ pattern PRBS signals and

x(t)

equals the trigger signal composed of Dirac delta functions at the positive slopes
of the NRZ pattern PRBS as repeated in gure 6.10.a or at the positive slopes of
the RZ pattern PRBS as repeated in gure 6.10.b.
The idea is to decompose the signal

x(t)

as a sum of Dirac combs. In the case of

the NRZ pattern PRBS, for a shift register of length

n = 3,

this signal

x(t) can

be

considered as the sum of two perfect ideal Dirac combs each with a time spacing
of

TP = 7Tc

and a delay with respect to

t = 0

of respectively

2Tc

and

4Tc

as

explained in gure 6.10.a.

n = 3,
x(t) can be considered as the sum of four perfect ideal Dirac combs each
with a time spacing of TP = 7Tc and a delay with respect to t = 0 of respectively
2Tc and 4Tc , 5Tc and 6Tc as explained in gure 6.10.b.
Likewise in the case of the RZ pattern PRBS, for a shift register of length
this signal

In the case of the NRZ pattern PRBS, the functions
written as,
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x1 (t)

and

x2 (t)

can then be
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x(t)=x1(t)+x2(t)

x(t)=x1(t)+x2(t)+x3(t)+x4(t)
x(t)

x(t)
1

1

t

t
Tc 2Tc 3Tc 4Tc

x1(t)

...

Tc 2Tc 3Tc 4Tc

9Tc 10Tc11Tc ...

x1(t)

TP

...

9Tc 10Tc11Tc ...

TP

1

1

t

t
Tc 2Tc 3Tc 4Tc

...

Tc 2Tc 3Tc 4Tc

9Tc 10Tc11Tc ...

...

9Tc 10Tc11Tc ...

x2(t)

x2(t)
TP

1

TP

1

t

t
Tc 2Tc 3Tc 4Tc

...

Tc 2Tc 3Tc 4Tc

9Tc 10Tc11Tc ...

...

9Tc 10Tc11Tc ...

x3(t)
TP

1

t
Tc 2Tc 3Tc 4Tc

...

9Tc 10Tc11Tc ...

x4(t)
TP

1

t
Tc 2Tc 3Tc 4Tc

...

a.
Figure 6.10:

x1 (t) =

9Tc 10Tc11Tc ...

b.

Trigger signal x(t) in the case of a. a NRZ pattern PRBS, b. a RZ pattern PRBS

∞
P

δ(t − kTP − 2Tc )

∞
P

and x2 (t) =

k=−∞

δ(t − kTP − 4Tc )

k=−∞
(6.11)

In a similar manner as described in eqs.(6.8-6.10), one can derive the amplitude
of the spectral components,

Ak ,

for this trigger signal composed of Dirac delta

functions on the rising edges of the NRZ PRBS signal. The NRZ PRBS spectrum
can be written as

X(f ) =

∞
X

Ak δ(f − kfP )

(6.12)

k=−∞
with

Ak =

1
TP

ˆ
x(t)e−jkωP t dt
TP

Equation (6.4) is substituted into equation (6.13), which yields,
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(6.13)

´
Ak = nT1P TP x(t)e−jkωP t dt
o
´
´
−jkωP t
−jkωP t
= T1P
x
(t)e
dt
+
x
(t)e
dt
1
2
TP
n´TP
o
´
−jkωP t
−jkωP t
δ(t
−
2T
)e
dt
+
δ(t
−
4T
)e
dt
= T1P
c
c
TP
 TP
= T1P e−jkωP (2Tc ) + e−jkωP (4Tc )

(6.14)

Ak is no longer a constant value over the frequency but depends on the
k . When examining the expression of Ak for k = 0, . . . , 6 and taking into
2π
2π
account that ωP =
TP = 7Tc , it is found that
Hence

value of

A0
A1
A2
A3
Ak

= ADC = T2P
8
4
= T1P {e−j 7 π + e−j 7 π } = A∗6
8
16
= T1P {e−j 7 π + e−j 7 π } = A∗5
12
24
= T1P {e−j 7 π + e−j 7 π } = A∗4
= A∗(2n −1−k) = A∗(2n −1+k)

(6.15)

This analytical derivation of the amplitude of the spectral components of the trigger
signal conrms the simulations in section 6.2. The amplitude behaviour observed
in gures 6.3.b and 6.3.c is hereby explained.
In the case of the RZ pattern PRBS an analogous derivation can be made and one
nds that the set of equations 6.15 is slightly changed,

A0
A1
A2
A3
Ak

= ADC = T4P
4
8
10
12
= T1P {e−j 7 π + e−j 7 π + e−j 7 π + e−j 7 π } = A∗6
8
16
20
24
= T1P {e−j 7 π + e−j 7 π + e−j 7 π + e−j 7 π } = A∗5
12
24
30
36
= T1P {e−j 7 π + e−j 7 π + e−j 7 π + e−j 7 π } = A∗4
= A∗(2n −1−k) = A∗(2n −1+k)

(6.16)

In addition it is found that,

|A1 | = |A2 | = |A3 | = |A4 | = |A5 | = |A6 |

(6.17)

The amplitude behaviour observed in gures 6.4.c and 6.4.d is hereby explained.
In the general case of a shift register of length

n the same derivation can be made.

However, in practice this is unfeasible as the pattern rapidly becomes too long
resulting in involved expressions.
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A pulse train generator is conceived by combining commercial o-the-shelf
components on a printed circuit board. A 50 GHz digital logic gate and
Emitter-Coupled Logic complement each other to obtain a high speed design.
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7.1 Introduction
In the previous chapter a pulse position modulated signal was designed that can
act as a broadband periodic signal containing a high density of spectral lines. This
signal is composed of a sequence of broadband pulses and is designed to possess a
very at amplitude spectrum.
In this chapter the generator scheme in gure 6.1 is implemented by combining
two distinct technologies:



An Ultra-Wideband (UWB) 50 GHz digital logic gate (Inphi Corporation,
[71]).



A Pseudo Random Binary Sequence (PRBS) generator with a high periodicity
and a clock frequency of up to 200 MHz. This generator will be designed
in dierential Emitter-Coupled Logic (ECL, On Semiconductor, [67]), to
maximise the analog signal quality (jitter<5ps).

The PRBS signal will be

Non-Return-to-Zero (NRZ) coded.
The PRBS generator is realised in ECL and triggers an Ultra-Wideband (UWB)
digital AND gate. The next two sections discuss the design of the PRBS generator
and the implementation of the digital gate.

7.2 PRBS generator in Emitter-coupled logic
Emitter-coupled logic is a non-saturating form of digital bipolar logic [9, 18, 31].
In non-saturating architectures, the transistors store less charge in their bases and
therefore switch much faster than in saturating logic families such as TTL. As
discussed in the previous chapter, Pseudo Random Binary Sequences (PRBS) are
generated by shift registers with feedback as demonstrated earlier in gure 6.1.
Depending on the length that is chosen for the shift register a corresponding PRBS
signal is obtained by selecting a primitive polynomial [20]. This means that specic
stages of the register are fed back to the

1st

stage after combination by an exclusive

OR gate. The output of the XOR gate feeds back a new input bit for the shift
register (g.6.1). An ECL shift register of length 9 is selected here and in this case,
the PRBS generator is obtained with the primitive polynomial,

f (x) = 1 + x4 + x9
The

4th

and the

9th

bit of the register are here fed back to the

combination by an XOR gate.
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(7.1)

1st

stage after

Component
Clock synthesizer

NB4N507

Clock divider

MC100LVEP210

9 stage shift register

MC10EP142

Exclusive OR

MC10EP08

Programmable delay chip

MC10EP195

Table 7.1:

1.5mm

Part number

List of components for PRBS signal generator [67].

Layer 1 (Top Side Plane)
ROGERS 4003 0.2 mm
Layer 2 (Ground Plane)
FR4 0.5mm
Layer 3 (Vcc Plane)
FR4 0.8mm
Layer 4 (Bottom Side Plane)

a.

b.

a. The lay up of the PCB for the ECL components and b. The PCB design for
PRBS generation.

Figure 7.1:

The PRBS clocking is performed by a clock synthesizer and a clock divider.
The clock synthesizer accepts a standard fundamental mode crystal and uses
Phase-Locked-Loop (PLL) techniques to produce output clocks up to 200 MHz.
This results in a PRBS with a frequency increment between spectral lines of

200 MHz
2n −1 , which is approximately 400 kHz for a 9 stage shift register.
An ECL programmable delay chip is used to set a variable delay. The delay can
range from 0 to 80ps in increments of 10ps and the delay can double from 160ps to
10.24ns (160ps, 320ps, 640ps,

. . .).

The design schematic of the PRBS generator

in ECL is included in appendix 7.6 at the end of the chapter. The ECL components
involved in the generation of the PRBS signals are listed in table 7.1.

The delayed and non-delayed PRBS sequences are applied to the dierential inputs
of an 50 GHz 50713OR AND gate.

The ECL components require a four-layer printed circuit board (PCB) stack as
shown in gure 7.1.a to obtain controlled impedance paths [68].

RF paths are

printed on the top layer and use Rogers 4003 material as a dielectricum [66]. The
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Vcc
Bias Tee
V1+

Measuring
instrument

V150713OR

50 Ω

V2+
V2

-

Bias Tee
100nF
DC Blocks

a.
Figure 7.2:

Vcc

b.

a. The PCB for PRBS generation, b. I/O demands for the 50713OR gate.

second layer is the copper ground. An FR-4 core is placed between the second and
third layer and the third and the bottom layer. The bottom layer is the secondary
trace layer where DC paths are connected.
The Rogers 4003 layer is kept very thin allowing the 50W PCB tracks to be
narrow enough to easily connect to the ICs. All components have been prototyped
individually to check their functionality and they performed well. The design of the
ECL printed circuit board has been completed and the print was fabricated. The
PCB layout is depicted in gure 7.1.b, showing only the top layer (grey) and the
bottom layer (black). The ground layer and the

Vcc -layer

are omitted for the sake

of clarity. The actual PCB is depicted in gure 7.2.a.

7.3 Connecting the Ultra-Wideband digital logic
AND gate
The 50713OR is designed to support data rates up to 50 Gbps. The dierential
inputs and outputs allow the part to be congured to perform any of the four logic
functions: OR, NOR, AND and NAND.

The dierential inputs are AC coupled via a DC block. The chip outputs require
a DC load for proper operation.

Therefore the dierential outputs have to be

connected to a 50W termination via for example a bias tee circuit [70]. These I/O
considerations are depicted in gure 7.2.b.
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7.4 Characterisation of the signal generator
The characterisation of the signal generator is subdivided in two sections. Section
7.4.1 discusses the generation of the pulse train by means of the 50 GHz logic gate
when triggered by a square wave signal wave instead of the PRBS in gure 6.1.
This allows for easy experimental validation of the principle of operation of the
generator. Section 7.4.2 discusses the measurement of the PRBS signal generated
by the ECL print and the pulse train signal at the output of the digital gate.

7.4.1 Square wave signal as trigger for the pulse train
The generation of the pulse train is demonstrated with the logic gate triggered by
a square wave instead of the PRBS (g.7.3). The Agilent 33120A AWG provides a
square wave signal with a frequency of 10 MHz as a rst demonstration. The delay
between both gate inputs is in the order of 1ns and is provided by the variable delay
line. The AND gate detects the delay and generates a grid of harmonics spaced by
the fundamental frequency of the square wave as can be theoretically demonstrated
with the aforementioned simulations (chapter 6) where the PRBS is replaced by a
square wave signal. The output grid of more than 250 harmonics up to about 2.5
GHz is measured with the Scanning Spectrum Analyser (SSA) (g.7.4.a).

A high decrease in the magnitude can be observed in the gure, which is explained
by the use of a rather band-limited signal generator. The spectral content of the
input square wave is limited to 100 MHz. Nevertheless, the digital gate is able to
sharpen the square wave edges up to 2.5 GHz (gure 7.4.a).
The output measurement of the digital AND gate was repeated with intervals of a
day to observe the short-term stability of this generator (g.7.4.b). Measurements
of the digital AND gate on a short time scale demonstrate that no signicant
changes are recorded between repeated experiments.

In the bottom graph of

gure 7.4.b one nds an STD of approximately 0.1dB over average at the spectral
components carrying energy as depicted in the top graph of gure 7.4.b.
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a.
Figure 7.4:

b.

a. Pulse train output up to 2.5 GHz, b. Repeated measurements up to 0.5 GHz.

7.4.2 A PRBS as a trigger signal for the pulse train
First the designed PRBS generator is measured and combined with the digital AND
gate to generate the pulse train signal. The PRBS output signal of the ECL print
is measured using a 300 MHz DSO5032A oscilloscope and the signal is shown in
gure 7.5.a.
The clocking of the PRBS is performed by a square wave signal generated on chip
by the clock synthesizer (NB4N507) with a frequency

fc

of approximately 18 MHz

which is the free running frequency of the Voltage-controlled Oscillator (VCO) in
this chip. The period of the PRBS signal is therefore about 55

μs;

hence, only part

of the periodic PRBS signal is shown. The amplitude of the signal corresponds to
the signal levels provided by the emitter-coupled logic.
The PRBS output signal of the ECL print is also measured using a SSA, as shown in
gure 7.5.c, for a bandwidth of up to 250 MHz. In gure 7.5.b, it can be seen that
the PRBS signal contains energy up to 1 GHz. Figure 7.5.d depicts the spectral
energy of the PRBS signal up to 500 kHz. From this gure, one can see the dierent
spectral components in the PRBS signal spaced at

fP RBS =

fc
29 −1

≈ 36 kHz.

The short-term stability of the PRBS generator was examined by experiments
performed with intervals of a day and stability is guaranteed: no signicant changes
are recorded between the experiments. The measured spectra are shown in gure
7.6 for a frequency range of up to 50 MHz and 150 kHz. In gure 7.6.a and b
the spectra depicted are calculated as the mean of the repeated measurements.
Figure 7.6.c and d give the standard deviation (STD) calculated on the repeated
synchronised measurements. In gure 7.6.c one nds an STD that ranges up to
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a.

b.

c.

d.

a. Measured PRBS signal, b. measured PRBS spectrum up to 1 GHz, c. 250 MHz
and d. 500 kHz

Figure 7.5:

about 1.2dB depending on the power of the spectral components carrying energy
(g.7.6.b). In gure 7.6.d one nds an STD of approximately 0.3dB at the spectral
components carrying energy (red circles).
The designed PRBS generator possesses the desired characteristics, and the ECL
signals can be applied to the AND gate.
The gate indeed detects the delay between its two input signal paths and generates
a pulse train, as shown in gure 7.7. The amplitude of the output signal can be
increased by adding a microwave system amplier (Agilent 83000A Series) to the
setup. In this way, the pulse train signal with a peak-to-peak amplitude of 100mV
can be amplied to the desired level.
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a.

b.

c.

d.

Repeated measurements of the ECL PRBS signal: mean of the measurements up
to a. 50 MHz and b. 150 kHz, standard deviation on the measurements up to c. 50 MHz and d.
150 kHz.

Figure 7.6:

Figure 7.7:

Measured pulse train signal.
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The measurement instrument used here is limited in bandwidth to 300 MHz and
broadband measurements such as the ones needed in this work are not feasible
with this device.

Hence the pulse train shown here is band limited due to the

measurement equipment.

As a proof of concept the generator design based on discrete components was
succesful, however the discrete design has some limitations. The clocking of the
PRBS by the clock synthesizer (NB4N507) is limited in frequency to 200 MHz.
The register length is xed to 9 stages, which denes the spacing of the frequency
grid of the pulse position modulated signal to about 391 kHz in the case of a 200
MHz clock signal.

Therefore no further characterisation or further optimisation

of the current discrete system was performed but there was rather opted for an
integrated chip design as will be explained in the following chapter.

7.5 Conclusion
This chapter presented a proof of concept for a new calibration signal generator,
built with 50 GHz digital logic and Emitter-Coupled Logic. Experimental validation
of the generator scheme, using the designed ECL PRBS generator output as a
trigger signal for the digital AND gate, conrmed that the proposed scheme is able
to generate the desired reference signal.

Furthermore, the design of the PRBS

generator in ECL and the implementation of the digital gate were discussed. Initial
measurements of the digital gate using a square wave as a trigger signal conrmed
the simulations. The PRBS signal provided by the ECL generator was characterised
and applied to the digital gate, and the pulse train generator provided a pulse
position modulated signal.
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7.6 Appendix: The design schematic of the
PRBS generator in ECL

Figure 7.8:

The design schematic of the PRBS generator in ECL
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Chapter 8
Design of a Reference
generator: System-on-Chip
Design
An on-chip reference generator is conceived by adopting the technique of
decimating a PRBS signal in parallel sequences. This holds a great benet when
high-speed generation of PRBS and PRBS-derived signals is the objective. In a
rst challenging design a library with Source-Coupled Logic (SCL, [2]) cells is set
up to provide the logic functions for the generator. A second design implements
standard CMOS logic available in commercial libraries and has the ability to select
the periodicity of the PRBS and the PRBS-derived signals. Characterisation of
the generator-on-chip based on standard CMOS logic marks its performance and
reveals promising specications.
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8.1 Introduction
The dierent stages in the design of an on-chip reference generator are highlighted
in this chapter, starting with an explanation of the concept used to build the
generator.
The next two parts discuss two designs that each implement a dierent type of
logic family.

A rst design of the reference generator was made by means of

Source-Coupled Logic (SCL, [2]). SCL is the most common form of current-steering
logic which uses MOS transistors. The logic functions used by the generator (e.g.
DFF, XOR, MUX, ..) were carefully implemented in SCL and simulated separately
to optimise their performance.
Next, an alternative design was made using standard CMOS logic available from
Faraday [15].

In this design the periodicity of the PRBS signal was made

programmable by extending the conceptual design.
Simulation results of both designs are studied in this chapter and measurements of
the dierent signals provided by the generators are discussed.

8.2 Conceptual design of the signal generator
The design of the signal generator chip can be divided in three main tasks of which
the key task is designing the PRBS generator itself. The PRBS signal lies at the
basis of the chip.

Starting from the PRBS signal two other signals are derived:

the pulse train signal and the synchronisation signal.

This section discusses the

concept behind the PRBS generation used in both designs.
In this design the generation of a long Pseudo Random Binary Sequence (PRBS) is
decomposed into the generation of a series of non-overlapping shorter k-bit words.
A systematic approach to obtain these 'decimated' sequences is given in [36]. Using
this method, any PRBS signal running at a clock frequency

fc

can be decomposed

fc
k , which can
then be multiplexed to obtain the requested sequence at rate fc . The suitability

or decimated into

k

parallel sequences that are generated at a rate

of this approach for high-speed generation of PRBS signals is hence apparent.

8.2.1 Transition matrix of a PRBS generator
Prior to the description of the design procedure of the decimated PRBS generator
the transition matrix of a PRBS generator is introduced.
Let

U (j)

be an n-dimensional vector denoting the state of the generator (i.e.

the contents of the n register stages) at the
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j th

epoch and let the functional

D 1 Q1

D2 Q2

D3 Q3

D4 Q4

CLK

CLK

CLK

CLK

PRBS

Clocking at rate fc
Figure 8.1:

Conventional cascaded 4 stage PRBS Generation

specication of the generator be given by a binary transition matrix,

T , operating
T is 0 and

on such vectors at each clock cycle [36]. The eld of the elements of
1.

In a conventional linear feedback shift register, clocking the generator once

corresponds to multiplying (modulo-2) the vector
the state vector

The

n×n

U (j + 1)

at the

transition matrix,

T,

j + 1th

U (j)

by

T

and hence obtaining

epoch.

is constructed and shown in eq.(8.1) following the

lines of [36]. The stages or D-Flip-Flops (DFF) of the generator are numbered in
the same direction as the contents travel under shifting. The inputs and outputs of
the stages or Data-Flip-Flops (DFF) in the register are labeled D and Q respectively.

 Q1
t1
 1

 0

 0
T = 
 ..
 .

 ..
 .
0
where

P
k k

Q2
t2
0
1
0

Q3 . . . Qn−1
t3 . . . . . . tn−1
0 ......
0
0 ......
0
1 ......
0

.
.
.

.
.
.

..

.

.
.
.

.
.
.

.
.
.

..

.

.
.
.

0

0

......

1

Qn 
tn
0 

0 

0 

. 
. 
.

. 
. 
.
0

indicates modulo-2 summation and

D1
D2
D3
D4

P
= k k ti
= Q1
= Q2
= Q3

(8.1)

.
.
.
.
.
.

Dn = Qn−1

ti ∈ (0, 1).

Each row of the matrix represents the new value of the corresponding stage as
obtained by the next state transition in the register so each row denes the D
input of each DFF as a function of one or multiple DFF outputs.

The column

index of an element holding the value 1 in a row denes which DFF output is used
to form the DFF input corresponding to the row.
In the case of a cascaded design (g.8.1) this results in a diagonal array of 1's
immediately below the rst row since each stage is fed by its preceding stage. The
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rst row containing the elements

t1

to

tn

of the matrix denes the excitation of

the rst stage and is dened by the primitive polynomial.

For example, a PRBS of length 15 that is generated by a 4 stage register as is
shown in gure 8.1, can use the primitive polynomial,

f (x) = 1 + x3 + x4

(8.2)

The input of the rst stage is formed as the modulo-2 summation of the output of
stages 3 and 4 as can be found in gure 8.1 and given by the rst row in eq.(8.3).
Since the

2nd , 3rd

and

4th

stage are each fed by their preceding stage, a diagonal

array of 1's is found immediately below the rst row.
The transition matrix of the 4 stage register shown in gure 8.1 is,



0
 1
T =
 0
0

0
0
1
0

1
0
0
1


1
0 

0 
0

D1
D2
D3
D4

= Q3 ⊕ Q4
= Q1
= Q2
= Q3

(8.3)

The operation of this conventional linear feedback shift register shown in gure
8.1 is such that clocking the generator once corresponds to multiplying the present
content vector

U (j + 1)

U (j) by the transition matrix T
j + 1th epoch.

in eq.(8.3) yielding the state vector

at the

8.2.2 Decimating an n-stage sequence by a factor k
To decimate an

n-stage

sequence by a factor

k,

the rst row in the matrix

describes the primitive polynomial is shifted to the
rows

1

to

k−1

k th

row in the

T

T

that

matrix. The

are obtained by shifting the elements to the left successively.

This procedure is demonstrated in the following example for a PRBS signal
generated by a 9 stage register with decimation by 4

(k = 4).

The primitive

polynomial for a 9 stage register is,

f (x) = 1 + x4 + x9

and the corresponding vector
matrix,

T,

000100001 is located at the 1th

which is given by,
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(8.4)

row of the transition

Q1







T = 







0
1
0
0
0
0
0
0
0

Q2
0
0
1
0
0
0
0
0
0

Q3
0
0
0
1
0
0
0
0
0

Q4
1
0
0
0
1
0
0
0
0

Q5
0
0
0
0
0
1
0
0
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Q6
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0
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0
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0
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Q7 Q8 Q9 
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0
1
0
0
0 

0
0
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0
0
0 

0
0
0 

0
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0 

0
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0 

1
0
0 
0
1
0

D1
D2
D3
D4
D5
D6
D7
D8
D9

= Q4 ⊕ Q9
= Q1
= Q2
= Q3
= Q4
= Q5
= Q6
= Q7
= Q8
(8.5)

The matrix

T

is transformed as follows:

Step 1:



a new row is inserted on top of the original matrix
removed to keep the size of



T

T

The new row is obtained by shifting the original row
position to the left and a

0

while the last row is

constant.

1

elements over one

is inserted in the last position as shown in

eq.(8.6),
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0
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1
0
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0
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1
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1
0
0
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Q4
0
1
0
0
0
1
0
0
0

Q5
0
0
0
0
0
0
1
0
0

Q6
0
0
0
0
0
0
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1
0

Q7 Q8 Q9 
0
1
0
0
0
1 

0
0
0 

0
0
0 

0
0
0 

0
0
0 

0
0
0 

0
0
0 
1
0
0

D1
D2
D3
D4
D5
D6
D7
D8
D9

= Q3 ⊕ Q8
= Q4 ⊕ Q9
= Q1
= Q2
= Q3
= Q4
= Q5
= Q6
= Q7
(8.6)

Step 2:



This procedure is repeated
In this case

k=4

k−1

times to obtain a decimation factor of

is chosen and the matrix
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T

becomes,

k.
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Series-parallel generation of a PRBS signal

Q2
0
1
0
0
0
1
0
0
0

Q4
0
0
0
1
0
0
0
1
0

Q3
0
0
1
0
0
0
1
0
0

Q5
0
0
0
0
0
0
0
0
1

Q6
1
0
0
0
0
0
0
0
0

Q7 Q8 Q9 
0
0
0
1
0
0 

0
1
0 

0
0
1 

0
0
0 

0
0
0 

0
0
0 

0
0
0 
0
0
0

D1
D2
D3
D4
D5
D6
D7
D8
D9

= Q1 ⊕ Q6
= Q2 ⊕ Q7
= Q3 ⊕ Q8
= Q4 ⊕ Q9
= Q1
= Q2
= Q3
= Q4
= Q5
(8.7)

As shown in gure 8.2, the 4 parallel decimated outputs are available at
and

Q9 .

Q6 , Q7 , Q8

These outputs can be multiplexed to get the PRBS signal of length 511

at four times the clock rate at which the parallel sequences operate: the 9 DFFs

fc
4 whereas a 4:1 clocked multiplexer (MUX) combines the
4 parallel sequences to yield the PRBS signal. The input of the rst DFF of each

shift the data at a rate

parallel sequence is computed as the modulo-2 addition of suitable DFF outputs
given by the transition matrix

T.

The design of a PRBS signal generator by means of parallel sequences was
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simulated and equivalence with the standard cascaded design of a properly feedback
connected shift register was veried for several shift register lengths.

8.3 Source-Coupled Logic Design
SCL is current-steering logic where logic functions are implemented by 'steering
current' using a current mirror to supply the current.

Dierential pairs at the

inputs of an SCL gate steer the current and thus performing the logical operation.
The choice for SCL was related to its main advantage: it can operate at higher
frequencies than possible with strictly static CMOS. A second benet is that since
it is dierential, common-mode noise is almost completely eliminated. A downside
is the higher power dissipation as a result of the constant current draw, since SCL
gates are based on current steering.
The combination of a logic that operates at higher frequencies and a high-speed
signal generation schematic based on decomposition in parallel sequences is believed
to be a promising strategy for designing the signal generator.
Using SCL two generators of dierent register length are put on chip: a 9 stage
generator and an 18 stage generator. This section explains how the SCL library
is conceived and how the PRBS signal and the PRBS-derived signals (pulse train
signal and synchronisation signal) are generated in the SCL design. Simulations of
the individual library cells as well as simulations of the entire generator are discussed
and measurements of the reference generator on-chip are examined.

8.3.1 Setting up an SCL library
The SCL library contains many logic gates, some of which are selected for discussion
in this section. The most basic gate is the buer. The schematic of an SCL buer
is shown in gure 8.3.

The gate is based on the source-coupled pair of n-mos

transistors biased by a constant current implemented by an n-mos current mirror
[2].
The bias current is completely steered to one of the two output branches for a
magnitude of the dierential input voltage,

dif f
Vi,th

with

Wn

and

Ln

v
u
u
=t

Vidif f = vi+ − vi−
2ibias


µn COX

Wn
Ln

greater than

the eective n-mos transistor channel width and length,

oxide capacitance per area,

µn

(8.8)



COX

the n-mos carrier mobility as found in [2].
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Figure 8.3:

Mb

ibias

Schematic of a. an SCL buer gate and b. an SCL AND gate

When the dierential input voltage is zero in the circuit of gure 8.3.a, the drain

dif f
ibias
increases, this drain current
2 . When Vi
As the current increases, the output voltage decreases because the

current of transistor
increases.

M1

equals

voltage drop across the p-mos active load
voltage is higher than

dif f
Vi,th

M3 increases.

When the dierential input

all of the current ibias is owing through transistor

M1 .
M2 , vo+ = VDD , while vo− = VDD − RL ibias
value of the active p-mos load M3 .

As there is no current owing through
where

RL

represents the resistance

Simulating the SCL buer gate in Cadence reveals the performance as shown in
the waveforms of gure 8.4.a for a 1 GHz input frequency and in gure 8.4.b for a
4 GHz input frequency allowing rise times of 60ps.
The gate is at the same time also an inverter thanks to the dierential topology
of SCL by switching the output voltages

vo+

and

vo− .

The buer and the inverter are the only two logic gates that have one set of
dierential inputs. Other gates, such as the AND gate, have multiple inputs and
require multiple comparisons to correctly obtain the appropriate output. In SCL
multiple comparisons are achieved by stacking the dierential pairs which presents a
limitation with regard to voltage headroom. In gure 8.3.b a 2-input SCL AND gate
schematic is depicted. The operation of the AND gate is veried when observing
that the output

vo+ = VDD

when the current ibias is steered to the left-hand output
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node

vo−

by transistors

M1

and

M3 , which are only active when v1+ and v2+

are high.

a.

b.
Figure 8.4:

frequency

Simulation of an SCL buer gate: a. 1 GHz input frequency and b. 4 GHz input

194

Chapter 8: Design of a Reference generator: System-on-Chip Design

a.

b.
Figure 8.5:

frequency

Simulation of an SCL AND gate: a. 1 GHz input frequency and b. 4 GHz input
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Q9

Series-Parallel generation of a 9 stage PRBS signal, when decimated by a factor 2.

Simulating the SCL AND gate in Cadence reveals the performance in gure 8.5.a
for a 1 GHz input frequency and in gure 8.5.b for a 4 GHz input frequency. Rise
times of 70ps are recorded.
The following logic gates are supported in the custom built-up SCL library as
building blocks to allow PRBS generation: a buer gate, a 2-input AND gate, a
D-Latch, a multiplexer and an XOR gate. The D-latch requires 3 dierential pairs
of which 2 pairs are input pairs and the multiplexer gate and XOR gate each require
3 dierential input pairs. The schematics of these SCL gates can be found in [2].
Each of the SCL gates was simulated separately and their performance is optimised
by sizing the transistors appropriately. A DC analysis performed in cadence allows
to check the operating points of the transistors involved and to verify that they are
operating in saturation regime and in strong inversion.

8.3.2 Design and simulation of the signal generator
This section highlights the PRBS generator that is designed in SCL. Starting from
the PRBS signal it is explained how two other signals are derived: the pulse train
signal and the synchronisation signal.

The 9 stage design is explained in this

section. In general the 18 stage design diers only slightly and whenever dierences
are signicant, they are explained.

8.3.2.1 The PRBS signal
In this design 9 stages or 9 DFFs are used and the 9 stage design is decimated by
a factor

k=2

as shown in gure 8.6.

The primitive polynomial corresponding to a register length of 9 that feeds back 2
DFF outputs to an XOR gate is built,
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f (x) = 1 + x4 + x9

(8.9)

and the transition matrix of the decimated design equals,
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In the case of the 18 stage design, a decimation by a factor

k =4

is chosen in

order to limit the maximal DFF chain to 5 stages, thus keeping the total delay low
enough.

8.3.2.2 Generation of clock signals
To provide the required clock signals at dierent rates and phases in the signal
generator, frequency dividers are used as shown in gure 8.7. The master clock

fc
2 is found
at output QA (in phase with the master clock) and output QB (180° phase shift
fc
with the master clock). With the signals running at a rate
2 the 9 stage generator
scheme disposes of the necessary clocking signals.

signal with frequency

fc

is applied and a clock signal running at rate

For the 18 stage design an additional frequency divider is needed to obtain a clock
signal running at

fc
4 . Hence an identical frequency divider is used where the input
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Figure 8.8:

Tree network for clock distribution

fc
fc
2 and a clock signal running at rate 4 is found at output
QA (in phase with the input clock) and output QB (180° phase shift with the input
clock)
clock has a frequency of

fc
fc
2 , the signal running at a rate 4 and the master
clock with frequency fc the 18 stage generator scheme disposes of the necessary
clocking signals.
fc
fc
The signal at a rate
2 (in case of the 9 stage design) or at a rate 4 (in case
of the 18 stage design) is used by many nodes on chip, therefore it was chosen
With the signal running at a rate

to provide a tree network of buer cells to distribute it to the nodes as shown in
gure 8.8. In the case of the 9 stage design at least 10 clock signals running at

fc
2 are necessary, one for each of the 9 DFFs and one for the MUX. The 18 stage
fc
design needs at least 20 clock signals running at
4 .

8.3.2.3 Multiplexing the parallel sequences
Figure 8.9 shows some of the simulated signals present in the schematic layout of
gure 8.6. The signal at the output
blue.

The signal at the output

Q4

Q5

of the top chain of DFFs is depicted in

of the bottom chain of DFFs is depicted in

red. These signals form the input of the 2:1 MUX and the MUX output is plotted
in black in gure 8.9.a. The 2:1 multiplexer has a single selection input that can
be controlled straightforwardly by the proper clock signal and this clock signal is
depicted in gure 8.9.b.
One should notice in gure 8.9 when multiplexing the DFF outputs, it is not ensured
that the rising edge of the clocking signal at the selection input of the multiplexer
arises when the

Q5

and

Q4

outputs are either at a high or low level. The edge

of the clock signal occurs close to the transition of these outputs from a low to
high level. This weakness of the SCL design is overcome in the next design with
standard CMOS logic as explained in section 8.4.1.
198

Chapter 8: Design of a Reference generator: System-on-Chip Design

a.

b.
Figure 8.9: Multiplexing of 2 parallel sequences (g.8.6) : a. Signal at output Q5 (blue), signal
at output Q4 (red) and the output signal of the MUX (black), b. Clock signal
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PRBS
CLK at fc

1
AND
2

Figure 8.10:

1
τ

2

AND

Pulse
Train

Pulse train generation on chip

When all 9 stages contain bit zero, no signal is generated by the generator as this
is the only stable state of the generator. The generator needs to be initialised to
avoid this and this is achieved by providing a reset to 1 DFF in the top 5 stage
parallel sequence in gure 8.6 and to load a bit value of 1 in these DFFs.
As explained earlier, in the case of the 18 stage generator 4 parallel sequences are
multiplexed by means of three 2:1 multiplexers in a similar way as explained here
for the 9 stage generator.

8.3.2.4 The pulse train signal
The reference signal targets the generation of a pulse position modulated signal
where the position of the pulses is determined by a PRBS signal.

In the

case of the generator designed with discrete components the PRBS signal was
Non-Return-to-Zero (NRZ) modulated whereas in this case a Return-to-Zero (RZ)
modulation pattern is chosen. Instead of positioning fast pulse signals on the rising
edges of the NRZ pattern, the pulses will now be positioned on the rising edges of
the RZ pattern since it was demonstrated in section 6.2.1 of chapter 6 in gures
6.3.c and 6.4.c that the power of the spectral components of a RZ signal is higher.
Thereto the previously generated PRBS signal is combined with its clocking signal
by a logical AND gate, resulting in a RZ pattern PRBS (g.8.10). This RZ PRBS
signal is then applied to one input of a second AND gate, while the second input
of this AND gate is excited by an inverted and delayed copy of the same signal.
The AND gate detects a high level for a very short duration at both inputs and
generates a fast pulse at its output. The delay on one of the AND inputs is applied
by a 5 buer chain. An input to output delay of about 200ps is introduced in this
way.

8.3.2.5 The synchronisation signal
A synchronisation signal is also generated on chip for the detection of the periodicity
of the PRBS signal. The idea is to detect the occurrence of 9 consecutive value 1
200
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Figure 8.11:

Generation of the synchronisation signal.

bits in the PRBS output since this occurs once every PRBS period. The detection
scheme is depicted in gure 8.11 and the signals present in the scheme are plotted
in gures 8.12 to 8.13.
Figure 8.12.a shows how output
signal at rate

fc

Q4

(solid blue line) of gure 8.6 and the clock

(dotted black line) are combined by an XOR gate. Figure 8.12.b

does the same for output

Q5 .

In gure 8.11, the output signals of these XOR cells (solid red lines in gs 8.12.a
and b) are then used as one input of DFFANDs, which combine an AND operation
and a DFF function in one component.
When the signal

Q4

is composed of 4 consecutive value 1 bits and signal

Q5

is

composed of 5 consecutive value 1 bits, a synchronisation pulse should be red.
The operation of the top chain of DFFANDs is shown in gure 8.13.a. The instance
where

Q4

is composed of 4 consecutive value 1 bits ranges from 144ns to 152ns.

Each of the 3 DFFANDs shortens the sequence of bit 1 values by one bit:
blue

→ Qs,2

in red

→ Qs,3

in purple

→ QA

Qs,1

in

in orange.

At the same time the bottom chain of DFFANDs transforms the 5 consecutive
value 1 bits of signal

Q5 : Qs,4

in blue

→ Qs,5

in red

orange, as shown in gure 8.13.b. By feeding the

QA

→Qs,6
QB

and

in purple

→ QB

in

outputs to an AND

gate the periodicity of the PRBS is detected.
Detecting the occurrence of 9 consecutive value 1 bits in the PRBS output is not
the same as detecting the instance where all DFFs in gure 8.6 hold bit value 1.
The 9 consecutive ones in the PRBS do not necessarily imply that all DFFs hold bit
201

a.

b.
Simulation of the synchronisation signal (g.8.11) : a. XOR output (red) of Q4
(blue) and the master clock signal (dotted black), b. XOR output (red) of Q5 (blue) and the
master clock signal (dotted black)

Figure 8.12:
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a.

b.
Simulation of the synchronisation signal (g.8.11) : a. Qs,1 (blue), Qs,2 (red),
(purple), QA (orange) and b. Qs,4 (blue), Qs,5 (red), Qs,6 (purple), QB (orange)

Figure 8.13:

Qs,3
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1 at that time instance. The signals drawn from the 9 stages possess a periodicity
of

2TP RBS

with the factor 2 originating from the decimation by 2, hence the time

instance that all DFFs hold bit 1 occurs at intervals of

2TP RBS .

Having a synchronisation signal at ones disposal is vital when measuring the PRBS
and the pulse train signal with the DSO (HP 54120). The synchronisation signal
is then to be used as a trigger signal in this setup.

8.3.2.6 Input/Output considerations


The master clock signal is AC coupled to an input buer with the possibility
to impose a DC oset to the clock signal via an externally provided pin.



Each of the three output signals (the PRBS signal, the pulse train signal and
the synchronisation signal) dispose of an output buer designed to drive a
50

W

load resistance at full speed.

8.3.2.7 Simulation results
In this paragraph, the PRBS signal and the pulse train signal adhering to the 9
stage generator are discussed.

Simulation of the 18 stage generator conrmed

similar performance characteristics.
The simulations were performed with a master clock signal
GHz.

fc

of 1 GHz and 4

The PRBS signal running at 1 GHz is shown in gure 8.14.

The PRBS

signal running at 4 GHz is shown in gure 8.15.
Simulations conrm that the PRBS pattern originating from the parallel sequence
generation scheme is indeed that of a 9 stage sequence. The PRBS signal possesses
a rise time of approximately 200ps at clock frequencies up to 4 GHz.
The pulse train signal is shown in gure 8.16 running at a clock frequency of 1
GHz. The sequence also possesses a rise time of approximately 100ps. The pulse
train signal running at 4 GHz is shown in gure 8.17.
Simulations point out that applying a master clock signal

fc

of up to about 4 GHz

to the design should be allowed and should guarantee the desired generated signals.
From the simulations, one concludes that both the PRBS signal and the pulse train
signal meet the required specications.
The synchronisation signal is plotted in gure 8.18 for a clock frequency of 4 GHz.
For a 9 stage sequence and a clock signal with a period of
204

0.25ns,

the periodicity
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Figure 8.14:

Simulation result : PRBS signal at 1 GHz clock frequency
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Figure 8.15:

of the PRBS is about

Simulation result : PRBS signal at 4 GHz clock frequency

TP RBS ∼ 128ns. The pulses (in red in g.8.18) are indeed
128ns and the rise time of this signal also

observed at intervals of approximately
equals approximately 100ps.

8.3.2.8 Design Layout and tape out
After simulation,

the designed generator was transformed to a chip layout.

Europractice provides the possibility to participate in Multi-Project-Wafer (MPW)
runs in dierent technologies by acquiring a mini ASIC (Application-Specic
Integrated Circuit, [74]). The UMC run in 0.18µm technology was selected allowing
CMOS design on an area of 1.5mm x 1.5mm. Figure 8.19 shows a plot of the layout
le where the 9 and 18 stage designs are found in the bottom left corner. Other
systems in the top area and in the right-hand side area of the layout were designed
by colleagues.
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Figure 8.16:

Simulation result : Pulse train signal at 1 GHz clock frequency

207

Figure 8.17:

Figure 8.18:

Simulation result : Pulse train signal at 4 GHz clock frequency

Simulation result : Synchronisation signal at 4 GHz clock frequency (red)
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Figure 8.19:

Layout of the SCL on chip generator

8.3.3 Characterisation of the signal generator
8.3.3.1 Measurement setup
This paragraph lists the instruments that are incorporated in the setup that is used
to characterise the SCL generator.



The Agilent 83650 Synthesized Swept-Signal Generator is chosen for the
clock signal generation.

Clock signals of dierent frequencies are applied

at frequencies ranging from 100 MHz to 1 GHz.

In the section on the

characterisation of the generator the measurements performed with a clock
frequency

fc

equal to 100 MHz, 200 MHz, 500 MHz and 1000 MHz are

mainly discussed.

The power level of the input clocking signal is set at

-3dBm.



Spectral measurements of the output signals are obtained with the Scanning
Spectrum Analyser (SSA, Rohde&Schwartz FSU67, [72])



The

output

time

domain

waveforms

are

measured

with

the

Agilent

DSO5032A oscilloscope. (This instrument does not require a synchronisation
signal)
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a.

b.

c.

d.

Figure 8.20: Measurement result of the PRBS signal : a. Power spectra for fc = 100 MHz
(blue), fc = 500 MHz (green) and fc = 1 GHz (red), b. PRBS waveform for fc = 100 MHz
up to 1000ns, c. PRBS waveform for fc = 200 MHz up to 500ns and d. Measurement result
of the pulse train signal : Power spectra for fc = 100 MHz (blue), fc = 500 MHz (green) and
fc = 1 GHz (red)

8.3.3.2 Measurement of the PRBS signal
First, the characterisation of the PRBS signal provided by the 9 stage SCL generator
is discussed using the aforementioned instrumentation.

The measured power

spectra are shown in gure 8.20.a. This gure shows the PRBS power spectrum
up to 2 GHz for dierent clock signals:
(green) and

fc = 1 GHz

fc = 100 MHz

(blue),

fc = 500 MHz

(red) at an input power of -3dBm.

These spectra were found to be non-discrete, meaning that the signal at the PRBS
output pin is not a periodic signal.
The output waveform was measured with an oscilloscope for dierent clock signals
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as shown in gure 8.20.b and c.
corresponding to

fc = 100 MHz

and

Although the waveforms in 8.20.b and c

fc = 200 MHz resemble a PRBS pattern,
If fc is further increased the signal

they are not the correct periodic sequence.
deteriorates.

The signals were not measured with the Digital Sampling Oscilloscope (DSO, HP
54120) as the synchronisation signal could not be derived from the aperiodic signal
at the PRBS output pin.
The signal at the PRBS output pin is found not to be the desired and simulated
periodic PRBS signal. Changing the clock frequency from 100 MHz to 1 GHz and
varying the input power did not improve the signal's properties. Slightly increasing
the DC oset of the master clock signal via the externally provided pin caused the
output power spectra to change signicantly hereby revealing an instable behaviour
with regard to the input stage.
Measurements of the 18 stage SCL generator show similar behaviour.
As already explained earlier in 8.3.2.3, with regard to the multiplexing, the timing
of the clock edges on one hand and the outputs of the parallel sequences on the
other hand are critical. A slight aberration can cause the scheme not to provide
the desired sequence.
Distributing the clock signals on chip via a tree network can also contribute to the
observed malfunction as a small asymmetry between the generated clock signals can
be detrimental. In the next design (Section 8.4) the two aforementioned remarks
are addressed.

8.3.3.3 Measurement of the pulse train signal
As the characterisation of the PRBS signal learned that the signal provided by the
chip is not the correct one, the pulse train that is derived from this signal will also
not possess the desired properties. The results of the characterisation are shown in
gure 8.20.d. The pulse train signals for

fc = 100 MHz

(blue) and

fc = 500 MHz

(green) only contain signicant spectral components at multiples of their respective
clock frequency whereas the pulse train signal for

fc = 1 GHz

(red) reveals many

subharmonics. In either case these signals are not the designed ones.

8.4 Standard CMOS Logic Design
Although the SCL design was promising in the simulation stage, characterisation
revealed malfunction of the chip. Therefore this section embarks on a second design
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of the signal generator by means of standard logic cells available from Faradays
libraries [15]. In addition, the conceptual design in section 8.2 is extended to allow
the periodicity of the PRBS signal to be programmable. The next two sections go
through the design and simulation of such a generator and the characterisation of
the chip.

8.4.1 Design and simulation of the signal generator :
Towards a programmable register length design
In the simulation and design stage it is chosen to provide two signal generator
designs: a xed length shift register generator design and a programmable length
shift register generator design.
Although the goal is to attain a programmable design, a xed length generator is
also included because this generator can be directly measured without programming
the length of the register and is easier to realise. In addition, no additional design
eort is required for the latter since the programmable length design is an extension
of the xed length one and sucient area was available on the acquired mini ASIC
to contain both designs.
This section starts with a description of the programmable length design and
discusses the xed length design afterwards as a special case of the programmable
one.

Both designs contain a similar generator scheme and a similar physical

generator on chip.

The xed length design is made programmable by placing

an additional shift register on the chip to set the length of the sequence as is
explained in the remainder of the text.
The

next

three

sections

discuss

the

required

design

specications

and

the

consequences of a programmable design for each of the subsystems: the PRBS
signal generator, the pulse train signal generator and the synchronisation signal
generator, that are all realised on chip.
Before the simulation results are discussed in the last section, additional attention is
paid to the generation of the dierent clock signals that are necessary to synchronise
the chip, the multiplexing of the parallel sequences and some input/output circuitry.

8.4.1.1 The PRBS signal
Using a shift register of programmable length that is clocked by a clock signal with

fc , according to eq.(8.11), one
TP RBS that depends on the length

frequency

is able to select the periodicity of the

signal,

of the shift register,
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a. Series-parallel generation of a PRBS signal and b. Selection of Qx,i output by
means of transmission gate multiplexers

Figure 8.21:

This also sets the frequency spacing,

fP RBS ,

of the spectral components in the

spectrum of the generated signal.

fP RBS =

1
1
fc
= n
= n
TP RBS
(2 − 1)Tc
(2 − 1)

(8.11)

A maximum of 20 stages or 20 DFFs can be used. As a consequence the maximum
selectable length,

nM AX = 20
k = 4.

decimated by a factor
is

n=7

for the considered design. The 20 stage design is
This implies that the minimum attainable length

stages. Hence the frequency spacing of the spectral components in the

fc
fc
27 −1 and 220 −1 which boils down to approximately
for a clock rate of 1 GHz.

reference signal varies between

7.9 MHz

and

954 Hz

Primitive polynomials that generate a maximum length PRBS for a register length
of 7 to 20 stages can be found such that only 2 DFF outputs have to be fed back
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PRBS

...

Q20

Overview schematic of the programmbale length PRBS generator

to an XOR gate. These polynomials can be built with the design in gure 8.21,
however e.g. the primitive polynomial associated with a register with length 12,

f (x) = 1 + x1 + x4 + x6 + x12

, cannot.

The 4:1 MUX in gure 8.21.a multiplexes 4 appropriate sequences and is clocked
at half the master clock frequency (for a detailed explanation see section 8.4.1.3).

The actual length of the sequence is set by feeding back the correct 8 DFF

Qx,i outputs (i = 1 . . . 8) and multiplexing 4
= 9 . . . 12) as shown in gure 8.21.a. The circuit for

Qx,i

outputs or

appropriate

(i

the selection of these 12

Qx,i

outputs

outputs is depicted in gure 8.21.b. The selection is achieved by means of

transmission gate multiplexers (tgMUX). The selection inputs of these tgMUXs
are static inputs and not clock signals as in the multiplexers used earlier in this
chapter.

Each of the 20 DFF outputs in gure 8.21.a is applied as an input of one of the four
5:1 Multiplexers and by means of selection inputs

s1...12 , a Q output can be passed

to a cascaded 4:1 tgMUX. The output of the 4:1 tgMUX is set according to the bit
code present at selection inputs

s13

and

s14 .

Setting appropriate selection inputs

allows to choose the required Q output in gure 8.21.a and hence the scheme in
gure 8.21.b is copied 12 times to yield each of the

Qx,i

outputs.

An overview schematic that combines all the building blocks for the PRBS
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Figure 8.23:

generation is shown in gure 8.22.

The series-parallel scheme delivers 20 DFF

outputs to 12 selection schemes such as the one in gure 8.21.b.
selection schemes dene 4

Qx,i

outputs (i

= 9 . . . 12)

MUX. The bottom eight selection schemes feedback 8

The top four

that are passed to the 4:1

Qx,i

outputs (i

= 1 . . . 8).

The selection inputs are set by loading an appropriate bit sequence in the chip
using a separate shift register that is shifted at conguration time only and that is
also put on chip.
The performance of the generator is simulated with a xed register length generator.
A xed register length generator is easily obtained by xing the selection inputs to
a high or a low level. Simulations are performed for an 18 stage sequence. This
specic design is also used to obtain the xed length generator that is also added
to the mini ASIC.

8.4.1.2 Generation of clock signals
To provide the required clock signals at dierent rates and phases in the signal
scheme, frequency dividers are also used here as shown in gure 8.23. The signals
of this circuit are shown in gure 8.24 where the master clock signal (green) with

fc
2 , that is in phase with
the master clock signal, is found at output QA (blue, signal c1 , ) and at QB this
frequency

fc

is applied. A clock signal running at rate

signal becomes a 180° clock (red, signal

c2 ).
fc
an identical frequency divider is used where
4
fc
fc
the input clock has a frequency of
2 and a clock signal running at rate 4 , that
is in phase with the input clock signal, is found at output QA (signal c3 ) and at
To obtain a clock signal running at

QB

this signal becomes a 180° clock (signal

c4 ).
fc
With the signals c1 and c2 running at a rate
2 , the signals c3 and c4 running at a
fc
rate
and the master clock with frequency fc the generator scheme disposes of
4
the necessary clocking signals. Since these signals are distributed to many nodes
on chip (DFFs, MUX,

. . .),

buering cells are provided to avoid excessive loading
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Clock signals provided by the frequency divider after divide-by-2 of the master
clock: master clock signal fc (green), signal c1 at QA (blue) and signal c2 at QB (red)
Figure 8.24:

of the frequency divider outputs instead of the tree-like clock distribution network
of the previous design (g.8.8).

8.4.1.3 Multiplexing the parallel sequences
For a xed register length generator the selection inputs in gure 8.21.b are xed.
As it was chosen to build an 18 stage sequence, the outputs selected for multiplexing
are the outputs,

Q15 , Q16 , Q17 and Q18 and the inputs fed back
Q8 , Q9 , Q10 , Q11 , Q15 , Q16 , Q17 and Q18 .

addition are the inputs

for modulo-2
This is found

when setting up the transition matrix for an 18 stage sequence decimated by 4 as
was explained before in section 8.2 (g.8.25).

The 4:1 MUX that is used to combine the parallel sequences shown in gure 8.21.a
is replaced by three 2:1 multiplexers as depicted in gure 8.25.b. A 2:1 multiplexer
has a single selection input that can be controlled directly by the proper clock
signal.

The selection input

Q0

outputs to yield

s0 of the two 2:1 multiplexers in gure 8.25 that combine the
M1 and M2 are then controlled by the clocking signal at a rate
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0
0
fc
4 . The selection input of the third 2:1 multiplexer that combines the M1 and M2
outputs to yield the PRBS signal are then controlled by the clocking signal at a
fc
rate of
2 .
0
The relation between the Q and the Q outputs and the M1 and M2 outputs and
0

0

M1 and M2 outputs is explained in
0
The Q outputs are properly delayed
the

what follows (see g.8.26).
copies of the

Q

outputs of the parallel

sequences to be used when multiplexing. When the parallel sequences or Q outputs

Q15 , Q16 , Q17

and

Q18

exit the chain of DFFs, they are all rst retimed by DFFs

fc
4 as shown in gure 8.26 in order to limit the jitter
and the delays between these outputs by retiming them with respect to a common

clocked by signal

c3

at a rate

mother clock signal.

Q15 and Q16 by
fc
in gure 8.26. These signals
4
fc
need to be delayed over a time 2Tc since the multiplexer switches at a rate
4
Next, a delay of

2Tc

is imposed on the signals originating from

means of DFFs clocked by a signal

c3

at a rate

between input A and B and in this way the correct samples are taken from the B
input of the multiplexers when the clocking signal at the selection input is high.
The signals

0

0

Q16 , Q18 ,c4

and

M1

that are present in this generator scheme are

depicted in gures 8.27, 8.28, 8.29 and 8.30.
The chosen set of clocking signals in the scheme ensures that the rising edge of
the clocking signal at the selection input of the multiplexer arises when the
0

0

Q16 , Q17

and

0

Q18

0

Q15 ,

outputs are either at a high or low level. The edge of the clock

signal does not occur at the transition of these outputs from a low to high level as
marked in red in gures 8.27and 8.28.

M1 and M2 outputs are retimed by DFFs clocked by signal c1 at
fc
2 and a delay of Tc is imposed to the signal M2 by means of DFFs clocked
fc
by a signal c1 at a rate
2 .
In the stable state of the generator, when all n stages contain bit zero, no signal is
Analogously the
a rate

generated. The generator needs to be initialised to avoid this and this is achieved
by providing a reset to 1 DFF in each parallel sequence and to load a bit value of
1 in these DFFs.

8.4.1.4 The pulse train signal
Also in this design the aim is to generate a pulse position modulated signal where
the position of the pulses is determined by a PRBS signal. Again a Return-to-Zero
(RZ) modulation pattern is chosen and the pulse train signal is generated according
to gure 8.10.
In the standard CMOS design, the delay in gure 8.10 is provided by a delay cell
(Faraday, [15]) that introduces an input to output delay of about 180ps for a
capacitive path load of 16fF.
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Figure 8.27:

Multiplexing of 2 parallel sequences : Signal Q16

Figure 8.28:

Multiplexing of 2 parallel sequences : Signal Q18

0

0
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Figure 8.29:

Multiplexing of 2 parallel sequences : Signal c4

Figure 8.30:

Multiplexing of 2 parallel sequences : Signal M1
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Generation of the synchronisation signal.

The circuit schematic that generates the pulse train signal does not depend on the
length of the PRBS signal and therefore requires no programming that depends on
the length of the PRBS signal. Altering the number of stages that are active in the
PRBS generation obviously gives rise to a dierent PRBS signal, that determines
the positioning of the fast pulses, and hence a dierent pulse train signal.

8.4.1.5 The synchronisation signal
Also in the standard CMOS design, a synchronisation signal is generated on chip for
the detection of the periodicity of the PRBS signal. In the previous design a complex
scheme (g.8.11) was used for this purpose. For an easy and straightforward design
of the synchronisation signal in the CMOS design it was chosen to detect the time
instance at which all n stages in the PRBS generation hold a bit value of 1.
As explained in 8.3.2.5 the synchronisation signal will re a pulse at intervals of

4TP RBS

with the factor 4 originating from the decimation by 4 because the signals

drawn from the n stages have a periodicity of

4TP RBS .

The schematic used for the generation of the synchronisation signal is shown in
gure 8.31. This circuit is inuenced by the length of the PRBS signal because
only the stages that participate in the PRBS generation, have to be combined in
logical AND operation. Hence the active stages are selected by means of an 2:1
OR gate of which one input is a selection input (sQi with

i = 1 . . . 20

in g.8.31).

The DFF outputs of gure 8.21.a are used as inputs for the 2:1 OR gates. If an
active stage, i.e. a DFF that is involved in the PRBS generation, is applied to input
1 of an OR gate, then input 2 is set to zero. Hence, the DFF output is passed to
the n-input AND gate. For an inactive stage, the second input of the OR gate is
set to a high level and the value of the inactive stage is cancelled and a high level
is always passed to the AND gate.
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Again the selection inputs or second inputs of the OR gates are set to the desired
level by an appropriate bit sequence that is loaded in a conguration register. When
the 18 stage sequence xed length generator is simulated the selection inputs are
xed and no programming is necessary.
When measuring with the DSO (HP 54120), a synchronisation signal is to be used
as a trigger signal. In this case the synchronisation signal res pulses at intervals
of

4TP RBS

meaning that triggering occurs on one of every 4 PRBS periods.

8.4.1.6 Input/Output considerations


The master clock signal is AC coupled to an input buer with the possibility
to impose a DC oset to the clock signal via an external pin.



Each of the three output signals (the PRBS signal, the pulse train signal and
the synchronisation signal) dispose of an output buer designed to drive a
50

W

load resistance.

8.4.1.7 Simulation results
In this paragraph, the PRBS signal and the pulse train signal are discussed. As was
already explained, the programmable length generator is simulated based on a xed
length conguration. Since both designs contain a similar generator schematic and
a similar physical generator on chip, simulating the xed length design is in fact
identical to simulating the programmable length design: the only physical dierence
between both designs is an additional shift register on chip that sets the length of
the sequence to be generated in the latter case. Parasitic eects are simulated by
adding parasitic capacitors to the simulated design by supposing a mean capacitive
load for each cell ranging from 10fF to 40fF.
The simulation is performed with a master clock signal

fc

of 1 GHz. The PRBS

signal is shown in gure 8.32 and a zoom is shown in gure 8.33.
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Figure 8.32:

Figure 8.33:

Simulation result : PRBS signal

Simulation result : PRBS signal (zoom)
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Figure 8.34:

Figure 8.35:

Simulation result : Pulse train signal

Simulation result : Pulse train signal (zoom)
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Simulations conrm that the PRBS pattern originating from the parallel sequence
generation scheme is indeed that of an 18 stage PRBS sequence. The PRBS signal
possesses a rise time and a fall time of approximately 70ps.
The pulse train signal is shown in gure 8.34 and a zoom of one of the pulses is
shown in gure 8.35. The pulse train sequence possesses a rise time and a fall time
of approximately 40ps.
Simulations show that applying a master clock signal with

fc

of up to about 2

GHz to the design should be allowed and should guarantee the generation of the
desired signals. From the simulations is concluded that both the PRBS signal and
the pulse train signal meet the required specications.
The synchronisation signal is not fully calculated since its periodicity is
For a 18 stage sequence and a clock signal with a period of
of the PRBS is about

4TP RBS

TP RBS ∼ 0.26ms

1ns,

4TP RBS .

the periodicity

making the simulation time of at least

too long. The synchronisation signal scheme was therefore veried on a

1ns
4TP RBS ∼

shorter length sequence. A 7 stage sequence was simulated for a clock signal of
and synchronisation pulses were observed as expected at intervals of

0.508µs

with a rise and fall time in the order of 50ps.

8.4.1.8 Design Layout and tape out
After simulation, the designed generator was transformed to a chip layout and
we participated in a UMC Multi-Project-Wafer run in 0.18µm technology allowing
CMOS design on an area of 1.5mm x 1.5mm with use of the standard logic from
Faradays UMC sponsored libraries [74, 15]. Figure 8.36 shows a plot of the layout
le where the xed length register design is found in the left bottom of the area
and the programmable length generator is found top right.

8.4.2 Characterisation of the signal generator
8.4.2.1 Measurement setup
This paragraph lists the instruments that are incorporated in the setup that is used
to characterise the Standard CMOS Logic generator.



The Agilent 83650 Synthesized Swept-Signal Generator is chosen for the
clock signal generation.

Clock signals of dierent frequencies are applied

ranging from 200 MHz to 1.2 GHz. In the section on the characterisation
of the generator the measurements performed with a clock frequency of
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Figure 8.36: Layout of the designed on chip generator using Standard CMOS Logic cells
available from Faradays libraries [15]

fc = 500 MHz

and

fc = 1 GHz

are mainly discussed. The power level of

the input clocking signal is set at -5dBm.



Spectral measurements of the output signals are obtained with the Scanning
Spectrum analyser (SSA, Rohde&Schwartz FSU67, [72])



The output time domain waveforms are measured with the Digital Sampling
Oscilloscope (DSO, HP 54120, [59]). When performing DSO measurements,
the synchronisation signal is applied as a trigger input.



The 18 stage generator is also characterised with a Digital Serial Analyser
(DSA, Tektronix DPO/DSA71604B [51]) for a time domain measurement of
a complete sequence.



To reduce the reections that are present on the output signals, they are
passed through 3dB attenuators.
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a.

b.

c.

d.

Measurement result of the PRBS signal : Power spectra for fc = 1 GHz : a. up
to 100 kHz , b. up to 20 kHz, c. power spectrum for fc = 500 MHz up to 20 kHz and d. PRBS
waveform for fc = 500 MHz
Figure 8.37:

8.4.2.2 Characterisation of the xed length generator
Measurement of the PRBS signal
First, the characterisation of the PRBS signal is discussed using the aforementioned
instrumentation.

The measured power spectra are shown in gure 8.37.

Figure

8.37.a and b show the PRBS power spectrum up to respectively 100 kHz and 20
kHz. Figure 8.37.b conrms that for the clock signal of

fc = 1 GHz

used here,

fP RBS =
fc = 500 MHz, the

the spacing of spectral components in the PRBS spectrum equals indeed

fc
2n −1

∼ 3.81 kHz.

When the clock frequency is halved to

spacing scales accordingly as can be seen in gure 8.37.c.
One

can

observe

from

the

power

spectral

measurements

that

the

spectral

components have a magnitude of approximately -50dBm whereas the noise oor
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is situated at -100dBm,

resulting in a high Signal-to-Noise Ratio (SNR) of

approximately 50dB.
Measurements of the power spectrum up to several GHz are discussed when
characterising the programmable length generator and there it is shown that the
signal contains usable spectral components up to 5 GHz. For an 18 stage sequence
the power spectrum up to 5 GHz contains more than 1.3M spectral lines carrying
energy for a clock frequency of 1 GHz.

Performing such a measurement with

the SSA set with an adequate Resolution BandWidth (RBW) results in a long
measurement time.

In case of the programmable length generator in the next

section, a 7 stage sequence contains only 635 spectral lines up to 5 GHz for a clock
frequency of 1 GHz (g.8.43.c). This allows for considerably faster measurements.
The PRBS output is measured with the DSO for a clock signal with a frequency of

fc = 500 MHz.

From gure 8.37.d is observed that this DSO measured waveform

matches the simulated PRBS signal in gure 8.32: when considering the signal in
gure 8.32 from 20ns to 80ns it is found to be identical to the signal in 8.37.d.
The signals are dierent in the region before 20ns because the initialisation of the
generator in the simulation example and the measurement is dierent.
As explained in chapter 2, the DSO used for acquiring the PRBS signal has
a restricted memory depth (a few 1000 samples), and hence is not capable of
measuring the PRBS signal with a periodicity of
for a clock signal period of

Tc = 2ns.

TP RBS = (2n − 1)Tc ∼ 0.52ms

Hence, gure 8.37.d shows the signal

measured by the DSO as 1024 samples comprising about
resolution of

200ns

with a time base

200ps.

In the nal measurement setup the PRBS signal is measured with the real-time
DSA scope. The DPO/DSA71604B real-time oscilloscope has a bandwidth of 16
GHz, a sample rate of 50Gs/s and a memory length of 10M making it highly
suitable for the characterisation of the signals provided by the designed generator.

fc = 1 GHz, an entire period of the PRBS signal with
TP RBS ∼ 262µs can be measured with this instrument. A data record
400µs was captured with the DSA with a time base resolution of 40ps of which

For a clocking signal of
periodicity
of

a section is shown in gure 8.38.a and a zoom is depicted in gure 8.38.b. The

100ps, which
70ps found in simulations. The PRBS waveform
fc = 500 MHz is shown in gures 8.38.c and 8.38.d.

edges are found to have fast rise and fall times in the order of about
is expected when compared to the
for a clock frequency of

The output amplitude of the PRBS waveform measured with the DSA (g.8.38.a
and b.)

is slightly higher compared to the PRBS waveform measured with the

DSO in gure 8.37.d. This is due to the use of low loss RF cables [17] in the setup
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a.

b.

c.

d.

Figure 8.38: Measurement result of the PRBS waveform : for fc = 1 GHz a. up to 100ns and
b. a zoom from 16ns to 22ns, for fc = 500 MHz c. up to 100ns and d. a zoom from 2ns to 8ns,

Figure 8.39:

Measurement result : PRBS Eye diagram when fc = 500 MHz
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Figure 8.40:

Measurement result : PRBS Eye diagram when fc = 1 GHz

F requency fc [M Hz]

Eye Height [mV ]

Eye W idth [s]

100

288

9.31n

Eye W idth
Tc
93.1

500

290

1.82n

90.8

1000

277

872p

87.3

1200

243

722p

86.6

Table 8.1:

[%]

Eye Diagram Specications

with the DSA. The peak-to-peak output amplitude is found to be approximately
350mV.

The DSA computes the eye diagrams of the measured sequences. The eye diagrams
of the PRBS signal for a clocking signal with

fc = 500 MHz

and

fc = 1 GHz

are

shown in gure 8.39 and 8.40 respectively. An open eye pattern corresponds to
minimal signal distortion and distortion of the signal waveform appears as closure
of the eye pattern.

Some parameters of the eye diagram are listed in a table for dierent frequencies
of the clock signal. The eye height, measured in amplitude units, is dened as the
3σv distance between two neighbouring eye levels. The eye width is the horizontal
distance between two points that are three standard deviations (3σv) from the mean

Eye W idth
listed in the
Tc
table shows that the eye slightly closes with regard to increasing frequency fc as
eye crossing times, towards the center of the eye. The ratio
can also be observed from gures 8.39 and 8.40.
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The characterisation of the PRBS signal generated by the 18 stage xed length
generator learns that the provided PRBS signal is indeed the desired 18 stage
sequence as simulated that possesses fast rise, fall times and an open eye diagram.
The spectrum exhibits a dense and discrete line spectrum of which the lines are
characterised by a high SNR. The signal is measured applying clock signals of
dierent frequency, ranging from 100 MHz to 1200 MHz.

Measurement of the pulse train signal
The characterisation of the pulse train also uses the aforementioned setups. The
power spectra are shown in gure 8.41. Figure 8.41.a and b show the pulse train
power spectrum up to respectively 100 kHz and 20 kHz.
conrmed that for the clock signal of

fc = 1 GHz

From gure 8.41.b is

used here, the spacing of

fc
2n −1 ∼ 3.81
When measuring the pulse train signal, the clock frequency is halved to
spectral components in the pulse train spectrum equals indeed

500 MHz

kHz.
fc =

and it is found that the spacing scales accordingly as can be seen in

gure 8.41.c.
Measurements of the power spectrum up to several GHz are discussed when
characterising the programmable length generator and there is shown that the
signal exhibits a at spectrum up to several GHz (Section 8.4.2.3).
One can observe from the power spectrum measurements of the pulse train that
the spectral components have a magnitude of approximately -70dBm whereas the
noise oor is situated at -100dBm at least, resulting in a high SNR of 30dB.
The pulse train output is also measured with the DSO for a clock signal with a
frequency of

fc = 500 MHz

and depicted in gure 8.41.d.

The PRBS signal is simultaneously measured and depicted in 8.41.d. The PRBS
signal in gure 8.41.d comprises 7 consecutive high levels for a clock period

2ns

Tc =

resulting in 7 fast pulses in the pulse train signal.

In the nal measurement setup also the pulse train signal is measured with the
DSA. The PRBS waveform for a clocking frequency of
in gures 8.41.e and 8.41.f.
of approximately

100ps

fc = 500 MHz

is shown

The pulse is found to have a rise and a fall time

as is also the case for the PRBS edges in the previous

paragraph.
The output amplitude of the pulse train measured with the DSA (g.8.41.e and
f ) is slightly higher compared to the PRBS waveform measured with the DSO in
gure 8.41.d.

This is again due to the use low loss RF cables [17] in the setup
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a.

b.

c.

d.

e.

f.

Measurement result of the pulse train signal : Power spectra for fc = 1 GHz (a.
up to 100 kHz and b. up to 20 kHz), c. power spectrum for fc = 500 MHz (up to 20 kHz), d.
PRBS and pulse train waveform for fc = 500 MHz measured with the DSO, pulse train waveform
for fc = 500 MHz measured with the DSA from 115ns to 145ns (e) and from 129.5ns to 130ns
(f).
Figure 8.41:
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a.
Figure 8.42:

b.

Measurement result of the synchronisation signal for fc = 1 GHz

with the DSA. The peak-to-peak output amplitude is found to be approximately
300mV.

The characterisation of the pulse train signal generated by the 18 stage xed
length generator conrms that the provided pulse train signal is indeed the desired
sequence of pulses as simulated that also exhibits fast rise and fall times.

The

spectrum possesses a dense frequency grid discrete line spectrum of which the
lines are characterised by a high SNR. The generator provides a pulse train signal
for a clock signal with a frequency of up to 1.2 GHz.

Measurement of the synchronisation signal
The synchronisation signal is measured with the DSA for a clocking frequency

fc = 1 GHz. Synchronisation pulses are hence expected at intervals of
1.0486ms and this is conrmed in gure 8.42 where a data record
of 4ms is measured and 4 synchronisation pulses are found. One pulse is 4ns long
and contains clock feed through related to the clocking frequency of fc = 1 GHz.
of

approximately

8.4.2.3 Characterisation of the programmable length generator
The length of the generator is programmed by loading a bit sequence to set the
selection input of the transmission gate multiplexers as explained in 8.4.1 by means
of a microcontroller (PIC18F4550, Microchip, [32]).

The PRBS and pulse train

sequences associated with a register length of 7, 9, 10, 11, 15, 17, 18 and 20 were
generated with the programmable generator in this way.
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a.

b.

c.

d.

Figure 8.43: Measurement result of the PRBS signal : Power spectra a. for fc = 1 GHz (up
to 5 GHz), b. for fc = 500 MHz (up to 5 MHz) for sequences of length 7 (blue), 9 (green),
10 (red) and 11 (black), c. for fc = 1 GHz (up to 10 GHz) for a 7 stage sequence and d. for
fc = 500 MHz (up to 20 kHz) for sequences of length 15 (blue), 17 (green), 18 (red) and 20
(black).

Measurement of the PRBS signal
The PRBS power spectra are shown in gure 8.43. Figure 8.43.a depicts the PRBS
spectrum that is measured up to 5 GHz for a clocking signal of

fc = 1 GHz

and

for a shift register length of 7 (blue), 9 (green) and 10 (red). In the case of the
10 stage PRBS sequence, the spectrum contains 5115 spectral components up to
5 GHz. In the spectra one also retrieves signicant components that are present
at harmonic frequencies of the clock frequency (fc ,

2fc , . . .)

due to feed through

of the clock signal and its harmonics.
In gure 8.43.b one can observe the PRBS spectrum up to 5 MHz for a clock signal
with a frequency of

fc = 500 MHz

for sequences corresponding to a shift register
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length of 9 (green), 10 (red) and 11 (black). According to eq.(8.11) the spectral
frequency spacing for a PRBS for a shift register length of 9, 10 and 11 and a
clock frequency of

fc = 500 MHz should
244 kHz which is conrmed

be respectively approximately

489 kHz

by gure 8.43.b.

gure

the

In

and

addition

8.43.b

shows

that

magnitude

of

the

978 kHz,

spectral

lines

corresponding to a shift register length of 9 is about 3dB less than the magnitude
of the spectral lines corresponding to a length of 10, which is in turn about 3dB
less than the magnitude of the spectral lines corresponding to a length of 11.
This originates from the fact that the number of lines in the spectrum increases
according to eq.(8.11) with the length,

n

of the shift register following a power

law. As the RMS value of the signal is constant, the spectral energy is distributed
over a higher number of lines that increases by a factor of 2 each time a stage is
added to the shift register.
The PRBS has a spectrum whose components decrease in inverse proportion to the
frequency as shown in eq.(6.3). Hence the magnitude of the spectral components
scales with

∼

√1 explaining the observations in gure 8.43.b.
N

In gure 8.43.c the PRBS power spectrum of a 7 stage sequence is shown up to
10 GHz showing a signicant decrease of signal power beyond 6 GHz for a clock
frequency of

fc = 1 GHz.

In gure 8.43.d the power spectra of a 15 (blue), 17

(green), 18 (red) and 20 (black) stage sequence are plotted up to 20 kHz and also
here the spectral frequency spacing follows eq.(8.11) as predicted. For sequences
of length 15, 17, 18 and 20 the spectral frequency spacing or PRBS frequencies

fc = 500 MHz
477 Hz.

for the clocking signal of

3.81 kHz, 1.91 kHz

and

are respectively approximately

15.3 kHz,

The magnitude of the spectral components in gure 8.43.b equals about -30dBm in
average and it decreases with increasing register length. The noise oor is situated
at -100dBm yielding an SNR of approximately 70dB for the 10 stage register case.
The magnitude of the components in gure 8.43.d is situated between -40dBm
and -60dBm depending on the register length, whereas the noise oor equals about
-100dBm, resulting in an SNR that diminishes from 60dB to 40dB. For a 20 stage
sequence the SNR remains about 40dB, which is still very good considering the
large number

(220 − 1)

of spectral lines.

Measurements of the PRBS waveform were also obtained with the DSO. The
waveform depicted in gure 8.37.d in section 8.4.2.2 with the xed 18 stage
generator is representative for the waveforms measured with the programmable
register length generator. The rise and fall times are found to be similar to these
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a.

b.

c.

d.

Measurement result of the pulse train signal : Power spectra a. for fc = 500 MHz
(up to 5 GHz), b. for fc = 1 GHz (up to 10 MHz), c. for fc = 500 MHz (up to 1 GHz) for
sequences of length 7 (blue), 9 (green), 10 (red) and 11 (black) and d. for fc = 1 GHz (up to
50 kHz), for sequences of length 15 (blue), 17 (green), 18 (red) and 20 (black).
Figure 8.44:

obtained for the xed 18 stage generator.

The characterisation of the PRBS signal generated by the programmable length
generator shows that the programmed PRBS signals are indeed the desired
sequences that possess fast rise and fall times. As expected the spectrum exhibits
a discrete dense frequency line spectrum of which the spacing is known and xed.
Even for a very dense frequency grid, corresponding to for example a 20 stage
sequence, a high SNR can be reached. The generator is found to operate up to a
clock signal with a frequency of 1.2 GHz.
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Measurement of the pulse train signal
The pulse train power spectra are shown in gure 8.44. Figure 8.44.a depicts the
PRBS spectrum up to 5 GHz for a clocking signal of

fc = 500 MHz

for sequences

corresponding to a shift register length of 7 (blue), 9 (green), 10 (red) and 11
(black). In gure 8.44.b one can observe the PRBS spectrum up to 10 MHz for
a clocking signal of

fc = 1 GHz

for sequences corresponding to a shift register

length of 9 (green), 10 (red) and 11 (black). According to eq.(8.11) the frequency
spacing for the sequences having a clock frequency of

fc = 1 GHz

are conrmed

by gure 8.44.b. An average SNR of approximately 55dB is found.
Figure 8.44.c shows that the pulse train spectrum remains very at up to 1 GHz. In
gure 8.44.d the power spectra of a 15 (blue), 17 (green), 18 (red) and 20 (black)
stage sequence are plotted up to 50 kHz for a clocking signal of

fc = 1 GHz

and here also the frequency spacing follows eq.(8.11). For a 20 stage pulse train
sequence an SNR of approximately 30dB is found.
Measurements of the pulse train waveform were also obtained with the DSO. The
waveforms depicted in gure 8.41.c and d in section 8.4.2.2 with the xed 18 stage
generator are representative for the waveforms measured with the programmable
register length generator. The rise and fall times are found to be similar to these
of the xed 18 stage generator.
The characterisation of the pulse train signal generated by the programmable length
generator conrms that the programmed pulse train signal is indeed composed of
the desired sequence of pulses, which are characterised by fast rise and fall times.
The spectrum possesses a dense frequency grid of which the lines show a high SNR.
The generator provides a pulse train signal for a clock frequency up to 1.2 GHz.

Stability of the programmable length generator
In this section the PRBS and the pulse train signal are measured repeatedly over
a period of 3 days for the programmed 7, 15 and 20 stage sequences and the
generator's short-term stability was measured. The 15 stage sequence is discussed
here as it is representative for the 7 and 20 stage sequences.
Figures 8.45.a and b show a zoom of the power spectrum of a 15 stage PRBS
signal and a 15 stage pulse train sequence respectively, both calculated as the
mean of 5 repeated measurements where the

2σ -error

bars are given with

σ

the

standard deviation (STD) calculated on the repeated synchronised measurements.
The SSA was congured to measure a frequency span of 500 kHz with a Resolution
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a.
Figure 8.45:

fc = 500 MHz,

b.

Measurement result : Zoom of a. Power spectrum of the PRBS signal for
b. Power spectrum of the pulse train sequence for fc = 500 MHz

BandWidth (RBW) of 200Hz. A stability measurement with a smaller RBW is not
available.

In gures 8.45.a and b one can observe that the standard deviation on the spectral
components corresponding to the lines that carry energy both for the PRBS signal
and the pulse train sequence is small.

For the component at 15.25 kHz, the

standard deviation on the spectral components of the PRBS attains a minimum
value of 0.007dB at the top of the frequency line where the power is about -45dBm.
The standard deviation on the spectral components of the pulse train sequence
reaches a minimum value of 0.05dB at the top of the frequency line where the
power is about -65dBm.
In between the spectral components of the PRBS signal or the pulse train where
there is only noise present, the power equals -100dBm and the standard deviation
reaches up to 10dB, indicating that only noise contributions are present in the
spectrum.

The SNR of the pulse train signal is approximately 35dB compared to 55dB for the
PRBS signal in gure 8.45.a. which explains the slightly higher standard deviation
of the pulse train.

However in both aforementioned cases can be concluded that with regard to the
short-term stability or the repeatability of the PRBS and pulse train sequences, the
generator performs very well.
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8.5 Conclusion
This chapter runs through the stages to design an on-chip reference generator.
The rst section explains the concept that lies at the basis of the design, which
is the decimating of a PRBS signal in parallel sequences. A great benet of this
approach lies in its suitability for high-speed generation of PRBS signals.
The signal generator chip design can be divided in three main tasks of which the
key task is designing the PRBS generator. From this PRBS signal two other signals
are derived: the pulse train signal and the synchronisation signal.
In the rst design on-chip, source-coupled logic was implemented to yield the
desired signal generator. A library of SCL cells in

0.18µm technology was obtained

and simulations of the signal generator scheme conrmed the desired specications
for master clock frequencies up to 4 GHz. A 9 stage and an 18 stage generator
were put on to chip. However, when characterising the generator, the measured
signals were found to be non-periodic and not the desired ones.
A second design of the signal generator was therefore based on standard logic cells
available from Faradays libraries.

By also extending the conceptual design, the

periodicity of the PRBS signal could be made programmable.
In the simulation and design stage was decided to provide two signal generator
designs: a generator design with xed periodicity and a generator design with a
programmable periodicity both using standard CMOS cells in

0.18µm

technology.

Simulations demonstrated that a master clock signal up to about 2 GHz can be
applied to the design while guaranteeing generation of the desired signals. From
the simulations is concluded that both the PRBS signal and the pulse train signal
meet the required specications: the PRBS signal and the pulse train sequence
possess a rise and a fall time of 70ps and 40ps respectively.

Next the designed

generators were implemented on a chip and realised on a mini ASIC.
In the characterisation stage of the generator implementing standard CMOS logic,
measurements of the PRBS signal generated by the generator with xed periodicity
and the generator with programmable periodicity learned that the provided PRBS
signals are indeed the desired ones and possess fast rise and fall times and an open
eye diagram.
The PRBS spectrum of the generator with xed periodicity exhibits a dense
frequency grid of which the lines are characterised by a high SNR. As expected
the spectrum of the generator with programmable periodicity exhibits a discrete
dense frequency grid of which the spacing can be set.
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When measuring the pulse train signals provided by the generator with xed
periodicity and the generator with programmable periodicity, it is noted that the
desired sequence of pulses exhibits fast rise and fall times.
The spectra of the pulse train signals delivered by both generators possess a dense
frequency grid discrete line spectrum of which the lines are characterised by a
high SNR. The frequency grid spacing of the pulse train signal generated by the
programmable generator can be selected as desired.

A wide range of frequency

grid spacings can be selected with this design from as low as about 500Hz to as
high as about 4 MHz for a clock frequency of 0.5 GHz.
Both generators are found to operate up to a clock signal with a frequency of 1.2
GHz and with regard to the short-term stability, the generator with programmable
periodicity was studied and found to perform well.
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Conclusion and Future
Research

The era of modern wireless telecommunication applications evokes an increasing
demand for highly power-ecient and low-cost technology.

To meet these

requirements, a tendency exists to drive components beyond their linear region
of operation. Insight in the behaviour of nonlinearities is therefore indispensable
when designing components in a telecommunication loop.
Moreover,

telecommunication

applications

motivate

the

call

for

multi-tone

modulated signals that contain a large number of closely spaced frequency tones of
which the modulation band is typically only a few percent of the carrier frequency.
Measurement instrumentation that allows characterising, analysing, modelling and
designing such components is mandatory.
This dissertation tackles one of the challenges in modulated measurements of
nonlinear devices that lies in the calibration of the measurement instrument's phase
distortion for multi-tone modulated signals and touches hereby on diverse domains,
from nonlinear characterisation of RF components to black-box block-structured
modelling and from simulating complex signal schemes to on-chip design.
If we want to calibrate the large-signal network analyzer (LSNA) for an unknown
RF modulated excitation, we need a known element to provide the calibration.
The element has to enable a calibration on a dense frequency grid with a spectral
resolution of less than 600MHz for lines that do not necessarily lie on a harmonic
grid.

Two ways to realize this were studied: using a system or a signal as the

reference element.
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As a standard element, we desire a passive, stable and relatively straightforward
system that guarantees repeatable behaviour.

In part I the crystal detector was

studied and has proven to be a viable candidate.



The envelope of the RF signal is down converted to IF frequencies where it
can be accurately measured with a high-accuracy A/D converter.



The phase shift between the input modulation and the output modulation
signal after down conversion is independent of the carrier frequency for the
RF operating frequencies of the detector.



The identication of a baseband NL FB model that qualies for an
extrapolation to RF operating frequencies was presented in chapter 3. The
structure contains a linear dynamic block in the feed forward path and a
Wiener system in the feedback path.

In chapter 4 the NL FB model was adapted by moving the linear dynamics in the
feedback branch to the feed forward path of the NL FB model. This model matched
an equivalent demodulator circuit and permitted a white-box model validation. It
was conrmed that the extrapolated NL FB model accomplished to predict the
magnitude and the phase of the detector output spectrum.

An analysis of the

variance of the output envelope signal due to the uncertainty on the estimated
model parameters and the uncertainty on the measured input waveform was also
conducted.
In chapter 5 numerically optimising the phase information of the RF input waveform
was found to be a means to match the model predicted and the measured output
envelope and to quantify the distortion of the measured RF signal.

Summarising the contributions of the thesis on this topic
Characterisation, modelling and validation of a crystal detector for an envelope
detection based multi-tone calibrating technique:



A thorough theoretical and experimental study of the crystal detector that
show that the device is a suitable calibration element.



An identied block-structured nonlinear feedback model for the crystal
detector used as a calibration element.



The development of a nonlinear solver to calculate the response of the
nonlinear feedback model to an RF and dense frequency grid modulated
signal in an iterative manner (Black-box model validation).
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The development of a nonlinear solver to calculate the response of the
white-box equivalent for the nonlinear feedback model, to an RF and dense
frequency grid modulated signal (White-box model validation).



An analysis of the variance of the output envelope due to the uncertainty on
the estimated model parameters and the uncertainty on the measured input
waveform.



Numerical

tuning

of

the

RF

input

phases

by

means

of

derivative

based optimisation techniques to achieve a match between model and
measurement.

As a reference signal we needed to construct a 'golden' signal that contains a
large number of spectral components in a frequency band with a high spectral
resolution. A train of pulses was constructed by using a Pseudo Random Binary
Sequence (PRBS) to modulate the position of the pulses in the pulse train.
In chapter 7 a generator consisting of discrete components was conceived as a proof
of concept, smoothening the way for a System-on-Chip design of the generator
assuring high-speed generation of PRBS and pulse train signals.
In chapter 8 a rst and challenging design was based on source-coupled logic cells
and a second design incorporated standard CMOS logic. The characterisation of
the second tape out was highly rewarding,



The PRBS signal was decimated into a number of parallel sequences that are
recombined by multiplexing. The subsequences were generated at a fraction
of the speed of the multiplexed PRBS output signal allowing high-speed
signal schemes with clock signal rates of 1.2GHz.



The design inherited a exibility to select the periodicity of the generated
signals through transmission gate multiplexers allowing a dierent frequency
resolution in the signal spectra from as low as about 1kHz to as high as
about 8MHz for a clock frequency of 1GHz.



The generator was found to possess fast rise and fall times and a good short
term stability.

Summarising the contributions of the thesis on this topic
Simulation, design and characterisation of a high-speed pulse-position modulated
generator:
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Introducing a well-chosen signal generation scheme to full the specic
requirements of the calibration signal as veried in the simulation stage.



Building a generator on PCB by combining ECL components and an UWB
gate.



Adopting the technique of decimating a PRBS signal in parallel sequences in
the on-chip design stage.



Simulation, design and characterisation of a challenging generator that was
made by setting up an SCL library implementing various logic functions.



Simulation, design and characterisation of a reference generator based on
standard CMOS logic:
- Including the valuable feature of a programmable periodicity of signals in
the design stage.
- Revealing promising characteristics with regard to the clock rate, the SNR,
the rise and fall times and the stability of the generator in the characterisation
stage.

Future Research
In order to extend and further improve the results achieved in this work, the
following ideas for future research can be explored.



In this dissertation two multi-tone standards were conceived independently.
One of both standards can be perceived as a calibration element whereas the
other one can serve as a verication element. A cross verication campaign
between dierent nonlinear measurement instrumentation setups can hence
be undertaken.



During the baseband model extraction procedure the input voltage range of
the identied static nonlinearity is xed for use with baseband signals. As
explained in chapter 3 the RF input signal has to be specied not to exceed
this range.

As a consequence, the output signal of the crystal detector

possesses a low voltage amplitude when excited by such an RF signal. This
deciency can be overcome by cascading a Low-Noise Amplier (LNA) behind
the crystal detector. This cascaded system can be again identied as a new
NLFB system.
244

Conclusion and Future Research


The numerical optimisation of the input signal in chapter 5 can be improved
by also tuning the power of the spectral components in the RF input signal.
Since the power calibration was performed at the carrier frequency and
extrapolated for the modulation tones, small dierences in the calibrated
input power spectrum are possible. The residual error between the measured
and modelled output envelope can so be further decreased.



An alternative approach to perform the model inversion is via a Polynomial
NonLinear State-Space model (PNLSS) of the crystal detector.

The

identication of a PNLSS model for the detector has been performed by
Johan Paduart [37].

Model inversion using a constrained Gauss-Newton

approach is studied in [61] where nding the input signal corresponding to a
given output signal is investigated by nonlinear dynamic optimisation in the
time domain. Currently, a limiting factor is the number of samples. However,
since the problem is formulated in the time domain, the model inversion can
be divided into multiple inversion problems to get around this limitation.



Alternative multi-tone calibrating techniques that are worth exploring are
passive nonlinear systems based on diodes such as a NonLinear Transmission
Line (NLTL). An NLTL is an integrated circuit consisting of a coplanar
waveguide loaded by reverse-biased Schottky contacts [44]. The generation
of higher order harmonics gives the NLTL a wide range of applications of
which the main is pulse sharpening. In addition this circuit can be modelled
as a Hammerstein system [8, 13] and serve as a reference element. It would
also be interesting to implement the NLTL in the discrete design before the
ultra-wideband gate.



On wafer calibration with the reference generator on-chip poses a great
opportunity. The existing phase standard based on the SRD was developed
for connectorised measurements.

Since many systems exist on-chip and

need to be characterised as such, extending the calibration to a dense
frequency grid on wafer calibration is an interesting topic for future research.
The bond pads of the current chip design should therefore be replaced by
Ground-Signal-Ground (GSG) contacts for the probes.

Another aim in on

wafer calibration lies in the design of a microPCB accommodating an RMS
detector, by cascading a pair of parallel Schottky diodes connected to mass
and an LNA, to perform a power calibration with an on-chip power sensing
element. This on wafer RMS detector will detect the RMS value of a sine
wave signal but can also down convert an RF modulated signal to an IF band
yielding an on wafer envelope detection based multi-tone phase calibration
technique.
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Advanced calibration and
instrumentation setups for
nonlinear RF devices
Liesbeth Gommé

Modern wireless telecommunication applications are omnipresent in our day-to-day lives.
One can no longer imagine life without the highly power-efficient and low-cost
technology fortifying the advances in wireless telecommunication.
In order to satisfy the performance requirements, components are driven beyond their
linear region of operation. Understanding the behaviour of nonlinearities is therefore
essential when designing components that take part in a telecommunication loop.
One of the first setups capable of capturing the nonlinear behaviour of an RF component
was the Large-Signal Network Analyser (LSNA).
When performing measurements with the LSNA, systematic errors arise due to
imperfections of the measurement instrument. In order to minimise these errors a
calibration is necessary.
Calibration boils down to comparing the known characteristics of a presumed ideal
reference element or calibration standard to its measured response. The differences are
attributed to the non-ideal response of the measurement instrument and should be
eliminated.
This dissertation deals with the calibration of measurement instrumentation used for the
characterisation of the nonlinear behaviour of RF devices.
Unfortunately, one of the key components in the calibration procedure of such
instrumentation is restricted to a coarse frequency grid.
In this work a reference device and a reference signal are studied as two standards
allowing a dense frequency grid calibration.
A reference device that is passive, inheriting a high stability and repeatability is proposed
as a calibration standard.
A reference signal is specifically designed to meet the requirements of a dense frequency
grid calibration.
The performance of both techniques is discussed in full detail and paves the way towards
a calibration on a dense frequency grid.

