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Abstract
Demographic trends are leading to increasing health care costs and fewer hospital beds
creating demand for technologies that move health care out of the hospital while minimizing pressure on the family and community. Wireless sensor networks worn on the
body to remotely monitor patients and administer drugs have recently been proposed
to meet this demand. At the same time, regulatory agencies have released an unprecedented amount of bandwidth for ultra-wideband (UWB) communication to meet the
requirements of future wireless services. Despite these encouraging developments, the
full potential of UWB wireless body area networks (WBANs) for personal health monitoring has never been realized. This is because the body area radio channel is poorly
understood making it impossible to evaluate WBAN communication systems.
To address this problem, we have first derived an analytical body area propagation model directly from Maxwell’s equations. By considering the body as an infinite
lossy cylinder and the antenna as a point source, we have predicted the basic propagation trends expected around a human body and confirmed this with anechoic chamber
measurements. Based on these insights, we have conducted an extensive measurement
campaign to develop physically-motivated statistical propagation models for both narrowband and ultra-wideband systems. These models not only capture the influence of
the human body, but also the contribution of nearby scattering objects. The narrowband
model uses simple pathloss laws and fading distributions common in traditional wireless systems, firmly establishing WBANs within the existing propagation modeling and
analysis framework. Similarly, we have shown how tapped delay line models can be
used to study ultra-wideband body area propagation. Specifically, we have proposed
a novel modeling form where components diffracting near the body are measured and
modeled separately from later arriving reflections. This modeling form is more appropriate for capturing the different stochastic behavior of these separate contributions.
Based on our body area model, we have shown how a mostly-digital sub-sampling
UWB radio architecture that minimizes the number of analog components and effectively exploits technology scaling offers a promising solution for low cost WBANs.
Sub-sampling architectures were never widely deployed in conventional systems due
to noise aliasing and sampling jitter. However, the wide bandwidth of UWB makes it
less susceptible to noise aliasing. Furthermore, we have derived the precise relationship
between sampling jitter and communication performance demonstrating that UWB is
also robust to practical jitter tolerances. Finally, we show how even low-complexity
digital baseband solutions for acquisition, Hilbert transforms, pulse shape estimation,
and clock offset tracking result in less than 2dB implementation loss in worst-case
body area propagation conditions. Based on this performance analysis and the power
consumption of recent UWB prototypes, this dissertation concludes by showing how
emerging UWB technologies can dramatically improve both the range and battery lifetime of WBAN systems compared to existing standardized narrowband solutions.
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Chapter 1

Introduction
It was once said that the moral test of Government is how that Government
treats those who are in the dawn of life, the children; those who are in the
twilight of life, the elderly; and those who are in the shadows of life, the sick,
the needy and the handicapped.
-Hubert H. Humphrey
Dramatic improvements in wireless technology and continuing miniaturization of
integrated circuits are leading to a new generation of wearable electronics. Wearable
sensors provide important new possibilities for the health care sector. They allow remote monitoring of patients, freeing hospital resources and home care staff. Not only
can they continuously collect more accurate and objective information for diagnosis,
they can automatically administer drugs and make emergency calls. As the world population ages and health care costs continue to rise, wearable devices will become increasingly important and prevalent in our society.
This dissertation reports research results obtained in the area of body area radio
communication. The overall objective of this work is to enable low-power, low-cost
wireless body area networks. Specifically, we present two main contributions. First,
we develop practical models describing radio propagation around the body. An understanding of the body area channel is fundamental to designing and evaluating optimal communication systems. Second, we investigate the potential of emerging ultrawideband radio technology by proposing a complete transceiver system and evaluating
its performance when worn on the body.
The goal of this chapter is to introduce and motivate the concept of a wireless body
area network (WBAN) and define the major research objectives. Section 1.1 describes
why wireless biomedical applications are relevant in today’s society, and lists the main
technical challenges. Section 1.2 describes the global regulations defining relevant
portions of the electromagnetic spectrum which can be used for WBANs. In addition to
respecting these spectral regulations, WBAN systems must also adhere to special limits
ensuring electromagnetic safety near the body, as described in Section 1.3. Section 1.4
establishes this application within the wider context of wireless communication by
identifying industry standards that are most relevant for body area networks. Section
1.5 explains ultra-wideband radio technology and why it has special importance for
biomedical systems. Section 1.6 then defines the specific WBAN problems addressed
in this research, sets our objectives, and outlines our solution. Finally, Section 1.7
summarizes the content and organization of this thesis.

2

1.1

Introduction

Wireless sensors for biomedical applications

Recent advances in wireless communications and electronics have enabled the development of small, low-cost, low-power sensors that communicate untethered at short
distances. Both industrial and academic communities have recognized the value of deploying networks of these sensors for a variety of military and commercial applications
[akyildiz02].
This section explores the application of sensor networks to biomedicine. We begin
by describing the state of health care in the world. We show how changing demographic, health expenditure, and health care trends will create a demand for wireless
biomedical applications over the next decades. To meet this demand, we introduce
and define a wireless body area network, and then outline the principal technological
challenges.

1.1.1

The state of health care
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Figure 1.1: Past and projected aging trends for several countries and regions (this data
was obtained from the World Health Organization [whoc]).
Figure 1.1 shows the percentage of the population over the age of sixty five since
1950 and projected until 2050. It is clear that the world population is aging. The rate
of aging is highest in developed Asian and European countries. These demographic
trends are attributed to a combination of two factors. First, a longer life expectancy due
largely to the eradication and control of numerous infectious diseases and to advances
in agricultural technology. Second, low fertility rates due to better access and a larger
variety of contraceptive methods.
As the population ages, it increases demand for medical attention driving up health
care costs over time (see figure 1.2). Other factors also contribute to rising costs including more rapid introduction of new pharmaceutical drugs and expensive medical
procedures, as well as undesirable trends in lifestyle choices and diets.
Increasing health care costs have led to a trend to treat patients at home [whob].
As resources become depleted, worldwide health service restructuring is resulting in
fewer hospital beds, shorter hospital stays, and more outpatient care. Consequently, the
family is now expected to supply a longer and more sophisticated level of care at home.
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Figure 1.2: Health care spending trends expressed as a percentage of gross domestic product for several countries and regions (this data was obtained from the World
Health Organization [whoc]).

However, family resources are declining as members continue to live further apart and
fewer women are staying at home full-time.

1.1.2

Wireless body area networks

To meet the health care challenge, we need to find ways to migrate sophisticated care
to the home while minimizing pressure on the family and community. One possibility
gaining increased attention is the application of recent advances in wireless communications.
Wireless sensor technology has improved dramatically in recent years as a natural
consequence of the following trends [rappaport02]:
• Internet traffic continues to grow explosively. New services appear daily and
penetrate almost all segments of economic activity.
• The huge commercial success of digital cellular communication systems has
spurred a tremendous momentum in the design of cheaper, smaller, and more
power efficient handsets.
• The scaling of IC technology allows increasingly complex systems to be implemented at a manageable cost, power and size.
The principal purpose of this research is to develop models and system proposals so that
recent advances in wireless technology can be applied to counter the growing demands
placed on the health care community.
We focus on wireless body area networks (WBAN) as shown in Figure 1.3. Small
sensors worn on or implanted inside the body collect relevant health information and
send the data to a central portable device worn on the body [gyselinckx05]. The
portable device could be a cell phone, personal digital assistant (PDA), or the future
multi-mode personal digital devices envisioned by industry [berezdivin02].
The central device can take several actions. It can warn the user in advance of an
important event, such as a seizure, or signal other sensors to administer drugs automatically, such as insulin for diabetics. Otherwise, data can be stored on the device
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Figure 1.3: Wireless body area networks for biomedical applications.

to record medical events or continuously monitor health indicators. When necessary,
data can be sent through the existing communication infrastructure for later analysis
by a doctor or to immediately call an ambulance during a medical emergency such as
a heart attack or stroke.
Table 1.1 provides a list of some potential WBAN applications for biomedicine.
This list is by no means exhaustive. Furthermore, WBANs can also be used in a variety of other contexts including entertainment, sports, audio headsets, film animation,
miliary, law enforcement, fire fighting, and personal fitness. Clearly, application requirements can vary widely. Typical data rates span over five orders of magnitudes,
and in some cases a single device may need to operate in very different communication
modes. For example, an EEG sensor may use on-board processing to reduce the data
to a similarity index which can be used to identify the possibility of a seizure and warn
the user. However, after the seizure event occurs, it may need to send more detailed
EEG information requiring much higher data rates. For many applications, several different kinds of sensors will send data to the central device which can make decisions
based on a combination of factors. For example, a change in heart rate, lack of motion,
and sudden increases in blood oxygen saturation could be used together to identify the
onset of a stroke prompting the device to make an emergency call.
WBANs can help identify health problems, ease long term care, and keep more
patients out of hospitals. Continuous 24 hour monitoring of patients can provide more
detailed and objective information for both diagnosis and research. This is particularly
important for identifying early warning signs that go unnoticed, and for elderly patients
who often cannot remember or refuse to report medical problems. WBANs are particularly useful for easing home care of elderly and chronically ill patients by allowing
more sophisticated monitoring capabilities and automatically delivering medication.
Finally, hospitals can free resources needed to monitor otherwise healthy patients. For
example, identifying and diagnosing seizures requires a patient wait several weeks in
the hospital until a seizure event can be recorded. With wireless EEG sensors, the
patients can leave the hospital and be monitored remotely.
WBANs have advantages over other proposed biomedical sensing systems. Multiple sensors connected with unwieldy wires can limit the patient’s activity level and
comfort. In addition to aggravating market acceptance, long term discomfort and inactivity can lead to additional medical problems and negatively influence the measured

1.1 Wireless sensors for biomedical applications
Signal
EEG

ECG
EMG

EEG Similarity index
Blood pressure

O2 and CO2 levels
Glucose levels

Application
examples
Sleep analysis, epilepsy research
and monitoring, localizing damaged brain tissues
Remote patient monitoring, identifying sporadic heart abnormalities
Physiotherapy, identifying fall risk
among elderly, research and early
identification of Parkinson’s disease, researching child development of motor skills
Seizure warning systems
Patient monitoring and automatic
emergency response, sport applications
Patient monitoring and automatic
emergency response, identifying
respiratory illnesses
Diabetic patient monitoring, automatic administration of insulin

5
Average data
rates (kbps)
10-100

10 - 100
10 - 100

0.5
0.01 - 0.1

0.01 - 0.1

0.01 - 0.1

Table 1.1: Typical Wireless Body Area Network Applications.

results. A wearable health monitoring system can also be embedded in the user’s clothing [park03]. However, this is unsuitable for lengthy, continuous monitoring, particularly during normal activity [martin00], intensive training, or computer-assisted rehabilitation [winters03]. It is also possible for the sensor to communicate directly to
a remote central device located near the body. However, by wearing the central device on the body, WBANs can monitor a person everywhere they go encouraging an
active lifestyle with more social contacts- factors that have well established links with
reducing the risk of chronic illness and depression.

1.1.3

Design challenges

While WBAN technology offers tremendous possibilities, realizing these systems will
not be easy. This section focuses on the main challenges facing WBAN development.
In designing WBANs, social factors, such as comfort and fashion, are as important
as technological and economic factors. Social factors are likely to play a more important role than in traditional wireless application because devices will be worn on the
body, used on a more regular basis, and handle sensitive personal information. The
following is a list of important WBAN design challenges relevant to our research:
• Sensors must be comfortable to wear
• The user must be convinced of the device’s safety
• The service must provide adequate privacy
• The device must be inexpensive
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Ideally, sensors should be so comfortable that the user does not notice them or
consider them a burden in any way. The largest physical dimension of the sensors
should only be a few centimeters and the device should not stick out of the body. This
implies the following:
• Small low profile antennas
• Small batteries
• Heterogeneous integration and packaging technologies
We will see that small low profile antennas worn parallel against a partially conductive body will result in enormous losses leading to higher power consumption for
some systems. At the same time, battery size will be limited. The user should not have
to recharge or replace the sensors frequently. Ultimately, it will be desirable to get rid
of the battery entirely and rely on energy scavenged from the body in the form of heat,
vibration, or sunlight [gyselinckx05]. The diverse antenna, energy source, sensor, and
signal processing elements will need to be integrated in a single heterogeneous platform [gyselinckx05, stoukatch03]. For some applications, the platform will need to
consist of a flexible substrate that can conform to the user’s body [gyselinckx05].
Before WBAN can be widely accepted, people need to be convinced of their safety.
Regardless of whether there is a link between non-thermal electromagnetic radiation
and health problems, public perception of electromagnetic radiation is generally fearful
and regulatory requirements remain conservative. Section 1.3 provides an overview of
current electromagnetic exposure limits.
Legal issues relating to privacy and security of WBAN devices is another important
issue. Due to the sensitivity of the data, all communication over WBAN and Internet
should be encrypted to protect user privacy. Legal regulation will be necessary to
control access to patient-identifiable information.
All of these technical challenges must be realized in a low cost system. Expensive
components or processing techniques should be avoided. Furthermore, it is desirable
to develop wireless systems that conform to emerging standards to reduce costs and
ensure inter-operability between devices. Section 1.6 provides an overview of relevant
wireless standards.

1.2

Spectrum regulations

Throughout this research, we focus on wireless communication systems that can operate in unlicensed portions of the spectrum appropriate for personal area communication and expected to have widespread global acceptance. Important frequency bands
for body area networks include the Medical Implanted Communication System band
(MICS), the Wireless Medical Telemetry Service bands (WMTS), the Industrial, Scientific and Medical bands (ISM), and the United States Ultra-Wideband (UWB) spectral
mask. The most important regulations governing these bands are summarized in Table
1.2 and described below.

1.2.1

Medical Implanted Communication System (MICS)

In 1998, the ITU-R developed a recommendation on MICS between 401-406 MHz.
Shortly afterwards, the United States FCC allocated the 402-405 MHz for medical
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Name
MICS
ISM
ISM
ISM
ISM
UWB
UWB
WMTS
WMTS
WMTS

Frequency
band (MHz)
402.0 - 405.0
433.1 - 434.8
868.0 - 868.6
902.0 - 928.0
2400.0 - 2483.5
100.0 - 960.0
3100 - 10600
608.0 - 614.0
1395 - 1400
1427 - 1432
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Max. transmit
power (dBm EIRP a )
-16.0
+7.85
+11.85
+36 w/ spreading
+36 w/ spreading
See Fig. 1.4
See Fig. 1.4
+10.8
+22.2
+22.2

Max. duty
cycle
10%
1%
-

Comments
Worldwide
Europe only
Europe only
Not in Europe
Worldwide
US only
US only
US only
US only
US only

Table 1.2: Unlicensed bands suitable for personal area communication.
a Effective isotropic radiated power (EIRP) is the amount of power that would need to be supplied to
an ideal isotropic radiator to produce the same field strength observed at the same distance in the device’s
direction of maximum gain.

implants [fcc03a]. Since then, most developed countries in the world have allocated
the same frequency band with similar regulations [savci05]. MICS devices can use up
to 300 kHz of bandwidth at a time to accommodate higher data rates expected in future
applications.
Unfortunately, the MICS band is reserved only for communication with implanted
devices, and cannot be used for communication between two devices both worn on the
surface of the body. Thus, we will not focus specifically on this band.

1.2.2

Wireless Medical Telemetry Services (WMTS)

The FCC has allocated several bands shown in Table 1.2 for wireless medical telemetry
services (WMTS) [fcc03b]. WMTS is generally defined as the remote monitoring of a
patient’s health through radio technology.
This is a very promising band for WBANs for two reasons. First, it is the only lowfrequency band that allows a very large amount of bandwidth for communication. For
example, four 1.5 MHz wide channels are allowed between 608-614 MHz. Second,
WMTS bands are reserved only for medical communication resulting in substantially
less interference than in the ISM bands.
Unfortunately, WMTS is only allowed in the United States and there is currently
no indication that this band will be allotted in other parts of the world. Furthermore,
WMTS equipment is not licensed for use in ambulances or anywhere outside the hospital. Therefore, while many of our research results can also be extended for WMTS
systems, we will not focus specifically on these bands.

1.2.3

Industrial, Scientific, and Medical (ISM)

The industrial, scientific and medical (ISM) radio bands were originally reserved internationally for non-commercial use of radio frequency (RF) electromagnetic fields.
However, they are now being used by a wide variety of commercial standards since
government approval is not required.
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Figure 1.4: FCC spectral mask for indoor commercial systems.

The ISM bands are defined by the International Telecommunication Union Radiocommunication sector (ITU-R) [itur]. Individual countries’ use of the bands differ
due to variations in national radio regulations. The 902-928 and 2400.0-2483.5 MHz
regulations given in table 1.2 are valid in the United States and are defined by the
Federal Communications Commission (FCC) in [fcc], but similar regulations are used
elsewhere in the world [eroglu98]. The 902-928 MHz band is unavailable in Europe.
Instead, European countries use a nearby band between 868.0 - 868.6 MHz and also a
lower frequency band between 433.1 - 434.8 MHz. Regulations for these bands concerning short range devices are defined in [ecc] by the Electronic Communications
Committee (ECC) which is a part of the European Congress of Postal and Telecommunications (CEPT).

1.2.4

Ultra-Wideband (UWB)

The FCC defines Ultra-Wideband (UWB) communication as any transmission system occupying an instantaneous bandwidth exceeding 500 MHz or having a fractional
bandwidth of more than 20% (fractional bandwidth is defined as the ratio of the 10 dB
bandwidth to the center frequency). UWB systems are a form of spread-spectrum communication which we define as any communication system where the signal is transmitted in a bandwidth considerably greater than the frequency content of the original
information. Thus, all UWB systems are spread spectrum, but some spread-spectrum
systems are not ultra-wideband according to the FCC. Unlike conventional narrowband
and spread-spectrum systems, UWB systems occupy an enormous bandwidth and often
communicate using impulsive, ultra-short waveforms rather than a continuously modulated carrier frequency. This type of communication is very different from traditional
systems and has particular advantages for biomedical systems. Therefore, Section 1.5
will describe UWB in more detail.
Interest in UWB devices prior to 2001 was primarily limited to radar systems
for military applications. However this changed dramatically in the spring of 2002,
when the FCC released a spectral mask allowing commercial operation of UWB radios
[fcc02].
Fig. 1.4 shows the FCC spectral mask. The very large band between 3.1-10.6 GHz
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has received the most attention by current standardization bodies. However, another
important band below 960 MHz may also provide interesting applications in commercial radar and biomedicine. The part 15 limit refers to the noise level allowed for electronic devices that radiate unintentionally. UWB systems therefore operate beneath the
background noise level. Such a low power density is necessary because UWB is an
overlay technology occupying a large amount of bandwidth currently used by existing
communication systems.
Although only the United States and Singapore currently permit UWB devices,
regulatory efforts are underway both in Europe and in Japan. Many market drivers for
UWB technology have already been identified at this early stage and are expected to
include new applications in the next few years.

1.3

Electromagnetic exposure limits

Electromagnetic radiation is defined as the propagation of energy through space in
the form of waves or particles. The wave-particle duality of electromagnetic energy
indicates that some radiation phenomena are better described by considering the energy
as waves, while other phenomena are better explained by considering the energy as a
flow of particles called photons. Throughout most of this research, it is more useful to
consider the wave description of energy propagation. However, this section considers
the particle description since this is more appropriate for describing potential biological
hazards.

Figure 1.5: The Electromagnetic Spectrum [fcc99].

Figure 1.5 shows the electromagnetic spectrum indicating radiation categories, practical applications of electromagnetic energy, frequency, and photon energy. It is clear
the energy associated with a photon, the elemental unit of an electromagnetic wave,
is proportional to the frequency. Depending on the amount of energy in a photon, we
categorize radiation as either ionizing radiation or non-ionizing radiation.
Ionization refers to a process where electrons are stripped from atoms or molecules.
Ionization can produce molecular changes leading to damage in biological tissue, including genetic material (DNA). This process requires interaction with very high en-
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ergy photons such as those of X-rays and gamma rays. Biological hazards of ionization
radiation are very well documented and are associated with ultra-violet (UV) radiation
from the sun, as well as the X-rays and Gamma rays from the generation of nuclear
energy.
By comparing Table 1.2 with Figure 1.5, it is clear that frequencies used for wireless personal area communication (approximately 1 GHz) are hundreds of millions of
times less energetic than sunlight, and many billions of times less energetic than X-rays
and gamma rays. Despite common public misconception, it is important to realize that
the potential long term biological hazards for wireless communication networks are
fundamentally different from the biological hazards of UV rays and nuclear reactions.
Wireless personal area networks produce only non-ionizing radiation and can cause
biological hazards classified as either thermal effects or non-thermal effects.
Thermal effects refer to heating of the tissue as photon energy is transformed into
kinetic energy of the absorbing molecules. Thermal radiation is, for example, the principle by which microwave ovens cook food. It is well known that high levels of radiation can cause severe burns and tissue damage in humans. Obviously, communication devices operate at significantly lower power levels and should not cause burns.
However, it has been shown that some area of the body with poor blood circulation,
particularly the testes and the eyes, are more sensitive and can be damaged by short
term exposure to relatively high levels of radiation [lin03, icnirp98]. This may be of
some concern depending on where the sensors will be worn or implanted.
Non-thermal effects generally relate to effects that are not associated with an increase in temperature or ionization. The most well-documented biological effect is
known as ”microwave hearing” and has been shown to occur under certain very specific conditions where animals and humans may perceive an RF signal as a buzzing
or clicking sound. These conditions would rarely be encountered by the public and
are not associated with the use of communication devices. Furthermore, this effect is
not considered harmful. In fact, the evidence of any harmful biological non-thermal
effects at all is ambiguous and unproven [adair02]. Nevertheless, there is a possibility
of non-thermal hazards and research is on-going.
The only practical way to quantify biological damage for establishing safety standards of humans is through animal experimentation [johnson72]. This is difficult
because we cannot assume that a certain external transmitted power level producing
quantifiable effects in an animal will produce the same effects in a human having a
completely different geometry with different absorbed power density patterns. The
approach that is currently used is to record the actual fields, current density, or absorbed energy density inside the tissues of the animal that can cause biological effects
or damage and extrapolate this to human beings. To facilitate this extrapolation, the
most commonly used metric is the specific absorption rate (SAR) defined as the power
absorbed by a unit mass of tissue. SAR is usually expressed in terms of watts per
kilogram (W/kg) or milliwatts per gram (mW/g). It has been directly related to the
well-established thermal effects [johnson72]. Table 1.3 summarizes the maximum allowable SAR for uncontrolled exposure to mobile portable devices between 100 kHz
and 6 GHz in America and Europe.
The American limits are defined by the FCC in [fcc04]. They are based on recommendations from the Institute of Electrical and Electronics Engineers (IEEE) [ieee99a]
and the National Council on Radiation Protection and Measurements (NCRP) [ncrp86].
Most countries in Europe base their exposure limits on similar recommendations from
the International Committee on Nonionizing Radiation Protection (ICNIRP) [icnirp98].
The IEEE, NCRP, and ICNIRP agree that adverse biological thermal effects have been
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Whole-body average
Partial Body average

US exposure limits
< 0.08W/kg
≤ 1.6W/kg
averaged over 1 gram
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European exposure limits
< 0.08W/kg
≤ 2.0W/kg
averaged over 10 grams

Table 1.3: Exposure Limits in terms of the Specific Absorption Rate (SAR).

found at SAR levels above 4 W/kg, and decided that they would use a safety factor
of 50 for the general population yielding the whole body limits. A partial body average was developed in response to mobile phones where the effects of partial exposure
to the head and eyes may be more significant [lin03]. Note that this table provides a
very simplified summary of the most important limits relevant to our study. The actual
regulations may depend on the environment or scenario and laws are different in every
country. The World Health Organization (WHO) has recently initiated a program to
develop an international framework for RF safety standards [whoa].
Device manufacturers must show that their products do not introduce a higher SAR
averaged over the whole body and any single gram of tissue in the US or any 10 grams
of tissue in Europe. This is normally accomplished by laboratory measurements of
the temperature increase in body tissues or by computational modeling [ieee02b]. For
devices worn on the body, the most significant electromagnetic fields are often in the
near-field of the antenna. Therefore, the SAR is different for every antenna and also
depends on any devices around the antenna that could influence the fields inside the
body.
In most countries, the SAR measurement is time averaged over approximately 30
minutes. This means that a device can exceed the recommended limits for short periods
of time as long as the average exposure over 30 minutes does not exceed the limit.
Regulatory bodies therefore consider low duty cycle communication systems safer for
the body.

1.4

Wireless communication standards

Wireless communications consist of a broad range of different standards and technologies aiming to provide connectivity for a variety of services in a vast range of communication scenarios [rappaport02]. As a result of the recent commercial success of the
internet and cellular phones, user expectations have increased dramatically, demanding
a combination of data, video and audio in addition to the traditional voice-only services. This driving demand has led to the specification of a large number of standards,
each of them answering to the users’ needs in different scenarios. The purpose of this
section is to provide an overview of wireless standards and identify the most relevant
standards for WBANs.
Wireless communication standards are currently being defined by standardization
bodies such as the Institute of Electrical and Electronics Engineers (IEEE), the International Telecommunication Union (ITU), and the European Telecommunication Standards Institute (ETSI). Fig. 1.6 shows an overview of current and future standards with
respect to data rate and range.
We broadly classify wireless standards between those designed for outdoor networks, and those designed for indoor networks. Outdoor communication standards can
be further categorized into cellular networks and access networks.
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Figure 1.6: The world of wireless radiocommunications (2007).

A cellular network is a network made up of a number of radio cells. By dividing up
a large geographic areas into cells each served by a fixed transmitter, known as a base
station, cellular networks can provide high capacity radio coverage over a wide area
without high transmit power. The most important and prevalent cellular networks are
used for wireless telephony. The first generation of cellular telephony appeared in the
80s and relied on analog technology. These systems have now been entirely replaced
by digital second generation (2G) wireless communication systems. 2G Cellular standards such as the European Global System for Mobile Communication (GSM) and the
American IS-95 are currently very popular. While originally designed for voice-only
communication, their limited low data rate services such as SMS have been surprisingly successful. This has motivated third generation systems (3G) to provide more
multi-media services. 3G systems, such as the Universal Mobile Telephone System
(UMTS) centered in Europe and CDMA2000 centered in the US, have extended the
bandwidth from 10s of kbps to a few Mbps for stationary users, and several hundred
kbps for mobile users [ojanpera98]. While UMTS and CDMA200 currently compete
for supremacy of the global 3G wireless market, industry and academics are working on 4G systems promising more extensive and pervasive multi-medica services by
extending the data rates up to 100 Mbps even for high mobility users [bechetti01].
Broadband wireless access networks (BWA) connect a subscriber’s home to telecommunication service providers. They are intended to replace or compliment current
”last-mile” digital subscriber lines (DSL), cables, and eventually fiber optics. Local
Multipoint Distribution Systems (LMDS) are mainly used to provide wireless TV distribution using microwave signals in the 26 - 32 GHz range [nordbotten00]. They
offer line of sight coverage at data rates up to 25 Mbps over distances between 3-5
kilometers. More recently, the IEEE 802.16 standard, also called ”WirelessMAN” or
”WiMAX”, specifies more reliable connections without line of sight up to 70 Mps in
a 30 mile radius [eklund02]. Compared with existing wired last-mile services, these
technologies promise low-cost, rapid deployment and scalability.
The first indoor communication standard was the Digital Enhanced Cordless Telecommunications (DECT) standard offering up to 1.152 Mbps for cordless telephony.
DECT can be seen as a precursor to more modern wireless local area networks and
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wireless personal area networks.
A wireless local area network (WLAN) is a wireless computer network covering
a small local area, like a home, office, or small group of buildings such as a college.
In 1997, the IEEE approved the IEEE 802.11 standard [ieee97] which can be considered the first generation WLAN. It operates in the 2.4 GHz ISM band and offers data
rates between 1-2 Mbps. In July of 1998, demand for higher data rates soon led to the
specification of a 2G WLAN standard called IEEE 802.11b [ieee99b], or more commonly known as ”Wifi”. This new standard allows data rates up to 11 Mbps. The
ratification of the license-exempt 5 GHz ISM band led to the standardization of 3G
WLAN systems under IEEE 802.11a [ieee99b]. By employing Orthogonal Frequency
Division Multiplexing (OFDM), these systems provided data rates ranging from 6 to
54 Mbps. Overall, IEEE 802.11a was not widely adopted for several reasons including the slow availability of 5 GHz components. In 2003, another 3G WLAN standard,
IEEE 802.11g [ieee03a], with a similar OFDM style physical layer but operating in the
original 2.4 GHz band was ratified. Today, the quest for higher data rates continues as
the IEEE 802.11n task group intends to apply multiple antennas in a fourth generation
of WLANs achieving throughputs of at least 100 Mbps.
A wireless personal area network (WPAN) is a computer network used for communication among computer devices, including telephones and personal digital assistants,
close to one person. The range of a PAN is typically a few meters. PANs can be
used for communication among the personal devices themselves, or for connecting to
a higher level network. The original WPAN technology is Bluetooth [bluetooth], an
industry standard developed by Erricson but later ratified as IEEE 802.15.1. It offers
cheap, short range communications at low data rates under 1 Mbps. It primarily targets
consumer applications such as remote controls and cable replacement. While initial
market acceptance of Bluetooth technology was slow, it is now shipping millions of
units.
New WPAN standards have emerged since Bluetooth to meet an expected demand
for lower power consumption and higher data rates. In May of 2003, the IEEE 802.15.4
standard (also known as ”Zigbee”) was ratified [zigbee]. It targets a similar market as
Bluetooth, but at lower data rates between 20-250 kbps, lower cost, and lower power
consumption. For higher speed communication, the IEEE 802.15.3 high rate WPAN
(HR WPAN) targets rates up to 55 Mbps over short ranges [ieee03b]. The recent release of the UWB spectral mask by the FCC has prompted the IEEE to define alternative physical layers attempting to capitalize on advantages of UWB. The IEEE
802.15.4a standard is intended to enhance current low power Zigbee solutions with accurate ranging/location capabilities and longer range [ieee07]. At the same time, the
IEEE 802.15.3a standard promised to provide WPANs with data rates exceeding 100
Mbps. Unfortunately, conflicts between competing Multiband OFDM (MB-OFDM)
[wimedia] and Direct Sequence UWB (DS-UWB) [uwbforum] proposals delayed IEEE
802.15.3a indefinitely resulting in the market release of two incompatible standards.
A comparison of Fig. 1.6 with Table 1.1 shows that the Zigbee standard and its
alternative UWB physical layer best match the requirements of wireless body area networks: very short range, data rates less than 100 kbps, and low power. Therefore,
we focus mainly on these standards throughout as it is most relevant for the future
wireless biomedical industry. However, existing standards will continue to evolve and
new standards are likely to emerge in the near future. For example, the IEEE 802.15.4
WPAN committee has recently started a study group to investigate standards specifically tailored for medical BAN systems [sgmban]. Regardless of the wireless device we
consider, it must coexist with other systems since they share the same medium. This is
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particularly important for UWB which is an overlay technology operating in the same
portion of the spectrum as existing mobile and wireless LAN devices. Thus, we can
never consider a wireless device entirely isolated from other existing and emerging
systems.

1.5

Ultra-wideband fundamentals

a) Frequency Domain
Narrowband
Signal
UWB Signal

b) Time Domain

UWB Signal
Narrowband
Signal

Figure 1.7: A comparison of UWB and narrowband signals in (a) the frequency domain
and (b) the time domain.

As explained in Section 1.2.4, the recent FCC ruling allowing for communication
between 3.1 - 10.6 GHz at power levels below the noise floor has spurred new interest
in UWB technology. Unlike narrowband systems which occupy a small bandwidth
and modulate a continuously transmitted carrier frequency, UWB systems occupy an
enormous bandwidth and communicate using impulsive, ultra-short waveforms (see
Figure 1.7).
This section describes the basic idea behind UWB and motivates this technology in
the context of a WBAN. Section 1.5.1 begins by explaining the long history of UWB
and why it has received recent attention. Section 1.5.2 then introduces modern UWB
signalling schemes being proposed today. Section 1.5.3 discusses potential advantages
of UWB for WBAN systems. Finally, Section 1.5.4 describes the major challenges of
UWB system design.

1.5 Ultra-wideband fundamentals

1864. Maxwell explains
EM waves with
his famous equations
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1901. Marconi transmits
the letter "S" in
morse code across
the Atlantic using
a UWB radio.

1934. Armstrong invents the
FM radio suggesting,
for the first time, the
benefits of wider bandwidths

1948. Shannon shows
wideband signals "down
1886 - 1889. Hertz verifies 1905. Reginald
in the noise" convey
Fessenden invents
Maxwell’s equations
information most efficiently
AM radio
experimentally. His
1933. FCC established.
aparatus transmitted
UWB is forbidden by law.
UWB waveforms

1950 - 1970
Military and government
sponsored research of UWB

1960 - 1980
carrier-free UWB
investigated for
non-government use

1958. Jack Kilby produces 1971. Intel develops the
1979. First celllar
the first integrated circuit
first microprocessor phone network (Japan)

1993. First modern UWB
chipset created by
Aetherwire & Location, Inc.

1985. FCC legalizes
spread spectrum
for commercial use.

1995. First commercial
deployment of
spread spectrum for
cellular telephony

2002. FCC legalizes UWB
for commercial use

Figure 1.8: A timeline of ultra-wideband technology [siwiak05].
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1.5.1

A brief history of ultra-wideband

It is often said that the earliest radios started out as ultra-wideband. However, even
the very first experiments investigating electromagnetic radiation were conducted with
UWB radios. In fact, UWB is a very old technology with a long and complex history.
This section summarizes the history of UWB by explaining the main events shown on
the timeline of Figure 1.8. A more detailed description of UWB history is described in
[siwiak05, barrett00] which is the source for most of the material in this section.
We begin our history of radio communication in 1864 when James Clerk Maxwell
of Scotland explained how electromagnetic waves can be created and propagated by
a time varying electromagnetic field. Twenty-two years later, Heinrich Rudolf Hertz
of Germany proved in practice what Maxwell proposed with mathematics by using a
spark-gap radio apparatus to generate and receive radio energy across a distance of
several meters in his lab. By 1901, Marconi bridged the 3000 km distance between
Newfoundland and England, using a Morse code transmission of the letter ”S” proving
that long distance radio communication was feasible.
These early radio systems were crude electromechanical contraptions that generated signals using sparks flying between gaps. Furthermore, they relied on Morse code
signaling which was generated by hand and copied by ear. Morse code consists of
turning a signal on and off in combinations of dots and dashes to represent alphabetic
characters. On average, 25 words per minute or about 20 bps of data could be transmitted by trained professionals [siwiak05]. Thus, the information bandwidth was small
compared with the crude transmitted apparatus emitting a very wideband signal, on the
order of 100s of kilohertz. This constitutes an ultra-wideband signal even by today’s
modern FCC definition given in Section 1.2.4.
The drawbacks of these early radios were recognized immediately [siwiak05]:
1. Signals occupied more bandwidth than necessary for communications resulting
in significant interference between stations.
2. Early receivers were inefficient and collected all the excess background noise
across this wide bandwidth resulting in poor signal-to-noise ratio (SNR).
Thus, while early radios were by definition UWB, this was a consequence of inadequate
technology. Nobody thought it was a good idea. A working solution was developed
in 1905 by Reginald Fessenden of Canada. He found a way to change the amplitude
of a wireless signal in step with audio amplitude variations. This became known as
analog amplitude modulation (AM) radio. Information no longer needed to be broken
down into on/off carrier interruptions using Morse Code. AM allowed audio data to be
sent continuously directly on a narrowband carrier frequency. Another 10 years were
needed before voice broadcasting became commonplace as it still required advances in
antenna design and the invention of amplifying vacuum tubes in 1913. Nevertheless,
narrowband AM radio eventually proved to be far more efficient than UWB morse code
spark gap radio communication systems.
In the early 1900s, radio was largely the domain of amateur experimenters. However, eventually radio started to be used for ship-to-shore communication for both naval
and commercial operations. Interference was a major problem prompting governments
to impose strict regulations on the kind of radio technology that could be deployed.
In 1934, the FCC was established in the United States to curb interference by outlawing unfiltered spark gap transmissions. Their laws effectively required radio signals to
be narrowband, smoothing the way for AM broadcasting to dominate the commercial
communication world for the next 50 years [siwiak05].
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Ironically, in that same year, Edwin Armstrong of the United States, invented wideband frequency modulation (FM). In FM radio, the frequency rather than the amplitude
of the carrier is varied in proportion to the amplitude of the voice signal. He proposed
that FM radio was more robust to interference sources such as static, lighting crashes,
and amplitude noise. He also soon realized that by increasing the bandwidth of an FM
signal he could obtain a far better SNR. This was the first challenge in history to the
narrowband paradigm: Armstrong showed that the intentional spreading of the signal
bandwidth can have significant benefits [siwiak05]. 1 .
The second challenge to the narrowband paradigm came in 1948 when Claude
Shannon, an information theorist, derived the relationship between maximum achievable channel capacity, bandwidth, and signal-to-noise ratio (SNR). He showed that
systems employing a wide bandwidth and a low power spectral density achieve the
same capacity as traditional systems employing a narrow bandwidth and a high power
spectral density. Shannon’s observations led to ”spread spectrum” modulation in which
signals are intentionally spread out in frequency using a family of random codes. The
resulting signal is received near or below the background noise and can only be detected with knowledge of the code. From the point of view of systems that do not
employ a spreading code or are using a different spreading code, the wideband signal
just resembles the background noise. Thus, a spread spectrum system can coexist with
other systems even when transmitting at the same time over the same frequency band.
The technology of the time was not sufficient to make spread spectrum technology viable in the commercial market. However, wideband technologies were studied
extensively by the US military since it provided a way to communicate undetected by
enemies and is less susceptible to jamming techniques. Furthermore, ultra wideband
signals occupying many GHz of bandwidth were studied in the context of radar systems ever since World War II. The very short pulses can more accurately detect the
location of remote objects.
By the late 1960s and early 1970s, publications discussing impulse radio began
to appear from a small group of scientists investigating the commercial application
of spread spectrum and radar technologies. They envisioned ”carrier-free” communication with short pulses to achieve high data rates in combination with elements of
radar for positioning and locationing. It is probably no coincidence that these developments occurred at roughly the same time that the integrated circuit was invented and
the first microprocessor was built by Intel. Wideband communications requires high
speed processing of time domain signals only recently made possible through important advances in digital integrated circuit technologies.
By 1985, the FCC finally legalized spread spectrum for commercial use. 10 years
later, the technology was deployed in American cellular systems then in 3G wireless
systems to deliver high speed data and other new features. In February 2002, the success of wideband systems spurred the FCC to allocate a huge 7.5 GHz swath of unlicensed spectrum between 3.1 - 10.6 GHz for communication below the noise floor.
This dissertation will investigate how this newly available bandwidth can be deployed
in a wireless body area network.
1 Armstrong also invented the regenerative circuit and super-heterodyne receiver and went on to build FM
systems that were more efficient than AM radios of the time. Threatened by his new technologies, existing
AM radio corporations conspired to change the FCC rules effectively rendering all Armstrong-era FM radios
illegal. In addition, these corporations claimed to have invented his discoveries and won patent rights. His
dedication to the ensuing legal battle and his total obsession with radio eventually cost him his marriage.
Tragically, he committed suicide in 1954. His widow continued fighting the established AM corporations
eventually winning back the patent rights in 1967. However, the development of FM radio technology was
set back many decades.
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Figure 1.9: UWB systems can use any form of modulation including PPM, OOK,
BPSK, and multi-level as well as hybrid modulations.

1.5.2

Modern ultra-wideband signalling

Modern UWB systems are nothing like the spark gap radios used at the turn of the
century. Furthermore, many current UWB proposals are not exactly the same kinds of
”carrier-free” systems envisioned by early pioneers between 1960-1990. Rather, UWB
now combines elements of spread spectrum, narrowband, and radar technologies in
ways that were probably never predicted. Some basic concepts about modern UWB
signalling are presented in this section but will be developed further in later chapters.
Today, ultra-wideband systems can communicate by modulating a pulse waveform
in any number of ways (see Figure 1.9). Early impulse radios used either pulse-position
modulation (PPM) or on-off keying (OOK) almost exclusively. In PPM, the transmitted symbol is encoded based on the arrival time of a pulse. In OOK, a symbol ”1”
is represented by transmitting a pulse, and ”0” is represented by transmitting nothing.
These schemes were initially very popular because it was difficult to generate a waveform and its negative. However, as pulse negation became easier to implement, binary
phase shift keying (BPSK) became popular where a ”1” is represented by transmitting
a pulse, and a ”0” is represented by its negation. More recently, all manners of modulations used in narrowband and spread spectrum systems are being proposed including
bi-orthogonal modulations combining PPM with BPSK, as well as multi level pulse
amplitude, phase, position, and differential modulation schemes.
All modern ultra-wideband systems employ some type of spreading code, just as
in spread spectrum. Rather than using a single pulse to modulate information, several
pulses are combined together to encode one symbol. There are three reasons for this:
1. To gather enough energy to decode a symbol
2. To remove spectral lines
3. To provide multiple access
Due to strict regulations, a single pulse is normally buried in the noise and does not
contain enough energy to decode a symbol. UWB systems therefore gather several
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Figure 1.10: UWB systems encode a single bit using several pulses. Either a time
hopping or direct sequence code is used to avoid spectral peaks and provide multiple
access.

10s of pulses. If each pulse were sent at regular intervals, the resulting power spectral density (PSD) would have spectral lines violating the FCC mask of Figure 1.4.
Spreading codes are therefore necessary to remove this periodicity and make it appear
more ”noise-like”. Finally, in early UWB systems, users typically occupied the same
bandwidth so that different spreading codes were needed to separate each user. We
emphasize, however, that most recent UWB systems also employ some form of time
division and frequency division multiple access.
Modern ultra-wideband systems can spread the signal in any number of ways (see
Figure 1.10). Early systems used time-hopping UWB (TH-UWB) by randomizing the
arrival time of pulses. However, as pulse negation became possible, direct sequence
UWB (DS-UWB) also became popular. DS-UWB systems randomize the phase of the
pulse rather than their arrival time. Of course, hybrid schemes are also possible.
Our discussion so far has emphasized the difference between a narrowband system
employing a continuous carrier and a UWB system using a train of impulses to convey
information. However, this distinction is no longer so clear. For example, the MBOFDM proposal (see Section 1.4) uses conventional frequency hopping and OFDM
radio techniques to access the UWB spectral mask. It is by definition UWB, but it
functions more like existing WLAN systems and the resulting transmitted waveform is
continuous rather than impulsive. Even impulse UWB systems that do communicate
using short pulses often generate these pulses by up-converting a baseband waveform
with conventional carrier-based narrowband technologies. This is different from the
original proposals that emphasized the simplicity of carrier-less pulse generation. Thus,
modern UWB systems are a mixture of old and new technologies.

20

Introduction

1.5.3

Advantages of UWB for WBANs

This section explains why we focus so much on ultra-wideband technology by highlighting seven important advantages of UWB communication in the context of the challenges we identified for WBANs in Section 1.1.3:
1. Low duty-cycle operation
2. Less analog components
3. Robust to multipath
4. Easy to meet safety regulations
5. Better user privacy
6. Accurate locationing of patients and body motion
7. Flexibility and scalability
As demonstrated in Figure 1.7, many UWB systems do not transmit information
continuously. Rather, communication occurs intermittently using short nanosecond
scale pulses. Therefore, all of the analog hardware used to generate and amplify these
pulses only needs to be turned on for a couple of nanoseconds to transmit and receive
information, and then can be shut off again until the next pulse arrives. In contrast,
narrowband system components must be turned on continuously resulting in significant
unnecessary power consumption.
In addition to the low duty cycle provided by intermittent signalling, low-complexity
UWB systems operating at close range can transmit at a much faster rate than narrowband systems due to their very wide bandwidth. Even low-complexity UWB systems
can transmit information packets quickly, minimizing the active time of the radio hardware. The combination of high-data rates with intermittent signaling reduces average
power consumption so that a UWB transceiver can have smaller batteries or alternative
energy sources resulting in systems that are less expensive and more comfortable to
wear on the body.
UWB systems also require less analog components. It is possible to transmit and
receive pulses without generating a carrier frequency. We will see later that even in
carrier-based UWB systems, the hardware can be greatly simplified. Perhaps more
importantly, narrowband systems require significant overhead as the control loop generating the carrier needs a long startup time before it stabilizes. UWB systems can in
principle be turned on and off with virtually no overhead. A simplified front-end with
less overhead can shorten design time, decrease chip area, reduce power consumption,
and better exploit technology scaling. These advantages will become more important
over time particularly in the context of small, low-cost WBAN systems.
In addition to more power efficient front-end designs, UWB systems are robust to
multipath effects. As a simple example, a reflection off a nearby scattering object can
interfere destructively with a direct path reducing the received signal power (see Figure
1.11). On the other hand, UWB pulses are so short that individual reflections can be
separated in time and combined at the receiver. The situation becomes more severe in
realistic indoor environments where there are many reflecting objects resulting in rapid
signal fading as the various paths combine randomly. We emphasize that Figure 1.11
is a gross simplification of reality used to demonstrate the basic principle. In practical
UWB systems, it is very unlikely that two individual paths can be so clearly separated.
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Figure 1.11: The high resolution of UWB systems makes them more robust to multipath
fading. This example is over-simplified since practical UWB systems can not normally
separate every reflection and each received pulse will be distorted by frequency dependent interactions with the antenna, body, and scatterers.

Furthermore, each path will be distorted by the frequency dependent filtering of the
antenna, the body, and each scatterer so that the resulting received waveform normally
appears more continuous. Nevertheless, UWB is far more robust to this fading effect
and can therefore achieve a longer range for the same transmit power and receiver sensitivity. This can potentially offset antenna and shadowing losses expected for devices
worn directly against the body.
This combination of low-duty cycle with low transmit power ensures that UWB
devices will easily comply with current safety regulations. Recall from Section 1.3
that body worn devices must limit the power absorbed per gram of body tissue below a
threshold averaged over a 30 minute period. The FCC limits UWB systems to transmit
below the noise floor and the high-speed impulsive communication scheme has a duty
cycle expected to be much less than 1%. The resulting rate of energy absorbed by
the body is therefore very small. For example, the simulated SAR between 3.1-10.6
GHz for the body worn UWB antenna reported in [klemm05] is 11.7 W/kg for an input
power of 1 W averaged over 1 gram of tissue within 7 millimeters of the antenna. For
a typical 20 MHz pulse repetition rate, the regulatory requirements imply an average
UWB transmit power of only 6µW resulting in an absorption rate more than 3 orders
of magnitude below the whole body limit of 0.08W/kg for Europe and the US 2 .
The combination of low duty cycle, low transmit power, and random spreading
codes makes UWB systems difficult to detect since the resulting signal can not be distinguished easily from background noise. This has important implications for WBANs
2 In practice, the SAR will be even lower than this for most WBAN devices since they do not transmit
data continuously. Rather, data is only transmitted periodically when new information becomes available
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handling sensitive personal health information. This also has important implications
for WBANs targeting high-tech military applications so that communication can occur
undetected.
In addition to the potential benefits of lower power consumption, UWB enables
new applications not possible with narrowband systems. UWB has long been deployed
in military radar applications since ranging accuracy is proportional to the bandwidth
of the emitted signal [siwiak05, molisch06b]. These localization benefits can now be
deployed in commercial and medical products. Today, GPS allows us to pinpoint our
location anywhere on the globe. UWB promises to bring more accurate locationing
applications to the indoors [siwiak05]. Though regulatory requirements limit the range
of UWB making them less suitable for global positioning, they are foreseen to provide
an excellent solution for short-range indoor tracking. For example, body area networks
can be used to track muscle motions and even tumors to within a few centimeters.
WBANs have recently been proposed to track the exact motion of patients while they
are walking [lee05]. This information can help physiotherapists identify and quantify
irregularities more precisely and objectively. Similar systems have been proposed to
identify muscle movements marking the onset of Parkinson’s disease at a much earlier
age [salarian04]. Accurate tracking systems have also been proposed for the sport
industry [conley00] and some computer animation techniques. Finally, networks of
sensors can be deployed in buildings or local geographical areas to track patients and
provide wireless signposts along a trail to mark a route [siwiak05].
Finally, and perhaps most importantly, UWB is more flexible and scalable than
narrowband. Table 1.1 shows that biomedical application requirements can vary considerably. Furthermore, subsequent chapters will show that the radio channel on the
human body can vary considerably for different antenna designs and shadowing conditions. It is very difficult to design a single narrowband system that can provide this
range of data rates and robustness efficiently. As a result, the current biomedical market is very fragmented with many different proprietary solutions targeted for specific
application scenarios. On the other hand, the data rates, range, and robustness of UWB
systems can easily be scaled by simply increasing or decreasing the number of pulses
used to encode a symbol. The underlying reason for this is that UWB designs process a much wider bandwidth than the information bandwidth. In this regime, the data
rate can be scaled linearly with transmit power without modifying the front-end. For
example, the emerging IEEE 802.15.4a ultra low power alternative PHY offers instantaneous data rates ranging from 110 kbps at for robust performance in adverse channel
conditions, to 27.3 Mbps for high-speed performance in more desirable channel conditions [ieee07]. The underlying radio hardware and processing remains the same. The
only difference is that anywhere from 1-512 pulses are used to encode a symbol. If
we also consider that the same radios that provide communication services can also be
used for ranging and locationing, we can see that a single chipset can service a huge
array of biomedical applications. Combined with recent UWB standardization efforts,
the resulting economy of scale will results in significantly reduced costs.

1.5.4

Challenges of UWB for WBANs

Despite many advantages of UWB, there are also enormous challenges that will need
to be addressed before ultra-wideband communication can become a reality. Standardcompliant UWB transmitter solutions have already been realized proving that low
power pulser design is feasible [ryckaert07]. However, most WBAN systems will also
require low power receivers to provide reliable transmission with acknowledgments,
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exchange encryption codes to protect sensitive data, and negotiate a network and multiple access protocol. Unfortunately, low power receiver design is challenging for UWB
systems for three reasons:
1. Multipath spreading increases system complexity
2. Acquisition is difficult
3. UWB is susceptible to in-band interference
Figure 1.11 shows that one advantage of UWB is its robustness to multipathinduced fading. However, this advantage comes at a significant receiver hardware cost.
In practice, as many as hundreds of multipath components can be resolved at the receiver in some radio environments [molisch06a]. All of these reflections need to be
located and combined at the receiver to take advantage of the available energy. The resulting digital hardware can be overwhelming, particularly when considering the very
high sampling rates needed to represent these wide bandwidth signals.
We argued in the previous section that UWB has the desirable feature of allowing
communication un-detected below the noise floor. Unfortunately, this means that the
desired receiver will also have difficulties locating and synchronizing to a UWB signal.
Furthermore, the ultra narrow pulses ensure that any small error in the timing will result
in considerable degradation. We will provide a more precise treatment of this problem
later, but it is useful to already try to imagine the problem: the receiver must find a
signal consisting of pulses lasting less than one-billionth of a second, scrambled by a
pseudo-random code, swamped in noise, and distorted in some unknown manner by
the propagation channel and antenna.
Finally, while UWB signals blend with the background noise and will not significantly interfere with existing narrowband systems, narrowband signals do not blend
with the background noise and will interfere with emerging UWB systems. First, the
total power of narrowband interferes can fall within the passband of some UWB system. Furthermore, UWB signals span the entire frequency range between 3.1-10.6 GHz
putting them at risk from interference due to all existing WLAN systems operating in
the 5 GHz ISM band, as well as new technologies like WiMax. While the large spreading factor of low-rate UWB data transmission can help mitigate narrowband interferers, regulatory restrictions imply that some narrowband systems potentially operating
in close proximity to UWB devices are able to transmit at significantly higher power
[tao06, vittala06].

1.6

Research objectives and solution approach

Historically, low-frequency inductive links introduced in the early 1970s have been
most prevalent for wireless biomedical applications. They typically operate between
10-1000 kHz with data rates between 1-50 kbps. While these low power systems have
proven very reliable for several applications, antenna size and power limitations restrict
their range to approximately 10 cm [catrysse04]. On the other hand, low power radio
frequency (RF) technologies may achieve a longer transmission range while still being
small enough for body worn applications. These devices promise coverage of the entire
body while allowing the user to wear the central devices wherever they want to. At
the same time, the recent development of short range, low-power standards such as
Zigbee (Section 1.4) and the recent FCC ruling enabling UWB technology, provide
new incentive to evaluate RF communication systems for biomedical systems.
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Current research of WPAN systems focuses on sensor networks, industrial monitoring, or cable replacement technologies. However, there is very little research in
applying RF communication technologies to wireless body area networks for medical
applications. This is because there are no existing propagation models for communication around the surface of the human body. Without a description of the channel impairments, it is impossible to identify optimal RF solutions. UWB systems in particular
present many new opportunities for wireless body area networks. However, in addition
to difficulties defining appropriate propagation models, low power receiver design is a
major obstacle preventing industry from exploiting this potential. We therefore define
two objectives to this dissertation:
1. Describe the body area radio channel in a practical and realistic manner suitable
for evaluating and designing communication systems in frequency bands most
relevant to global regulations and emerging industry standards.
2. Propose UWB receiver solutions suitable for low power WBAN sensors and
evaluate their performance when worn on the body.
The following two sub-sections outline our solution and approach for achieving these
objectives.

1.6.1

Modeling the body area channel

Body area propagation channels are very different from traditional radio channels for
the following reasons:
• Complicated interaction between the antenna and the body
• Diffraction rather than free-space propagation
• Both the nearby body and the surrounding environment influence propagation.
Three approaches can be used to understand this propagation channel: analytical calculations, numeric simulation, and measurements.
From an electromagnetic field perspective, the human body can be considered an
irregular, inhomogeneous, and lossy frequency-dependent dielectric object placed near
an antenna. While deriving solutions directly from fundamental principles can provide
significant physical insights, a purely analytical approach to such a problem is only
possible by grossly simplifying the human body and antenna.
In order to more accurately represent the body, researchers commonly use Finite Difference Time Domain (FDTD) simulations [scanlon01, moerman04, fort05b].
FDTD models of the human body have been carefully developed to aid these investigations [nlm] and are also used for predicting the SAR for different kinds of antennas.
However, accurately simulating a high-frequency antenna worn within a few millimeters of the body can require a very high resolution making it impractical to evaluate
fields all over the body. FDTD simulations of a body in a realistic indoor environment,
such as a home or office, are not feasible.
Ray-tracing simulators have been used in a variety of propagation experiments to
describe urban and indoor environments [parsons01]. Extensions involving the Uniform Theory of Diffraction (UTD) have also been proposed for modeling the channel
near the body [zhao06]. However, it is not clear how ray methods can be applied for
accurately modeling antenna/body interactions and typical high-frequency approximations can become inaccurate when the various objects are within a wavelength of each
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other. This is a particularly important limitation for tangentially polarized antennas
worn directly on the body. Furthermore, it is difficult to recreate realistic office or home
environments inside a ray-tracing simulator. Hence, most investigations only consider
very simplified room geometries and ignore some propagation effects like scattering
off of rough surfaces. This can result in under-estimating the amount of actual multipath at microwave frequencies. Extending the ray tracing approach for many of the
UWB systems we want to investigate further complicates the procedure. More sophisticated computational methods are required to take into account frequency dependent
transmission processes across the entire bandwidth [sugahara04].
Carefully designed measurements together with a rigorous statistical analysis provide a way to take into account all effects including antenna/body interaction and the
influence of a complex indoor environment for both narrowband and UWB systems.
However, it is often difficult to develop an experiment to separate all of the different
electromagnetic effects, providing less insight in the actual physical mechanisms. Furthermore, cables, connectors, and body motion can influence the experiment decreasing
the accuracy and repeatability of the measurements.
None of these methods alone is sufficient to fully understand and predict complex
body area propagation channels. Instead, we propose that these various approaches are
complimentary and should be used together. In particular, we will combine an analytical analysis based on fundamental physical principles with empirical results using
real antennas and bodies. The analytical solution can predict the most important trends
and provide significant physical insights. However, it does not incorporate many important effects due to the antenna, body shape, and nearby scatterers. Furthermore, the
resulting analytical solution is too complicated to be used in practice by system designers. Thus, we will also use measurements to ensure all electromagnetic effects are
taken into account, and develop a simplified statistical model to capture only the most
important information relevant to system designers.
The major advantage of empirical methods over computer simulations is that we
can ensure all effects are taken into account. The major drawback is that experimental
setups are more difficult to setup and reproduce. Since the channel varies over time
due to the motion of a body through a room, most current researchers focus on dynamic measurement setups obtained while a person is actually moving [alomainy06,
kovacs04, hall06]. However, dynamic measurements are difficult to reproduce since
considerable variations have been observed depending on the exact movements of the
person [alomainy06, hall06]. In addition, low-cost measurement equipment is not fast
enough to properly consider rapid variations in the channel. This is particularly problematic for UWB measurements where the channel must be captured over a very wide
frequency bandwidth. Finally, measurements of a person moving through a sophisticated environment, such as an office, can be difficult to interpret since so many different
effects are occurring simultaneously. Instead, we propose using a static measurement
setup where the body does not move during a measurement and the locations and body
postures are carefully controlled. In addition to being easier to reproduce and more
suitable for wideband measurements, we will see how carefully choosing the measurement locations in a room and on the body can help us isolate and analyze different
propagation effects independently from each other.
We are not suggesting that existing computational methods such as FDTD, UTD,
and ray tracking are irrelevant to the study of WBANs. On the contrary, these methods
can be used to exactly control environments and can be reproduced to a degree which
will never be possible with empirical approaches. Furthermore, computational methods still provide a valuable low-cost approach to ensure a device complies with safety
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regulations. They are also the only way to analyze communication channels inside the
body. Likewise, we are not suggesting that dynamic measurements of the body are
not valuable. For example, this type of measurement is better suited for analyzing the
temporal stability of narrowband channels. Thus, while we focus on an analytical analysis and a static empirical measurement setup, we will also cite relevant work by other
researchers to compliment our study.
In summary, we will develop a practical and realistic statistical model based on
measurements. The empirical results will be interpreted with the help of a novel analytical analysis derived from fundamental principles. Our measurements will be conducted using a static experimental setup where the posture of the body, the antenna
placement, and position of the body in the room are carefully controlled. This will help
us address common problems in body area measurements including difficulties reproducing experiments, making rapid wideband measurements, and interpreting results.

1.6.2

UWB system proposal

Our study of the body area propagation environment will result in a practical statistical
model suitable for evaluating communication systems. It therefore provides us with
the necessary tool needed to justify and propose a complete body area UWB system.
Unfortunately, UWB channel models are quite complicated compared with narrowband models because the very high resolution allows us to see details that were not
traditionally visible. Fully analytical approaches to analyzing UWB performance requires significant simplifications. On the other hand, simulating UWB systems is also
more time-consuming because of the very high sampling rate required to represent
UWB signals. Neither a fully-analytical nor a fully-simulated approach is practical.
Instead, we propose using a semi-analytical approach where system performance is
derived analytically given a channel realization. To evaluate the performance averaged
over a channel ensemble, we use a computer to generate several channel realization
and calculate the resulting performance individually. With this approach, the sophisticated channel statistics are not considered in the analytical analysis allowing us to
derive simple expressions and approximations which are easy to interpret and use by
system designers. Furthermore, lengthy end-to-end simulations are only necessary for
final system verification rather than as the principal design methodology.
The very wide bandwidth of UWB makes it susceptible to interference from a variety of existing and emerging narrowband systems. Most current UWB devices address
this problem by introducing enough analog front-end filtering to ensure reliable performance under worst-case conditions. Solving the problem in this manner is inefficient
and reduces the potential benefits of technology scaling. A better approach which has
gained recent popularity is cognitive radio where systems are aware of their current
radio environment. Cognitive radios can detect and avoid interferers altogether rather
than suppress them with an expensive analog front-end [mitola99]. In traditional sensor
networks that do not have a central controller, each sensor must have hardware to scan
a large bandwidth for potential interferers which consumes significant power. Fortunately, as shown in Figure 1.3, WBANs are star networks consisting of a portable central device coordinating communication with smaller energy-constrained devices worn
around the body. This central device can be a digital cellular phone, PDA, or future
multimedia device with enough battery power and processing resources to constantly
monitor the current radio environment, select the best portion of the spectrum for communication, and relay this information to the sensors. Furthermore, the presence of a
central device constantly listening to the channel allows the sensor to remain inactive
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most of the time and only occasionally wake-up to exchange information. Thus, our
UWB sensor proposal will not require expensive analog filtering or detect-and-avoid
overhead. However, it does require sufficient flexibility to be able to respond to commands from a central device, and turn on and off rapidly with minimal overhead.
To facilitate this flexibility and minimize analog components, we will focus specifically on mostly-digital UWB architectures. Minimizing analog components will become increasingly important to reduce cost, power consumption, and exploit future
benefits of technology scaling. Unfortunately, we still need significant baseband processing to acquire the signal and combine multipath components. We will therefore
analyze and propose low-complexity digital acquisition, pulse waveform estimation,
and tracking algorithms that are both feasible to implement and capable of providing
reliable enough performance in a body worn communication system.
In summary, our WBAN UWB sensor solution is a simple but flexible mostlydigital radio capable of operating in many different bands. Rather than relying on
expensive hardware to detect or fully suppress interferers, it relies on directions from a
central controller that monitors the current spectrum for interferers. This allows us to
minimize the number of analog components in the sensor device reducing power and
cost while better exploiting technology scaling. To avoid lengthy end-to-end simulations and a difficult analytical analysis of the sophisticated UWB channel statistics, we
will use a semi-analytical approach to evaluate this proposal when worn on the human
body.

1.7

Contribution and outline

This dissertation begins by deriving a simple model of the human body directly from
the fundamental principles of physics embodied by Maxwell’s equations. Subsequent
chapters build towards a statistical model describing the channel at a higher level of
abstraction more suitable for designing and building practical radios. The dissertation
ends with a system level description of a mostly-digital UWB architecture evaluated in
a body area propagation environment taking into account practical analog and digital
circuit limitations. This section outlines each chapter and highlights in more detail the
specific novel contributions of this research.
Chapter 2 begins by deriving the solution to Maxwell’s equations for a point source
outside a lossy cylinder. The point source and cylinder represent very crude approximations of the antenna and body respectively. Nevertheless, it provides insight into
radio propagation near the body and will help us relate the empirical statistical models
developed in later chapters with fundamental laws of physics. In general, Maxwell’s
equations suggest a rapid exponential decay law into and around the body, but a slower
power decay law away from and along the body. Compared with free-space and traditional radio environments, we show how body area pathloss can be very high when
using low profile antennas worn close to the skin in the deep shadow region.
• An analytical model of the human body is developed using Maxwell’s equations.
These results were published in [fort07e, fort07c]
• The resulting model demonstrates, from first principles, the approximate propagation trends into, around, along, and away from a human body.
Chapter 3 provides an overview of existing statistical channel modeling paradigms
from the literature. Furthermore, it will review the major statistical tools used in our
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analysis. This material serves as a foundation which we will use towards building a
more practical model of body area propagation.
• A vast amount of literature pertaining to channel modeling and model selection
is summarized in a convenient framework.
Chapter 4 demonstrates how traditional statistical techniques and static measurement paradigms can be used to measure and model sophisticated narrowband body
area propagation phenomena in an indoor environment. Furthermore, we provide a
physical interpretation of the resulting measured statistics which agree with our more
fundamental model derived from Maxwell’s equations. In traditional radio systems,
large scale fading typically refers to channel variations due to a large change in the
position of the antenna on the order of several wavelength. Due to the rapid pathloss
trends expected close to the body, we propose that large scale statistics in body area
networks should also refer to any variation in where the antenna is worn on the body
or any major variation in body posture. Furthermore, we show how small scale fading
due to multipath interference can sometimes be very significant for narrowband systems worn on the body in an indoor environment despite the close proximity of the
antennas.
• Application of the well-known virtual array technique for measuring the propagation channel near the body is demonstrated for the first time. This procedure
was first published in [fort06b].
• Unlike the dynamic measurement setups currently used in BAN studies, the static
virtual array setup is easy to reproduce and can perform both narrowband and
ultra-wideband measurements without expensive equipment.
• Using this measurement setup, existing large and small-scale statistical narrowband modeling paradigms are applied for describing the body area channel for
the first time. This work was published in [fort07d].
• Using an anechoic chamber in combination with a virtual array measurement in
an indoor environment, the influence of the body, the surrounding environment,
large scale fading, and small scale fading are analyzed separately. The resulting
model can then be described using simple, physically motivated fading distributions and pathloss trends.
Chapter 5 shows how statistical modeling can be applied to describe UWB body
area radio channels. We start by analyzing propagation around and along the human
torso, and then extend these results to an indoor office environment. The very high
resolution of these measurements reveals the complex nature of body area propagation
in an indoor environment. The resulting multipath structure consists of both random
clusters of reflections due to scatters located around the room, such as tables and chairs,
as well as more deterministic clusters due to propagation around the body and the room
geometry. Even at a very high resolution, individual reflections can not be resolved.
Instead, most UWB receivers will observe a more continuous received pulse waveform
whose shape can change rapidly due to the interference of unresolvable components.
Reflections from the surrounding environment becomes more important when antennas
are worn on opposite sides of the body, but are less important when antennas are worn
on the same side of the body. Based on these observations, we propose a small set of
parameters useful to system designers for describing this complex behavior statistically.

1.7 Contribution and outline
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• A novel UWB statistical model of the body area channel is proposed. This work
was first published in [fort05a, fort06b, fort06a]. It was also accepted for standardization by IEEE 802.15.4a [ieee05, molisch06a].
• The resulting model is simple and easy to use for practical system design. Furthermore, it allows propagation phenomena near the body and reflections from
nearby scatterers to be measured and analyzed separately. This is important because multipath reflections from the surrounding environment and components
propagating near the surface of the body have different statistical behavior and
require different measurement and modeling paradigms.
Chapters 6 and 7 propose a simple but flexible mostly-digital UWB architecture
well-suited for WBAN systems. Chapters 6 outlines the overall front-end and digital baseband architecture and compares it with existing architectures in the literature.
Chapter 7 details the acquisition, pulse shape estimation, and tracking algorithms. It
also provides the first ever performance analysis of a UWB system when worn on a
human body. In developing this system, we focus on practical issues that are particularly problematic for mostly-digital UWB including sampling jitter, computational
complexity, and system analysis with a sophisticated channel model.
• A novel approach to analyzing performance degradation due to sampling jitter is
developed. This work was first published in [fort07b]. It is shown that sampling
jitter is not a significant problem in UWB even when using schemes that sample
the RF signal directly.
• Several analog and digital Hilbert Transform approximations are evaluated and
their performance is assessed by simulation. This work was published in [fort07a].
We show how even a low complexity Hilbert Transform solution can be used in
UWB systems to separate a signal into orthogonal I and Q components. This
motivates low-cost sub-sampling and homodyne front-ends for UWB systems.
• A three-step noisy template acquisition and pulse estimation scheme is proposed
together with a decision feedback phase lock loop tracking mechanism. This
work was published in [fort07a]. The resulting solution provides excellent acquisition, pulse shape estimation, and clock offset tracking performance at a low
implementation cost.
• The complete proposal is evaluated in a body area propagation environment
demonstrating the feasibility of a mostly-digital UWB architecture for WBANs.
We highlight advantages compared with existing narrowband systems and identify the most significant bottlenecks.
Chapter 8 summarizes the major conclusions of this work and relates them to our
overall research goals. Furthermore, we identify important future research directions.
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Chapter 2

Body area electromagnetism
One cannot escape the feeling that these mathematical formulas have an independent existence and an intelligence of their own, that they are wiser than we
are, wiser even than their discoverers, that we get more out of them than we
put into them
-Heinrich Hertz describing Maxwell’s Equations.

As explained in the introductory chapter, the aim of this research is to investigate
how recent wireless technologies and standardization efforts can be applied to wireless
body area networks. However, there are very few propagation studies for communication around the surface of the human body. Without a description of the channel
impairments, it is impossible to identify optimal RF solutions. Therefore, one of the
principal goals of our research is to describe the body area radio channel in a practical
and realistic manner.
Propagation around the body is very complex and can depend on a number of factors including the environment near the user, the electrical properties of human tissue,
the geometry of the body, the antenna, etc. We will gradually introduce practical and
simple modeling paradigms capable of dealing with this complexity in later chapters.
However, we will begin by developing and exploring a simplified physical body area
propagation model derived directly from fundamental principles.
Maxwell’s equations elegantly express the fundamental laws of physics governing
all macroscopic electromagnetic phenomena. However, in practice, it is feasible to apply these equations to develop analytical models of only very simple geometries. Thus,
this chapter will make significant simplifications of the human body and antenna. Nevertheless, it is still useful to analyze the body area propagation system in this manner
for the following reasons:
• The model is still powerful enough to help understand basic propagation trends
inside, away from, and on the body.
• The model can help us interpret empirically derived models with fundamental
principles of electromagnetism.
• The model we present in this chapter is the fundamental building block of more
advanced computational electromagnetic methods.

32

Body area electromagnetism

While this simplified model only grossly represents reality, it is often easier to understand and interpret. Therefore, it can help us to explain broad propagation trends
near the body. Furthermore, while the statistical methods we will introduce in later
chapters are more appropriate for representing complicated propagation systems, they
are not derived from fundamental principles. We will often be able to use our simplified physical model to help fill this missing link between empirically derived statistics
and the laws of physics. Finally, this chapter presents the solution to a fundamental
problem which can serve as the basis for more powerful computational electromagnetic techniques which could be used to investigate the behavior of arbitrary antenna
structures close to the body. This aspect will be discussed further in the Future Work
section of Chapter 8.
We propose modeling the antenna as a point source with some polarity, and the
human body as an infinite lossy cylinder with arbitrary material parameters. A point
source is a reasonable approximation of an antenna if the antenna size is small compared with the wavelength. This is normally the case for compact body-worn devices.
A lossy cylinder is a reasonable first order approximation of a human body allowing
us to take into account many propagation phenomena including diffraction around a
curved lossy surface, reflections off the body, and penetration into the body. All of
these effects are expected to play a role in body area propagation, though the relative
importance of each effect will depend on such factors as the frequency, polarity, radius of curvature, and tissue properties. By considering an infinite cylinder, we can
greatly simplify the analytical developments. However, a finite sized body standing on
the ground has a resonance of approximately 70 MHz which can significantly alter the
pathloss trends if the wavelength becomes comparable to the body height [guy90]. Fortunately, we consider small body-worn antenna systems which typically operate in the
microwave frequency range well above the full body resonance. In this case, an infinite
cylinder still serves as useful model [siwiak95]. Thus, our chosen geometry will allow
us to explore many important body area propagation phenomena while still remaining analytically tractable so that a solution can be derived directly from fundamental
principles.
As discussed in the introductory chapter, a low-profile planar antenna is a principal design constraint of the body area application we consider. Since the antenna
can not stick out of the body, this generally implies that the electric field it radiates
will be polarized tangent to the body. Thus, we will focus only on the special case of
tangentially polarized antennas in this chapter. We will derive a solution for both vertically polarized antennas and horizontally polarized antennas. By adding together these
components, our model can then be generalized for any tangentially polarized source.
Figure 2.1 demonstrates the approach we use to derive the electric fields around
and inside a lossy cylinder resulting from a point source. First, we solve the problem
of a line source located outside a lossy cylinder. Section 2.1 describes the details of this
step. This line source is assumed to have a sinusoidal current so that we can add several
of them together to create sources having an arbitrary current density using a Fourier
Transform. In our case, we focus on summing together these line-sources to create
a point source. The transform must be obtained numerically using a contour integral
to avoid a singularity in the line source solution [chew95]. Section 2.2 describes the
details of this step. Finally, Section 2.3 uses the resulting implementation to explain
broad propagation trends we expect to observe. This section will be particularly important in helping us to interpret empirically derived statistical models in later chapters.
Finally, Section 2.4 summarizes the major conclusions of this chapter.
The solution presented in Sections 2.1 - 2.2 is called a green’s function and relates a
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Figure 2.1: Proposed two-step procedure for body area modeling. First we obtain the
solution for a line source near a lossy cylinder. Second, we transform the solution to a
point source using a Fourier transform
unit current source to an electric field value anywhere in space. The solution to Green’s
functions for cylindrical geometries are well-known and have been explored by many
authors [tai94, li03, sun02, misra85, reyhani99]. Our particular derivation is based on
the exact solution using well-known cylindrical boundary value techniques presented
in [chew95]. Thus, we provide a tutorial of these techniques as they apply to a lossy
cylinder, as well as practical methods for implementing the solution on a computer.
Due to their simplicity, cylinders have been used by many researchers to understand propagation trends around the human body. The uniform theory of diffraction
(UTD) has been used to relate pathloss trends on the surface of a body to those of
a perfectly conducting cylinder [zhao06]. However, this approach is only valid for
high-frequencies and normally polarized sources. Other UTD approximations have
been used to study the influence of moving bodies on the propagation channel between
antennas located in different parts of a room or building [ghaddar04, ghaddar04b].
However, these results are not valid when the antennas are worn directly on the body.
Alternatively, finite difference time domain (FDTD) methods have been widely used
to study propagation near the body [zhao06, scanlon01, luebbers96]. However, FDTD
simulations are very computationally complex when considering small, thin sources
near curved lossy surfaces [hall06, kunz93]. Furthermore, these studies do not propose simple, generic, pathloss laws useful for analyzing communication systems. In
contrast, we are the first researchers to use the exact solution to Maxwell’s equations
to propose basic communication pathloss laws on the surface of the body. Our approach is more appropriate than UTD for studying WBAN systems where the sources
are worn within a wavelength of scattering objects. While the resulting mathematical
forms are complicated, the exact solution can still be used to calculate pathloss trends
for different polarities, frequencies, and curvatures much faster than FDTD. In addition, the Green’s function solution we review can be used in an integral equation which
can then be solved using the method of moments to study complex, thin, planar antennas near curved lossy surfaces more easily than with FDTD [harrington68, hall06].
Finally, we present the exact solution to a canonical problem useful for justifying UTD
approximations and FDTD simulations needed to study more complex geometries.

2.1

Line source outside a lossy cylinder

Figure 2.2 provides a more precise diagram of our geometry emphasizing the major
variables used throughout our analysis. An infinite cylinder of radius a is oriented
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Figure 2.2: Geometry and coordinate system for our analysis

along the z-axis at the origin of the coordinate system. An infinite linear current source
is located at cylindrical coordinates (ρ0 , φ0 ). We let the current on this line vary along
the z-axis as Iv e−jkz z , where Iv is the amplitude of the current. The exponent indicates
the current source is a traveling wave in the ẑ-direction with a propagation constant kz .
This choice of current will allow us to convert it to a point source by means of an
inverse Fourier transform in Section 2.2.
We begin our body area modeling developments by writing down Maxwell’s equations in differential form with phasor notation:

∇×E =
∇×H =

−jωµH
J + jω²E
ρv
∇·E =
²
∇·H = 0

(2.1)
(2.2)
(2.3)
(2.4)

Equation (2.1) expresses Faraday’s law indicating that a time varying magnetic field
(H) produces an electric field (E). The term ω is the angular frequency and µ is the
permeability of the medium. Equation (2.2) expresses Ampere’s generalized circuit
law indicating that a current (J) or a time-varying electric field produces a magnetic
field. The term ² represents the permittivity of the medium. Equation (2.3) expresses
Gauss’ law indicating that the electric flux outside of a closed surface is proportional to
the total charge inside the surface. The term ρv represents the charge density. Finally,
equation (2.4) indicates that there are no isolated magnetic charges.
Equations (2.1) and (2.2) can be combined to create two uncoupled equations of
E and H at the expense of increasing the order. This yields the well-known Vector
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Helmholtz Equations which are more convenient for solving our problem 1 :
(∇2 + k 2 )E =
(∇2 + k 2 )H =

jωµJ
−∇ × J

(2.5)

The term k is called the wavenumber. It represents the number of wavelengths in a
cycle and is defined as
√
k = ω µ²
(2.6)
We want to determine the electric field E and magnetic field H that satisfy equation
(2.5) for the geometry shown in Figure 2.2. We know that the general solution to
this equation can be written as the sum of the solution to the homogeneous equation
(∇2 + k 2 )E = 0 or (∇2 + k 2 )H = 0, and any particular solution to equation (2.5).
The solution to the homogeneous equation will correspond physically to the scattered
field by the cylinder and will be discussed in Section 2.1.1. The particular solution will
correspond to the incident field from the line source propagating through free space
without the presence of the lossy cylinder and will be discussed in Section 2.1.2. Some
of the mathematical forms presented here can be difficult to interpret. Thus, in addition
to presenting the mathematical derivation, we will also provide a physical interpretation
of the resulting expressions.

2.1.1

Scattered field

To obtain the homogeneous solution representing the scattered field, we will expand
the homogeneous equation of the ẑ component of the electric field in cylindrical coordinates:
µ
µ
¶
¶
1 ∂
∂Ez
1 ∂ 2 Ez
∂ 2 Ez
2
2
s
2
(∇ + k )Ez =
ρ
+ 2
+
+ k Ez = 0
(2.7)
ρ ∂ρ
∂ρ
ρ ∂φ2
∂z 2
The term Ezs denotes the ẑ-component of the solution to the homogeneous equation.
We will derive the well-known homogeneous solution for the ẑ-component only and
show later how the other components of the electromagnetic field can be derived from
knowledge of the ẑ-components only. Furthermore, we have only written down the
homogeneous equation for the electric field. However, the magnetic field has exactly
the same form. Therefore, we will only show the developments for the electric field
but the same derivation also applies to the magnetic field.
Equation (2.7) can be solved through separation of variables by postulating that
the electric field can be represented by the product of some functions Ezs (ρ, φ, z) =
R(ρ)Φ(φ)Z(z):
µ
¶
1
∂
∂R(ρ)
1
∂ 2 Φ(φ)
Φ(φ)Z(z)
ρ
+ 2 R(ρ)Z(z)
ρ
∂ρ
∂ρ
ρ
∂φ2
∂ 2 Z(z)
+ k 2 R(ρ)Φ(φ)Z(z) = 0
(2.8)
+R(ρ)Φ(φ)
∂z 2
1
gives
Multiplying this expression by R(ρ)Φ(φ)Z(z)
µ
¶
1 1 ∂
∂R(ρ)
1 1 ∂ 2 Φ(φ)
ρ
+ 2
ρ R(ρ) ∂ρ
∂ρ
ρ Φ(φ) ∂φ2
1 ∂ 2 Z(z)
+
+ k2 = 0
(2.9)
Z(z) ∂z 2
1 Note that we have set ρ = 0 in writing the Helmholtz equations since there is no net charge anywhere
v
in the problem we consider
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We define the separation constants m2 and kz2 as follows:
1 ∂ 2 Φ(φ)
= −m2
Φ(φ) ∂φ2

(2.10)

1 ∂ 2 Z(z)
= −kz2
Z(z) ∂z 2

(2.11)

Substituting equation(2.10) and (2.11) into equation (2.9) then gives
µ
¶
1 1 ∂
∂R(ρ)
−m2
ρ
+ 2 − kz2 + k 2 = 0
ρ R(ρ) ∂ρ
∂ρ
ρ

(2.12)

These equations together with (2.7) allow us to write three equations separated in terms
of Φ, Z, and R as follows:
∂ 2 Φ(φ)
+ m2 Φ(φ) = 0
∂φ2
∂ 2 Z(z)
+ kz2 Z(z) = 0
∂z 2
µ
¶
∂
∂R(ρ)
ρ
ρ
+ (ρ2 kρ2 − m2 )R(ρ) = 0
∂ρ
∂ρ
with
kρ =

p

k 2 − kz2

(2.13)
(2.14)
(2.15)
(2.16)

The solutions of equations (2.13) and (2.14) are harmonic functions of the form Φ(φ) =
aejmφ and Z(z) = be−jkz z respectively. Equation (2.15) is the well-known Bessel’s
equation of order m having a solution that can be written in terms of Hankel and
(2)
(2)
Bessel functions of the form R(ρ) = cm Hm (kρ ρ) + dm Jm (kρ ρ) where Hm (kρ ρ)
and Jm (kρ ρ) represent the Hankel function of the second kind with order m and
the Bessel function of the first kind with order m respectively. Since we have set
Ezs (ρ, φ, z) = R(ρ)Φ(φ)Z(z), the solution for the homogeneous equation is of the
following form:
+∞
X

Ezs (ρ, φ, z) =

³
´
(2)
am ejmφ bm e−jkz z cm Hm
(kρ ρ) + dm Jm (kρ ρ)

m=−∞
+∞
X

=

´
³
(2)
(kρ ρ)
ejmφ e−jkz z Am Jm (kρ ρ) + A0m Hm

m=−∞

(2.17)
Following the same reasoning, a similar expression can be derived for the magnetic
field:
Hzs (ρ, φ, z) =

+∞
X

³
´
0
(2)
Hm
(kρ ρ)
ejmφ e−jkz z Bm Jm (kρ ρ) + Bm

m=−∞

(2.18)
It is worth briefly discussing the physical significance of the scattered solution given
by equations (2.17) and (2.18). The summation over m indicates that only solutions
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with an integer m are admissible. This is simply because in our cylindrical coordinate
system, the solution must be periodic with respect to φ (period = 2π). Note that there
is a second solution to (2.13) of the form Φ(φ) = ae−jmφ . However, since our summation in equation (2.17) and (2.18) is for m between positive and negative infinity,
we only need to write down ejmφ . The choice of sign in the exponent is arbitrary but
is usually chosen this way by convention. The Bessel and Hankel functions in parentheses define the variations in the field with respect to ρ. They correspond to standing
waves and traveling waves respectively. Thus, equations (2.17) and (2.18) state that the
scattered field due to the cylinder can be expressed as a sum of standing and traveling
waves originating from the origin that are periodic with respect to φ. The mth term in
the summation is called the mth cylindrical harmonic and has a period 2π
m with respect
to φ.
0
In order to derive the constants Am , A0m , Bm and Bm
for each harmonic, we first
need to determine the fields generated from our line-source. This is the subject of the
following section. After this, we will apply the boundary conditions with the total field
to determine these constants for our geometry in Figure 2.2.

2.1.2

Incident field

Equation (2.17) presents the solution to the homogeneous equation. For the general solution, we also need to derive a particular solution to the non-homogeneous Helmholtz
equation (2.5). One solution to this non-homogeneous equation corresponds to the current source in free-space without the presence of the lossy cylinder. This is called the
incident field which we will denote Ei .
The incident field can be determined by noting that the field everywhere, except on
the current source itself, must take the form of the homogeneous solution in equation
(2.17) since there are no current or charge sources in free-space. Thus, the ẑ component
of the incident field will take the form:
Ezi (ρ, φ, z) =

³
´
0
(2)
ejmφ e−jkz z Cm Jm (kρ ρ) + Cm
Hm
(kρ ρ)

+∞
X

(2.19)

m=−∞

Physically, we expect the fields generated by the line-source to consist of displaced
outgoing cylindrical waves originating from the line-source at ρ = ρ0 (see Figure 2.3).
This expression indicates we can also express those fields by a sum of un-displaced
cylindrical harmonics originating from the origin (see Figure 2.4). The reason why we
want to express the incident field solution as a sum of waves originating from the origin
is that they have the same geometry as the lossy cylinder. This will make it easier to
apply the boundary conditions of the complete solution at the surface of the cylinder in
the following section.
0
We now need to determine the constants Cm and Cm
by applying the boundary
conditions at the current source. The current source for our geometry shown in Figure
2.2 can be expressed mathematically as:
Jv =

+∞
X
Iv e−jkz z
δ(ρ − ρ0 )δ(φ − n2π)ẑ
0
ρ
n=−∞

(2.20)

Note that, without loss of generality, we have assumed that the source is located at φ0 =
0 and z 0 = 0 which will simplify our notation. We have also written this expression
so it is valid for φ ∈ (−∞, +∞). This requires the term 2nπ (for all integers n) since
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Undisplaced cylindrical wave

Displaced cylindrical wave

Figure 2.3: The left side shows the wavefronts of an undisplaced cylindrical wave,
while the right side shows the wavefronts of a displaced cylindrical wave that would
be generated by a line source located at coordinates (ρ0 , φ0 )
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Figure 2.4: A displaced cylindrical wave can be represented by a sum of undisplaced
cylindrical waves. This representation is more convenient for applying the boundary
conditions with the lossy cylinder which is centered at the origin.
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Figure 2.5: A displaced line source can be represented by a sum of undisplaced cylindrical current sheets. This representation is more convenient for applying the boundary
conditions at the current source.
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our cylindrical geometry is periodic with φ every 2π radians. The vector ẑ indicates
a vertical polarization. For the horizontal polarization case, we will simply replace ẑ
with φ̂ and denote the current density and its amplitude as Jh and Ih respectively.
Our current source representation in equation (2.20) will make it difficult to apply the boundary conditions since it has the form e−jkz z while the incident field in
equation (2.24) is expressed in terms of the sum of cylindrical harmonics of the form
ejmφ e−jkz z . We will therefore transform our line source into a similar sum of cylindrical harmonics by applying the following Fourier Transform pair:
+∞
X

δ(φ − n2π) ↔

n=−∞

+∞
X

δ(F − m)

(2.21)

m=−∞

This simply expresses the well-known results that the Fourier series representation of a
periodic sequence of impulses is another periodic sequence of impulses. Applying the
definition of the Fourier transform and dirac function now yields the following relation:
+∞
X

δ(φ − n2π) =

n=−∞

=

1
2π

Z

+∞

+∞
X

δ(F − m)ejF φ dF

−∞ m=−∞

+∞
1 X jmφ
e
2π m=−∞

(2.22)

Substituting (2.22) into (2.20) yields the following representation of the current source:
J=

+∞
X
I
0
δ(ρ
−
ρ
)
ejmφ e−jkz z ẑ
2πρ0
m=−∞

(2.23)

which now has the same mathematical form as equation (2.19).
It is useful at this point to consider the physical significance of our new current
source representation given in equation (2.23). The source is now defined for all φ
and is periodic every φ = 2nπ indicating a cylindrical current sheet. Thus, by using the Fourier Transform relation of equation (2.21), we have represented the original
line source as a sum of cylindrical current sheets centered at the origin (see Figure
2.5). These current sheets have the same geometry as the cylindrical waves of equation (2.19) representing the field in free-space. This will allow us to easily apply the
boundary conditions along the surface of the current sheet.
Since all of our expressions are now written using cylindrical harmonics having
the form ejmφ e−jkz z we will simply assume this term from now on without explicitly
writing it every time. Furthermore, we introduce the following notation to represent a
particular harmonic of propagation:
³
´
i
0
(2)
Em,z
(ρ, φ, z) = Bm Jm (kρ ρ) + Bm
Hm
(kρ ρ)
(2.24)
i
In this notation, Em,z
represents the mth harmonic of the incident field from equation
(2.19). While we have not explicitly written the term ejmφ e−jkz z , it is still there and we
must remember to multiply the signal by jm or −jkz whenever we take its derivative
with respect to φ or z. This notation is therefore analogous to phasor notation where
we always implicitly assume an ejωt term throughout and must remember to multiply
by jω whenever we differentiate with respect to time.
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(2)

We know that the Hankel function Hm (kρ ρ) from equation (2.24) approaches
infinity as kρ ρ → 0. Since we cannot have infinite fields in practice, the portion of our
geometry which includes the origin can only consist of Bessel functions. Similarly, the
Bessel function Jm (kρ ρ) approaches infinity as kρ ρ → ∞ so the region outside our
cylindrical sheet can only consist of Hankel functions. This allows us to re-write the
incident field inside and outside the cylindrical current sheet as
½
Cm Jm (kρ ρ) ρ ≤ ρ0
i
(2.25)
Em,z
=
(2)
0
Cm
Hm (kρ ρ) ρ ≥ ρ0
The expressions for the magnetic field have the same form, so we can also write the
ẑ-component of the magnetic field
½
Dm Jm (kρ ρ) ρ ≤ ρ0
i
Hm,z =
(2.26)
(2)
0
Dm
Hm (kρ ρ) ρ ≥ ρ0
As mentioned in the previous section, the other field components of the electromagnetic field will have the same form but will introduce additional constants. We can
greatly simplify the problem by using the following relations which are valid in any
homogeneous medium [chew95]:
Es
Hs
with

=
=

1
kρ2
1
kρ2

(−jkz ∇s Ez + jωµẑ × ∇s Hz )
(−jkz ∇s Hz + jω²ẑ × ∇s Ez )

(2.27)

∂
+ φ̂ jm
∇s = ρ̂ ∂ρ
ρ
∂
ẑ × ∇s = φ̂ ∂ρ
− ρ̂ jm
ρ

(2.28)

This result can be derived easily from Maxwell’s Equations and a short proof is
given in Appendix A. The vectors Es and Hs represent the φ̂ and ρ̂ components of
the electromagnetic field, while the scalars Ez and Hz represent the ẑ components.
This equation states that we only need to know the vertical components of the electromagnetic fields in order to derive all six components of the electromagnetic field in
cylindrical coordinates.
Since we know the ẑ components, we can apply equation (2.27) to (2.25) and (2.26)
to get the φ̂ components:
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(2.29)
Em,φ
=
0
(2)
(2)
0
0 mkz
 12 Cm
ρ ≥ ρ0
k
ρ Hm (kρ ρ) + jωµkρ Dm Hm (kρ ρ)
ρ

and
i
Hm,φ
=





1
kρ2

1
2
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ρ

³

´
0
z
Dm mk
J
(k
ρ)
−
jω²
k
C
J
(k
ρ)
m
ρ
0
ρ
m
ρ
m
ρ

´
(2)
(2)0
0 mkz
0
Dm
ρ Hm (kρ ρ) − jω²0 kρ Cm Hm (kρ ρ)

ρ ≤ ρ0
ρ ≥ ρ0

(2.30)

Equations (2.25) - (2.26) must satisfy the following tangential boundary conditions
at the surface of the current sheet (ρ = ρ0 ):
Ez1 = Ez2
Eφ1 = Eφ2
ρ̂ × (H2 − H1 ) = J

(2.31)
(2.32)
(2.33)
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The subscripts 1 and 2 indicate fields just inside and outside the current sheet respectively. The resulting solution for a vertically and horizontally polarized current source
will be discussed in the following two sections.
Vertical polarity
For the vertical polarity, the current source is polarized in the ẑ direction as indicated
in equation (2.23). This allows us to re-write the tangential magnetic field boundary
condition of equation (2.33) as:
Hφ2 − Hφ1
Hz2 − Hz1

= Jzv
= Jφv

=
=

Iv
2πρ0

(2.34)

0

Substituting equations (2.29) and (2.30) into the four tangential boundary conditions
from equations (2.31), (2.32), and (2.34) along the surface of the current sheet (ρ = ρ0 )
leads to the following four independent equations:
0
(2)
Cm Jm (kρ ρ0 ) − Cm
Hm
(kρ ρ0 )
¶
µ
mkz
0
0
0
Cm 0 Jm (kρ ρ ) + jωµkρ Dm Jm (kρ ρ ) −
ρ
¶
µ
mk
z
0
(2)0
0
0
0
(2)
Cm 0 Hm (kρ ρ ) + jωµkρ Dm Hm (kρ ρ )
ρ
0
Hm (2)(kρ ρ0 )
Dm Jm (kρ ρ0 ) − Dm
µ
¶
1
mkz
0
0
0
Dm 0 Jm (kρ ρ ) − jω²0 kρ Cm Jm (kρ ρ ) −
kρ2
ρ
µ
¶
1
0 mkz
(2)
0
0
(2)0
0
Dm 0 Hm (kρ ρ ) − jω²0 kρ Cm Hm (kρ ρ )
kρ2
ρ

=

0

(2.35)

= 0

(2.36)

=

0

(2.37)

=

Iv
2πρ0

(2.38)

We now have a set of four independent equations with four unknowns which can be
solved easily to yield:
Cm

=

0
Cm

=

Dm
0
Dm

=
=

kρ2 (2)
H (kρ ρ0 )
4ω² m
kρ2
−Iv
Jm (kρ ρ0 )
4ω²
0
0
−Iv

(2.39)
(2.40)
(2.41)
(2.42)

We have made use of the following well-known identity to write the result in this simple
form [chew95]:
2j
0
(2)
(2)0
(2.43)
Jm
(x)Hm
(x) − Jm (x)Hm
(x) =
πx
Equations (2.39) - (2.42) can now be substituted into equations (2.25), (2.26), (2.29)
and (2.30) to obtain the incident field of a vertically polarized line source in free-space.
The electric field for a vertically polarized line source will have a ẑ component,
0
but the magnetic field will not since Dm = Dm
= 0. This agrees with intuition since
a vertically polarized source in free-space will produce a vertically polarized electric
field, but only a horizontally polarized magnetic field.
Since we focus on polarizations tangent to the body, we have not expressly written
out the ρ̂ components. However, since we know the vertical components, we can of
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If the current is the
same everywhere
on the line source...

If the current varies
along the line source...

... then the current
above and below
cancel and there is
no radial component
to the field.

...then the current
above and below do
not cancel and there
is a radial component
to the field.

Figure 2.6: A line source having a current density that varies along its length creates
a radial component to the field.
course calculate the ρ̂ components using equation (2.27). In this case, we would see
that both the magnetic and electric fields have a ρ̂ component which also agrees with
intuition. If there were no variation in the current source along ẑ, the fields due to
the infinite line source above and below the observation point would always cancel
producing no ρ̂ components. However, we consider a current source that does vary
along ẑ according to e−jkz z so that, in general, the line source above and below the
observation point will not cancel and we can have a ρ̂ component (see Figure 2.6).
Finally, we can see from our analytical results that both the electric and magnetic
field have a φ̂ component which also agrees with intuition. This is because we consider
a line-source displaced to position ρ = ρ0 . If we considered an un-displaced line-source
located at the origin ρ = 0, the electric field would only have ẑ and ρ̂ components as
previously discussed. However, if we now displace the line-source, it will have a φ̂
component relative to our original coordinate system.
Horizontal polarity
The developments for the horizontally polarized current source proceed in the same
manner as the vertically polarized current source except now the current sheets have a φ̂
polarization instead of the ẑ polarization. Thus, the tangential magnetic field boundary
condition of equation (2.33) can be written as:
Hφ2 − Hφ1
Hz2 − Hz1

=
=

Jzh
Jφh

=
=

0
Ih
2πρ0

(2.44)

and we have the following four independent equations:
0
Cm Jm (kρ ρ0 ) − Cm
Hm (2)(kρ ρ0 ) = 0
µ
¶
1
mkz
0
0
0
Cm 0 Jm (kρ ρ ) + jωµkρ Dm Jm (kρ ρ ) −
kρ2
ρ
µ
¶
1
0 mkz
(2)
0
0
(2)0
0
Cm 0 Hm (kρ ρ ) + jωµkρ Dm Hm (kρ ρ )
= 0
kρ2
ρ

Ih
0
Dm Jm (kρ ρ0 ) − Dm
Hm (2)(kρ ρ0 ) =
2πρ0
µ
¶
mkz
0
Dm 0 Jm (kρ ρ0 ) − jω²0 kρ Cm Jm
(kρ ρ0 ) −
ρ
µ
¶
0 mkz
(2)
0
0
(2)0
0
Dm 0 Hm (kρ ρ ) − jω²0 kρ Cm Hm (kρ ρ )
= 0
ρ

(2.45)

(2.46)
(2.47)

(2.48)
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with the solution
Cm

=

0
Cm

=

Dm

=

0
Dm

=

mkz (2)
H (kρ ρ0 )
4ω²ρ0 m
mkz
−Ih
Jm (kρ ρ0 )
4ω²ρ0
1 (2)0
−Ih kρ Hm
(kρ ρ0 )
4j
1 0
−Ih kρ Jm
(kρ ρ0 )
4j
−Ih

(2.49)
(2.50)
(2.51)
(2.52)

We have again used equation (2.43) to write the solution in this form.
0
Unlike the vertically polarized case, Dm and Dm
are non-zero indicating the magnetic field also has a ẑ component. This agrees with intuition since a horizontally
polarized current source will create a vertically polarized magnetic field.

2.1.3

Total field

We have now developed the solution for the homogeneous equation in Section 2.1.1,
and a particular solution to the non-homogeneous in Section 2.1.2. The general solution
is the sum of these two solutions:
Etm = Esm + Eim

(2.53)

As indicated at the end of Section 2.1.1, we still need to solve for the unknowns Am ,
0
from equations (2.17) - (2.18) to determine the ẑ component of the
A0m , Bm , and Bm
scattered solution. We can re-write the scattered field using the notation developed in
Section 2.1.2 as
½
Am Jm (kρ ρ) ρ ≤ a
s
(2.54)
Em,z
=
(2)
A0m Hm (kρ a) ρ ≥ a
and

½
s
Hm,z
=

Bm Jm (kρ ρ) ρ ≤ a
(2)
0
Hm (kρ a) ρ ≥ a
Bm

(2.55)

Subscript m indicates the mth harmonic and we implicitly assume the term ejmφ e−jkz z .
As in the case of the incident field, we know the solution in the region inside the cylinder can only consist of Bessel functions while the region outside the cylinder can only
consist of Hankel functions. We can also use the same approach to determine the φ̂
from the vertical components by applying equation (2.27) to (2.54) and (2.55) yielding:
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Am mk
ρ Jm (kρ ρ) − jω²0 kρ Bm Jm (kρ ρ)
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z
A0m mk
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(2.57)

0
We can now solve for Am , A0m , Bm , and Bm
by applying the tangential boundary
conditions of equations (2.31) - (2.33) to the surface of the cylinder at ρ = a. In our
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case, these boundary conditions state that the fields just inside the cylinder equal the
fields just outside the cylinder. We can write this as follows:
Et(1) = Et(2)

(2.58)

where Et(1) and Et(2) represent the total tangential components of the electric field just
inside and just outside the cylinder respectively. A similar expression can be written
for the tangential components of the magnetic field. Using the fact that the total field
is the sum of the incident and scattered fields, it is convenient to re-write the boundary
conditions of equation (2.58) as follows:
Et(1)
− Es(2)

= Es(2) + Ei(2)
=
Ei(2)

Et(1)

(2.59)

where Es(2) and Ei(2) represent the scattered and incident tangential field components
just outside the cylinder respectively. Finally, we can use our previous definitions of
these various field components to re-write the second line of equation (2.59) in matrix
format as follows:


J(1)
0
 − F² ²r J(1)
 kρ1
 Fm
 k2 J(1)
ρ1

0

−H(2)
0
F²
Fm
0
H
2 J(1)
kρ2 (2)
kρ2
F
µ
0
− kF2m H(2) kµρ1r J(1)
ρ1
0

J(1)

0





Am
− kF2m H(2) 
0 


ρ2
 Am 

Fµ
0
− kρ2 H(2)
  Bm 
0
Bm
−H(2)

iv
ih 
Em,z
+ Em,z
iv


Hm,φ

=
iv
ih 
 Em,φ + Em,φ
ih
Hm,z



(2.60)

iv
ih
The terms Em
and Em
represent the incident fields for vertically and horizontally
polarized line-sources with amplitudes Iv and Ih respectively. Their solution was alz
ready given in Section 2.1.2. We have introduced the terms Fm = mk
a , Fµ = jωµ,
F² = jω²0 to express the equation more compactly. Similarly, we have also introduced
(2)
the notation J(i) = Jm (kρi a) and H(i) = Hm (kρi a), where i = 1 and i = 2 refer to
the material just inside and outside the cylinder respectively.
To understand equation (2.60), we must first understand where each of the elements
in the matrices are coming from and what they represent. On the left hand side of equation (2.60), the terms in the first and third columns represent the total fields inside the
lossy cylinder and come from equations (2.54)- (2.57). Note that the total field inside
the cylinder should be the sum of the scattered and incident field solutions. However,
these solutions have the same form for ρ < a. Thus, we have combined them into
one term and assign them the constants Am and A0m . The second and fourth columns
represent the scattered field just outside of the lossy cylinder and also come from equations (2.54)- (2.57). In this case, the scattered and incident fields do not have the same
form and can not be combined into a single term. Instead, we have introduced the incident fields outside the cylinder given by equations (2.25)-(2.26) and (2.29)-(2.30) on
the right-hand side of the equation. Thus, equation 2.60 states that ”the total field just
inside the cylinder minus the scattered field just outside the cylinder equals the incident
field just outside the cylinder” which is what is expressed in equation (2.59).
0
We could solve equation(2.60) and express the constants Am , A0m , Bm , and Bm
in
closed form. However, the resulting expressions are complicated and do not provide
any additional insight. Therefore, we will simply solve the equation numerically when
we implement our model on a computer in Section 2.2.

2.2 Point source outside a lossy cylinder
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b=Im{kz}

2

b=C

(1 - ( a-ko
ko ) )

kz = ko

b=0

a=Re{kz}

Singularity in linesource solution

Figure 2.7: A parabolic contour around the singularity at kz = k0 is a good numerical
method for evaluating the inverse Fourier transform when converting to a point source.

2.2

Point source outside a lossy cylinder

In Section 2.1 we developed the solution for a line source near a lossy cylinder. Our
goal now is to convert the solution for a line-source into the solution for a point source.
This can be accomplished using the following Fourier Transform equivalence:
Z ∞
1
δ(z) =
e−jkz z dkz
(2.61)
2π −∞
In our case, we can see that the left hand side of the equation could represent a point
source. We could also interpret the right hand side of the equation to be a sum of
line sources each having a current that is a traveling wave with a vertical propagation
constant kz . This, of course, is the type of current source we considered in the previous
section. Because Maxwell’s Equations represent a linear system, we know that the
combined field due to several sources is equal to the sum of the fields of each individual
source. Therefore, we can write the following:
Z ∞
1
Ept =
Et e−jkz z dkz
2π −∞
Z ∞ X
∞
¡ s
¢
1
(2.62)
=
E + Eim e−jkz z dkz
2π −∞ m=−∞ m
The vector Ept represents the field due to a point source. The vector Et represents the
total field due to a line source. Thus, equation (2.62) indicates that the field due to a
point source can be expressed as the sum of the fields due to line sources. The second
line of the equation reminds us that the field due to a line source can further be decomposed into the sum of cylindrical harmonics due to the incident field originating from
the current source itself (Eim ) and the scattered field due to the lossy conductor (Esm ).
Mathematically, Esm and Eim correspond to the homogeneous and particular solutions
to Maxwell’s Equations for the geometry shown in Figure 2.2. It is too difficult to perform the integration of equation (2.62) analytically so we must resort to a numerical
integration by computer.
The box on the following page summarizes the implementation of our body area
propagation model developed in Section 2.2. The inputs to this model are the wavenumbers of the materials inside and outside the cylinder (k1 and k2 ), the location of the point
source (ρ0 ,φ0 ,z 0 ), and the frequency (ω). The outputs are the electric and magnetic field
values at all points inside and outside the cylinder.
The top of the box shows how to calculate the scattered and incident fields for a line
source near a lossy cylinder as discussed in Sections 2.1.1 and 2.1.2. Both solutions
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Summary of Lossy Cylinder Solution
Calculating the incident and scattered fields:
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with: Fp
m = a , Fµ = jωµ, F² = jω²0 , J(i) = Jm (kρi a) and H(i) = Hm (kρi a)
kρi = ki2 + kz2 , i = 1 and i = 2 refer to material inside and outside the cylinder.

Numerical integration to calculate point source:
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where Eim and Esm are evaluated at kz (n∆), and Eim = Eiv
m + Em
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have the same mathematical form, but different constants. The constants are given
directly for the incident fields, but must be computed numerically for the scattered
field. This can be accomplished using any number of numerical methods including
Gauss-Jordan elimination or QR decomposition [press07].
The bottom of the box shows how to convert the resulting line source solution to
a point source as discussed in Section 2.2. This requires numerically evaluating the
integral given in equation (2.62). Unfortunately, this is complicated by the presence of
a singularity in
pthe line source solution when kz = k0 . This singularity can be seen by
noting kρ = k02 − kz2 as indicated in equation (2.16). Thus, kρ → 0 when kz → k0
which will cause the various Hankel functions in our solution to approach infinity. To
avoid the singularity in the line-source solution, we can perform a contour integral in
the complex plane around the singularity at kz = k0 . We have found that a parabolic
contour defined as in Figure 2.7, together with Simpson’s Rule, provides a practical
numerical integration technique that rapidly converges to the exact solution.
We must carefully choose the parameter C defining the height of the parabolic
contour in Figure 2.7. If C is too small, then the contour gets too close to the singularity
and the integrand will become difficult to evaluate. On the other hand, if C is too large,
then the derivative of the contour gets too large and we need to increase the resolution
of our numerical integration (∆) for the same accuracy. Thus, a particular choice of
C is a compromise between these two effects. An exact numerical analysis of this
problem is beyond the scope of this dissertation. Instead, we have simply plotted the
integrand and selected C to produce a smooth result.
Simpson’s Rule is a particularly appropriate numerical integration technique for
parabolic curves [press07]. The explicit formula for the complex version of Simpson’s
Rule needed to determine Ept is given in the box. The terms in square brackets correspond to the integrand of equation (2.62). The contour integral and its derivative are
given by kz (x) and kz0 (x) respectively. The term ∆ corresponds to the resolution of
the integration and a suitable value can be chosen graphically together with C.
In theory, an infinite number of terms is required in both summations. In practice,
of course, we can only evaluate a finite number of terms N and M . For the outer summation, we can simplify the calculation using the ejθ = cos(θ) + j sin(θ). This allows
us to express the integrand in terms of cosines instead of exponentials, and to sum from
n = 0 to N instead of from −N to N . We can select N by plotting the integrand and
ensuring it decays sufficiently. The number of terms for the inner summation, M , is
more problematic since routines for computing Hankel functions may exhibit numerical overflow problems for large m and small complex or real arguments. Fortunately,
this numerical aspect of our problem has already been investigated. A simple recursive
formula for obtaining the largest calculable m for Hankel functions has been derived
in [dutoit93] and can be used to obtain a suitable M .
We have verified the analytical model is correct in several different ways. First,
we have set the material properties of the cylinder to free-space and confirmed the
electromagnetic fields calculated from our expressions match those predicted by the
well-known expressions of horizontally and vertically polarized Hertzian dipoles in
freespace [cheng92]. Furthermore, we have verified that the electric fields calculated
by the computer just inside and just outside the surface of the lossy cylinder and on
either side of the point source match exactly confirming the expressions we have derived correctly satisfy the boundary conditions. Finally, we have found a good match
between the electric fields calculated by our model with the fields simulated using UTD
[mcnamara91], assuming the cylinder has a high conductance and the point source is
far from the cylinder.
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Propagation trends for body area networks

We have implemented the analytical body area propagation model as discussed in the
previous Section. We now use this model to predict broad trends in body area propagation systems. We pay particular attention to phenomena that are important in our
empirical investigations of the following chapters. Section 2.3.1 begins by discussing
body area tissue properties. Section 2.3.2 discusses propagation trends into and away
from the body, while Section 2.3.3 discusses propagation trends along the surface of
the body. Finally, Section 2.3.4 discusses the implications of these trends by comparing
pathloss models of various body area propagation scenarios with pathloss in free space
and typical office environments.

2.3.1

Electric properties of body tissues

Before discussing propagation trends near the body, we will summarize the electrical properties of human tissues. We will use the tissue properties discussed here for
simulating and interpreting our model in Section 2.3.2 - 2.3.3.
Energy exchanges in biological tissue occur with either free charges or dipolar
molecules such as water. In a rapidly alternating field, free charges are accelerated to
produce a current. This will result in some resistive losses depending on the material’s
conductivity. Dipolar molecules are reoriented resulting in frictional losses depending
on the material’s permittivity [johnson72, scanlon01].
The conductivity and permittivity vary with frequency of the applied field and the
properties of different body tissues. The electrical properties of body tissues is based
largely on the amount of water and ionic content [johnson72, scanlon01]. Table 2.1
summarizes approximate properties of high water content tissues such as skin and
muscle. Table 2.2 gives properties for low water content tissues such as fat and bone.
Tissues with high water content have an order of magnitude higher permittivity and
conductivity than tissues with low water content. In general, conductivity increases
with frequency while the relative dielectric constant decreases with frequency. These
trend are related to the resonant polar properties of water molecules [johnson72]. Additionally, a wave will propagate through a dielectric material with reduced speed leading
to a reduced wavelength according to:
λ0
λ= √
²r

(2.63)

where λ0 is the wavelength in free space, ²r is the relative permittivity of the mateFrequency
(MHz)
433
915
2450
5800
10000

Wavelength
in air
(cm)
69.3
32.8
12.2
5.17
3

Dielectric
Constant
(²r ²0 )
53
51
47
43.3
39.9

Conductivity
σ
(mho/m)
1.43
1.60
2.21
4.73
10.3

Wavelength
λ
(cm)
8.76
4.46
1.76
0.775
0.464

Table 2.1: Electric properties of human tissues with high water content such as muscle
and skin [johnson72].
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Frequency
(MHz)
433
915
2450
5800
10000

Wavelength
in air
(cm)
69.3
32.8
12.2
5.17
3

Dielectric
Constant
(²r ²0 )
5.6
5.6
5.5
5.5
4.5
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Conductivity
σ
(mho/m)
0.04-0.12
0.06-0.15
0.10-0.21
0.19-0.34
0.32-0.55

Wavelength
λ
(cm)
28.8
13.7
5.21
2.29
1.41

Table 2.2: Electric properties of human tissues with low water content such as fat and
bone [johnson72].
rial. The complex permittivity used in our analytical model can be calculated from the
parameters in Tables 2.1 and 2.2 as follows [cheng92]:
² = ²r ²0 + j

σ
ω

(2.64)

where ²0 is the permittivity of freespace, ²r is the relative permittivity, σ is the conductance, and ω is the angular frequency.

2.3.2

Propagation away from and into the body

Figure 2.8 shows the electric field magnitude expressed in dBV/m as a function of
observation radius for a point source just outside a lossy cylinder2 . It shows the field
values for both a 400 MHz and a 2.45 GHz source. In both cases, the point source
is located at ρ0 = 0.16 meters. The lossy cylinder is centered at the origin and has a
radius of a = 0.15 meters which roughly corresponds to the radius of a typical human
torso. It is indicated on the figure with dashed lines. The source is therefore just one
centimeter away from the cylinder on the right side. We set the material properties of
the cylinder according to the high-water content tissues in Table 2.1.
As indicated in the introduction to this chapter, our model is a gross simplification
of reality. It is important to understand its limitations when interpreting this and similar
figures. It literally represents the electric field values produced by a 1 Amp alternating
current on an infinitesimal source floating in free space near a lossy conductor. Actually, we could add together several of these infinitesimal current sources and extend
our model to approximate arbitrary tangentially polarized current sources. Thus, our
model allows us to associate field values with an arbitrary current source. However,
we do not specify how this current is produced. More specifically, we do not specify
the voltage required to produce this current and therefore we can not say how much
power is dissipated to generate these fields. In order to do this, we would need to introduce a conductor to carry the current and calculate the resulting impedance of the
antenna-body system. This conductor would introduce additional boundary conditions
disrupting field values in the vicinity of the antenna. Thus, we have two important
limitations of this model. First, we can not predict the pathloss between the input and
output terminals of realistic antennas. Second, we can not predict the field accurately
close to a realistic antenna. We will present future extensions to our model to better represent the antenna in Chapter 8. Despite these limitations, we can still predict
pathloss trends in the far-field of the antenna. For example, we can predict how rapidly
2 dBV/m

is 20log10(E) and represents the magnitude of the electric field in dB relative to 1 V/m
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Figure 2.8: Electric field as a function of observation radius for a point source just
outside a lossy cylinder. The point source is located at ρ = 0.16 meters on the right
side of the figure. The lossy cylinder is shown with dashed lines.

the field will decay versus distance a few wavelengths away from the antenna. For this
reason, Figure 2.8 provides considerable insight into body area propagation. We will
discuss the various propagation trends away from the body, into the body, and behind
the body.
The electric field away from the body on the right side of the figure decays proportionally with the distance (|E|2 ∝ d−2 ) as expected in free space [cheng92]. Obviously,
the pathloss versus distance trend in free-space does not depend on the frequency. However, the 2.45 GHz curve is shifted above the 400 MHz curve indicating higher field
values for a higher frequency source. The reason for this is simply that an electric
field is produced from the acceleration of charges. A higher-frequency source indicates faster acceleration of charges and therefore a higher electric field. We emphasize
that this does not mean a 2.45 GHz antenna will necessarily result in a lower pathloss
than a 400 MHz antenna as indicated in the figure. As already discussed, this would
depend on the type of antenna which, without further extension, is not incorporated
in our model. Thus, we do not focus on the relative shift between curves of different
frequencies when using this model.
The electric field into the body between the dashed lines is roughly a straight line on
our log-linear scale indicating it decays exponentially with distance (E ∝ exp(−d)).
This is also not surprising since the waves are propagating through a lossy medium
and therefore decay exponentially [cheng92]. Inside the body, the rate of decay is frequency dependent. The figure shows the 2.45 GHz curve decaying significantly more
rapidly than the 400 MHz curve since the skin depth is proportional to the wavelength
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[cheng92]. This effect is compounded by the fact that body tissues of high water content tend to be better conductors at higher frequency as indicated in Table 2.1.
The rapid decay of high-frequency signals into the body has several important consequences for body area propagation. First, communication devices designed to work
inside the body tend to use lower frequency for better penetration. For example, the
worldwide MICS band discussed in the introductory chapter operates at 402-405 MHz.
Of course, the consequence of using lower frequencies is a larger antenna size. However, as we have shown in Tables 2.1 and 2.2, the permittivity of body tissues is significantly higher than in free space resulting in a shorter wavelength. Since antenna
size is roughly proportional to wavelength, this drawback of lower frequencies is less
significant in the body. For example, if a 433 MHz antenna is surrounded by tissue of
high water content, it could be manufactured more than a factor 7 times smaller than
the same antenna in free space. Examples of small MICS band antennas are prevalent
in the literature [hall06, kim04, soontornpipit04].
On the other hand, the rapid decay of high-frequency signals into the body can
make them more desirable for devices worn on the body that communicate to remote
devices away from the body. In this case, the lower fields in the body make it easier to comply with the safety regulations discussed in Section 1. Furthermore, in this
scenario, the antennas are not surrounded by high-water content tissue and lower frequency antennas can be too bulky to be worn on the body.
The situation in practice is of course more complicated. For example, while higher
frequency systems are not appropriate for penetration deep within the body, they may
still be used to communicate with devices worn just underneath the skin [timmons04].
Furthermore, regulatory and application requirements must also be considered. Finally, there exist other applications where relatively high-frequency signals are used
inside the body. For example, high frequency electromagnetic imaging can be used to
diagnose breast cancer. Breasts are mostly made of fat which is a low-water content
tissue having lower conductivity and hence better penetration. In addition, tumors can
be classified as benign or malignant depending on their scattering properties at certain
frequencies. Thus, higher frequency signals are often employed in treating and locating
malignant breast cancer tissues inside the body [li05].
Figure 2.8 shows that there is a local minimum of the electric field inside the body.
The field decays roughly exponentially on either side of this minimum. This behavior
indicates that the fields on the opposite side of the body result from diffraction around
the surface of the body rather than penetration through the body. This occurs because
the body is a relatively good conductor so waves are not likely to penetrate from one
side of the body to the other. We have also verified this result with FDTD simulations on more sophisticated models of the body incorporating heterogeneous tissues
[fort05b].
Although not shown on Figure 2.8, the fields far away from the body on the opposite
side of the antenna would again decay proportionally with the distance (|E|2 ∝ d−2 )
since the waves are propagating through free space. As expected, the field values on the
opposite side of the body are much lower since they are shadowed by the body. This
phenomenon is also demonstrated in Figure 2.9 which shows the radiation pattern of the
point source and cylinder system compared with the radiation pattern of a point source
in free space. The patterns are normalized to show the far-zone field strength versus
direction relative to the peak value. Clearly, the resulting radiating system becomes
much more directive. Thus, even if an antenna is omnidirectional in free space, it will
certainly be directive when worn on the body.
Finally, the left side of Figure 2.8 shows how tangential fields decay rapidly close
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Figure 2.9: Normalized far-field radiation pattern for a point source in free-space and
a point source close to a lossy Cylinder.

to the body. For example, we can see that the fields on the left edge of the figure
are actually higher than the fields next to the cylinder even though they are physically
much further away from the antenna. Again, this is because the body is a relatively
good conductor. If it were a perfect conductor, the fields would vanish on the surface
of the body completely according to Maxwell’s Equations. Our bodies are actually
imperfect conductors so we do have some tangential component to the electric field.
Nevertheless, our model predicts the field to decay rapidly close to the surface of the
body since it is a relatively good conductor.
If we were to consider the solution to Maxwell’s Equations for a points source
polarized normal to the body, we would not expect the normal component of the field
to vanish close to the surface of the body. In fact, antenna polarization will have a
fundamental impact on body area propagation and hence communication performance.
We can not, for example, develop a model with an antenna polarized normal to the
body and expect it to apply to the same antenna polarized tangent to the body.
Since, tangential fields close to the body will be lower than fields normal to the
body it is more desirable to use a normally polarized antenna. Unfortunately, normally
polarized antennas would stick out of the body which is less comfortable for the user as
discussed in Section 1. Thus, we focus more on tangential polarization throughout this
dissertation because it is more desirable from an application perspective even though it
is less desirable from an electromagnetic perspective.
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Figure 2.10: Electric field as a function of distance through free-space, along the length
of the cylinder, and around the cylinder. The lossy cylinder radius is 0.15 m, and both
the observation and source radii are 1 centimeter away from the cylinder. All results
are for a frequency of 2.45 GHz.

2.3.3

Propagation along the surface of the body

In the previous section, we discussed propagation trends as a function of observation
radius. This gave us insight into how waves propagate inside the body and far away
from the body. However, in body area networks where both devices are worn on the
body, we are interested in the electric field right on the surface of the body. In this case,
far-field radiation patterns such as Figure 2.9 do not provide much insight.
Figure 2.10 shows the electric field magnitude expressed in dB V/m as a function
of distance for a 2.45 GHz point source. As before, the lossy cylinder has a radius of
a = 0.15 meters. The point source is located just 1 centimeter away from the body
at ρ0 = 0.16 meters. Three curves are presented. The top curve shows the electric
field versus distance for a point source in free space. The middle curve shows the
electric field versus distance along the front surface of a lossy cylinder. The bottom
curve shows the electric field versus distance around the surface of the cylinder. In
this case, the distance refers to the perimeter around the body rather than the straightline distance through the body. The top two curves are obtained using a horizontally
polarized point source tangent to the cylinder and calculating the electric field along
the ẑ direction. For the top curve, we set the material properties of the lossy cylinder to
the properties of free space. For the middle curve, we set the lossy cylinder properties
according to the high water content tissues of Table 2.1. The bottom curve was obtained
by using a vertically polarized point source tangent to the body and varying the angle
of observation φ̂. In all cases, the observation radius is set to the radius of the source
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(ρ = ρ0 = 0.16 m).
We can see from Figure 2.10 that the two curves along and around the surface of
the body (shown with circles and dots respectively) are shifted down compared with
the free space curve. As explained in the previous section, this is because we expect
the tangential fields to be small close to a lossy conductor compared with fields in free
space.
Figure 2.10 also shows that the propagation versus distance trend is very sensitive
to the trajectory we consider. The electric field decays significantly more rapidly when
considering propagation around the cylinder into the shadow region compared with
propagation along the front of the cylinder.
The middle curve, representing propagation along the front surface of the cylinder,
decays somewhat faster than in free space. In free space, |E|2 ∝ d−2 while we have
found that |E 2 | ∝ d−m with m between 3-3.5 provides a reasonable approximation for
different frequencies and radii. It is difficult to provide a physical interpretation of this
trend other than to say it is a consequence of Maxwell’s Equations. We can suggest
that higher pathloss trends are normally expected near conducting surfaces due to the
interference of the direct path and the reflected path. This is the rationale behind tworay models used to predict pathloss close to the earth’s surface [rappaport96]. However,
more work is needed to justify this interpretation considering the close proximity of the
source and lossy surface. Other contributions such as surface waves may also influence
results.
The bottom curve representing propagation around the cylinder is approximately
a straight line on our log-linear scale indicating it decays exponentially with distance
(|E|2 ∝ exp(−αd)). Again, it is not obvious from our developments in Sections
2.1 - 2.2 where the exponential decay for propagation around a cylinder comes from
since our model is expressed in terms of Hankel and Bessel functions. However, highfrequency asymptotic approximations for diffraction around curved conducting surfaces based on the Uniform Theory of Diffraction (UTD) also tend to decay exponentially with distance [mcnamara91]. In this case, waves guided by a curved surface are
often called creeping waves. Unfortunately, we do not know of any suitable UTD approximations valid for tangentially polarized sources close to a conducting surface 3 .
This is because the source and surface are very close with respect to the wavelength we
consider. UTD approximations are only valid when the geometry does not vary significantly over an interval on the order of a wavelength [mcnamara91]. Nevertheless, we
propose that the exponential decay our model predicts can be interpreted as creeping
waves diffracting around curved surfaces and suggest as future work finding suitable
approximations to show this analytically for our geometry. For creeping wave propagation, the rapid attenuation around the body is related to the continuous shedding of
energy tangent to the cylinder as a wave rotates around the surface into the shadowed
region [mcnamara91]. Thus, energy is radiated away from the body during the diffraction process which results in a faster pathloss versus distance trend close to the surface
of the body.
Figure 2.11 shows the pathloss versus distance trend for propagation around the
same 0.15 m radius cylinder at different frequencies. The pathloss is shown in dB
relative to the pathloss at a reference distance of 0.1 meters. In general, the rate of
exponential decay increases with frequency around a lossy cylinder which is also consistent with creeping wave diffraction [mcnamara91]. We also see that the curves tend
3 On the other hand, UTD approximations valid for normally polarized sources located on perfectly conducting surfaces are well known [mcnamara91] and have even been employed in body area propagation
studies [zhao06]
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Figure 2.11: Propagation around a lossy cylinder at different frequencies
to flatten out. This is likely due to clockwise and counter-clockwise diffracting waves
interfering with each other on opposite sides of the cylinder.

2.3.4

Pathloss in body area communications

In the previous sections, we showed how electric field versus distance trends vary considerably depending on whether propagation is away from the body, inside the body,
along the surface of the body, or around the surface of the body. It is already clear that
we will not be able to define a single pathloss law that will be appropriate for all body
area communication scenarios. In this section, we will summarize the various trends
we have considered so far. Furthermore, we will compare the pathloss trends predicted
by our lossy cylinder model with more familiar pathloss trends in free space and in
office environments. This will give us the necessary intuition to understand the more
sophisticated propagation models considered in later chapters.
Throughout this dissertation, we will classify RF body area propagation scenarios
into three categories as suggested in [hall06]:
1. Communications between off-body and on-body devices - off-body
2. Communication between two devices both worn on the body - on-body
3. Communications to medical implants - in-body
While this classification is a good start, each category is still very broad. For example, our analysis so far would suggest that pathloss measurements on opposite side of
the body as the antenna will be statistically different from measurements made on the
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Figure 2.12: The five very different propagation scenarios considered in Table 2.3
Propagation
Scenario
off-body, front
off-body, behind
on-body, along
on-body, around
in-body

Pathloss a
(dB)

Distance
(m)

10.2
51.8
22.0
63.7
59.3

4
4
0.4
0.4
0.15

Equivalent freespace distance
(m)
3.3
389
12.6
1531
922

Equivalent NLOS
office distance
(m)
19.7
3.6
39.1
30.4

Table 2.3: Comparison of BAN, free-space, and office environment pathloss trends at
2.45 GHz with the source 1 cm from the body. The pathloss scenarios are shown in
Figure 2.12
a Pathloss

is expressed in dB relative to pathloss in free-space at a reference distance of 1 meter

same side of the body for both off-body and on-body scenarios. Thus, we will use the
additional sub-categories defined in Figure 2.12. In this figure, the ’o’ and ’x’ indicate
the transmitter and receiver which can be either on or off the body.
Table 2.3 compares pathloss trends for the various scenarios shown in Figure 2.12.
The pathloss is given in dB relative to the pathloss in free-space at a distance of 1
meter. For the ”on-body, around” scenario, the distance represents the distance in
meters around the perimeter of the body rather than the straight-line distance through
the body. We choose this definition because propagation tends to be around the body
rather than through the body as indicated in Section 2.3.2. For all the other propagation
scenarios, the distance represents the straight-line distance between the two devices.
The ”equivalent distance in free space” column represents the distance in meters the
two point-sources would need to be separated in-free space to obtain the same pathloss.
The ”equivalent NLOS office distance” represents the distance in meters the two point
sources would need to be separated in a typical office environment to obtain the same
pathloss. This column is approximated by assuming the average pathloss in an office
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environment is proportional to d4 with the pathloss at a reference distance of 1 meter
equal to the pathloss in free-space. This model is based on empirical studies done in
typical office environments where it has been shown that the average pathloss increases
proportional to dn with n between 3 and 5 [hashemi93b].
For the off-body scenarios, it is clear that pathloss is much higher behind the body
compared with in front of the body. This is due to the shadowing effect of the body
which results in the radiation pattern of the antenna-body system being effectively more
directive as shown in Figure 2.9. It is interesting to note just how much of a difference
this can make if the antenna is worn within a centimeter of the body. For example,
our model predicts the pathloss to increase by 4 orders of magnitude if a person turns
their back to the off-body antenna. This is the equivalent pathloss we would expect by
moving the receiving antenna 385 meters away in free space, or making a measurement
of the pathloss 20 meters away in an office building. We emphasize, however, that it is
unlikely that we would measure such large a difference in the average pathloss between
these scenarios in practical office environments since nearby scatterers such as walls
and furniture will help reflect the signal to the receiving antenna. Nevertheless, we can
expect major variations in large scale pathloss due to shadowing by the body and this
has been corroborated with measurements conducted in both anechoic chambers and
indoor environments [hall06, chen05, welch02, scanlon01].
For the on-body scenario, our model predicts moderate to high pathloss even though
both antennas are very close to each other. This is particularly evident when the transmitter and receiver are in the deep shadow region on opposite sides of the body. For
example, even though the antennas are only 40 centimeters apart as measured around
the body, we obtain the same pathloss as two antennas separated by almost 40 meters away on the opposite side of a typical office building or more than 1.5 kilometers
away in free space ! If the antennas are both on the same side of the body and propagation is along the body, we will also experience a surprisingly high pathloss but it
is still more than 4 orders of magnitude better compared with when the antennas are
shadowed from each other by the body. It is also interesting to compare the on-body
pathloss scenario with the off-body pathloss scenario. These numbers suggest the initially counter-intuitive result that communicating to a remote device located across the
room several meters away from the body is actually easier than communicating to a
device just 10+ centimeters away but worn right against the body. All of these conclusions can be explained by the trends already discussed in Sections 2.3.2 and 2.3.3.
First, the higher pathloss around the body is because the electric field in free-space
decays as |E|2 ∝ d−2 while the electric field around the body decays exponentially as
|E|2 ∝ exp(−βd). Second, we expect the tangential component of the electric field to
decrease near the body since it is a reasonably good conductor. We will see in future
chapters that these two basic concepts are very important to understanding propagation phenomena in more complex environment and will impact channel statistics and
communication performance in very subtle ways.
While we do not focus on in-body propagation scenarios in this dissertation, we
have included this scenario for completeness. As expected, the pathloss into the body
is very high for microwave frequencies. For more information on communication to
implanted devices refer to [hall06].

58

Body area electromagnetism

2.4

Conclusions

This chapter has proposed a simplified physical body area propagation model derived
directly from Maxwell’s equations. The model assumes the body can be approximated
as an infinite lossy cylinder and the antenna can be approximated as a point source
just outside the cylinder. A complete derivation starting from Maxwell’s equations was
developed together with a practical numerical method for evaluating it on a computer.
We then used this model to identify the following body area propagation trends:
• The antenna-body system is directive
• |E|2 ∝ d−2 away from the body
• |E|2 ∝ exp(−αd) into the body
• |E|2 ∝ exp(−βd) around the body
• |E|2 ∝ d−m along the body with m ≈ 3 − 3.5
The body will shadow the radiated waves in the through-body direction resulting in
a directive antenna-body system. The electric field (E) is inversely proportional to the
distance away from the body in free space. However, the field has a much more rapid
exponential decay into and around the body. The exponential decay into the body is expected in a lossy medium. The exponential decay around the body is typical of creeping wave propagation around conducting surfaces. Along the front of the body, the
pathloss versus distance decays more rapidly than in free space but does not follow the
same rapid exponential trends as propagation around the body. While the decay rates,
α and β, can not be calculated directly, they can be estimated easily from the fields
predicted by our analytical model rather than relying on lengthy FDTD simulations.
They depend on several factors including the tissue properties, frequency, polarity, and
proximity to the body. In general, normal polarization, lower frequency, and increasing the body-antenna separation will result in more desirable pathloss trends from an
electromagnetic perspective. Unfortunately, these trends are less desirable from an application perspective where we desire small, low-profile antennas worn directly against
the body. Thus, emerging body area communication systems will need to find a good
compromise between these conflicting constraints.
It is clear that pathloss trends will vary considerably depending on the body area
propagation scenario we consider. Thus, we will not be able to define a single pathloss
law that will be appropriate for all body area communication scenarios and applications. In general, on-body and in-body propagation scenarios can have surprisingly
high pathloss despite the close proximity of the two antennas. In fact, in some situations it may be easier to communicate to a remote device located off the body and
across a room than it is to communicate to a device just 10+ centimeters away but worn
directly against the body.

Chapter 3

Review of statistical
propagation channel modeling
Truth is much too complicated to allow anything but approximations.
-John Von Neumann
As explained in the introductory chapter, one of the goals of this research is to determine how recent advances in wireless technology can be applied to wireless body
area networks for biomedical applications. However, there are currently no existing
propagation models for communication around the surface of the human body. Without a description of the channel impairments, it is impossible to identify optimal RF
solutions.
In the previous chapter, we started by developing a physical model of body area
propagation derived from fundamental principles. However, significant simplifications
to the body shape and antenna were necessary. Practical radio environments are very
complex since the received signal usually arrives by several paths reflected off walls,
ceilings, and moving objects around the transmitter and receiver. In the vast majority
of cases, this complexity and variability makes fully deterministic approaches derived
from fundamental laws impossible. Therefore, developers of conventional indoor and
outdoor wireless communication systems use a statistical model to describe propagation in a manner that easily facilitates simulation and analysis.
We propose that statistical modeling is also appropriate for describing WBAN communication systems since they will need to operate in similarly complex multipath environments. A review of statistical modeling paradigms is therefore necessary in our
exploration of body area radio propagation. We have made a literature survey of existing statistical techniques used to describe multipath propagation channels.
This chapter provides an overview of the existing channel modeling literature which
is relevant to our research. We begin in Section 3.1 with a basic time and frequency
domain description of the channel. Based on this analytical description, we discuss
specific distributions and approaches used to model narrowband systems (Section 3.2)
and wideband systems (Section 3.3). Since we will be developing new statistical models for body area systems based on a measurement campaign, Section 3.4 summarizes
and compares statistical techniques that are currently used to justify indoor models and
develops the techniques we will use throughout the rest of this dissertation. Finally,
Section 3.5 summarizes the major conclusions of this chapter.
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3.1

Review of statistical propagation channel modeling

Time-frequency descriptions of multipath channels

Radio communication systems use an antenna to transmit electromagnetic waves. Before arriving at the receiver, the waves will interact with several obstacles such as walls
and furniture. Waves can reflect off of the objects, diffract around objects, and penetrate
directly through the objects. As a result of these processes, multiple electromagneticwaves will arrive at the receiver with a specific attenuation, delay and phase depending
on the electrical path length and the number and nature of the obstacles. Thus, after
propagation over a wireless channel, a single transmitted pulse is received as a train of
delayed and attenuated pulses.
The time domain channel impulse response can be represented by a linear Finite
Impulse Response (FIR) filter. At time t, the equivalent baseband impulse response
h(τ, t) is a function of the excess delay τ . This well known model was first published
in [turin72] and has been the basis for describing narrowband and wideband channels
for several decades. It can be represented as follows:
P (t)

h(τ, t) =

X

αp (t) · ejφp (t) · δ(τ − τp (t))

(3.1)

p=1

δ is the Dirac impulse, P (t) is the number of received paths at time t; αp (t) is the
attenuation , φp (t) is the phase, and τp (t) is the time delay of path p.
The model in equation 3.1 assumes the transmitted pulse shape is not distorted by
the antenna or during interaction with obstacles. This approximation can be considered
valid if the pulse bandwidth is small, but we will need to modify this when we consider
UWB systems in Section 3.3.2.
In the following sections, we will define useful parameters and functions that describe the impulse response in the delay, frequency, time, and doppler domain. The delay domain description provides information about the amount signal spreading caused
by the channel, while its Fourier transform reveals the signal attenuation as a function
of frequency. The time domain description provides information about how quickly
the channel changes over time, while its Fourier transform, the doppler spectrum, reveals the spectral broadening of the signal due to this time variance. We only provide
a concise summary of the time-frequency channel descriptions used throughout this
research. For a more complete and general discussion, refer to [parsons01]. In later
chapters, we will measure many of these parameters to characterize the impulse response for communication around the body. Therefore, we will also introduce methods
of estimating these parameters from measured data.

3.1.1

Delay domain parameters

The power delay profile (PDP) is usually used to describe the delay domain properties of a multipath channel. We define the PDP of a specific channel as the squared
magnitude of the impulse response versus excess delay:
ph (τ, t) = h(τ, t)h∗ (τ, t) =

P
X

αp2 (t)δ(τ − τp (t))

(3.2)

p=1

Figure 3.1 shows an example of a power delay profile. This PDP realization was
generated with the standardized IEEE 802.15.4a factory environment channel model
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Figure 3.1: A typical indoor channel power delay profile

[ieee05]. Clearly, an indoor propagation channel response consists of a large number
of incoming paths that tend to decay with excess delay. This decay makes intuitive
sense since paths propagating over a longer distance will tend to interact with more
obstacles therefore losing more energy.
Most text books define the PDP as a statistical average taken over a local area
where the distribution of h(τ, t) can be considered wide sense stationary [parsons01,
proakis01]:
ph (τ, t) = E [h(τ, t)h∗ (τ, t)]
(3.3)
In practice, ph (τ, t) is estimated by taking the spatial average of several ph (τ, t)
measurements over a small area. Both the PDP of a particular channel realization and
the spatial average of a PDP are useful and both definitions are used throughout the
literature. To distinguish between these definitions, we will call the PDP of a particular impulse response defined by equation 3.2 the local power delay profile and the
statistical average of the PDP defined by equation 3.3 the average power delay profile.
For a more compact representation of the channel than the PDP, two more descriptions are often used to grossly quantify the multipath channel: the mean excess delay
and the root mean square (rms) delay spread.
The mean excess delay τ of a particular channel impulse response is defined as the
first moment of a power delay profile:
R∞
PP
2
p (τ, t)τ dτ
p=1 αp (t)τp (t)
−∞ h
τ (t) = R ∞
= PP
(3.4)
2
p (τ, t)dτ
−∞ h
p=1 αp (t)
The root mean square (rms) delay spread στ of a particular channel realization is
defined as the square root of the second central moment of a power delay profile:
R∞
στ2 (t)

=

−∞

ph (τ, t)(τ − τ (t))2 dτ
R∞
=
p (τ, t)dτ
−∞ h

PP
p=1

αp2 (t)(τp (t) − τ (t))2
PP
2
p=1 αp (t)

(3.5)

The rms delay spread is the most commonly used parameter to characterize the
time dispersion of the channel. We define the rms delay spread in terms of the local
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PDP ph (τ, t). However, most textbooks define the rms delay spread in terms of the
average PDP which can be obtained by replacing ph (τ, t) in equations (3.4) and (3.5)
with ph (τ, t). Again, both definitions can be found in the literature and are useful. It
is important to point out that the expectation of equation (3.5) is not the same metric
as the rms delay spread of the average PDP. For a comparison of these metrics, refer to
reference [molisch96]. We will use the definition given in equation (3.5) since it represents the actual rms delay spreads encountered by practical communication systems.
In general, if the rms delay spread is small compared to the signal period (στ ¿
Ts ), then all multipath components arrive within the same symbol. Thus, consecutive
symbols do not interfere with one another and there is no degradation due to Inter
Symbol Interference (ISI). On the other hand, if the rms delay spread is large compared
with the symbol period (στ À Ts ), then consecutive symbols interfere with each other.
In general, more complex receivers are required to optimally demodulate channel with
significant ISI [sklar97b].

3.1.2

Frequency domain parameters
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Figure 3.2: A typical indoor channel frequency response
The frequency response of the channel is obtained by computing the Fourier transform of the complex baseband time domain impulse response:
Z

∞

H(f, t) =

h(τ, t) · e−j2πf τ dτ

(3.6)

−∞

Figure 3.2 shows the magnitude of the frequency response of a typical indoor multipath channel. Clearly, the channel attenuation depends on the frequency. Again, this
makes intuitive sense since the paths have frequency-dependent electrical lengths. At
some frequencies, the multipath components will interfere constructively resulting in
channel peaks. At other frequencies, the components can interference destructively
resulting in channel dips.
The spaced frequency correlation function R(∆f ) is usually used to describe the
frequency domain properties of a multipath channel. It is defined as the Fourier trans-
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Figure 3.3: A typical spaced frequency correlation function

form of the average power delay profile:
Z ∞
ph (τ, t) · e−j2πf τ dτ = E [H(f, t)H ∗ (f + ∆f, t)]
R(∆f ) =

(3.7)

−∞

Since ph (τ, t) is defined as the expected value of the product of h(τ, t) and h∗ (τ, t)
from equation (3.3), its Fourier transform, R(∆f ), represents the expectation of the
complex frequency domain channel response auto-correlation function as indicated
in equation (3.7). In practice, this expectation is generally taken over an area where
H(f, t) can be considered wide-sense stationary and measured in a similar manner as
the average power delay profile discussed in Section 3.1.1.
Figure 3.3 shows a typical spaced frequency correlation function. This function can
be used to represent the frequency variation of an indoor wireless channel. As the frequency separation |∆f | increase, the correlation decreases. The coherence bandwidth
Bc is generally defined as the range of frequencies over which the channel passes all
spectral components with approximately equal gain and linear phase. Several different
researchers make different interpretations of an ”acceptable correlation” when using
this parameter. Figure 3.3 shows a popular definition of the coherence bandwidth as
the frequency interval having a correlation of at least 0.5.
The coherence bandwidth is an important parameter used to characterize the frequency selectivity of a channel. If the coherence bandwidth is much larger than the
signal bandwidth (Bc À 1/T ), then we refer to fluctuations in the signal level as flat
fading. In this case, all the signal’s spectral components will be affected by the channel in a similar manner. If the coherence bandwidth is much smaller than the signal
bandwidth (Bc ¿ 1/T ), then we refer to this as frequency selective fading. In this
case, the signal’s spectral components are not affected by the channel in a similar manner. As expected, more complex receivers are required to optimally demodulate signals
transmitted through frequency selective fading channels [sklar97b].
Since the average PDP and the spaced frequency correlation function are Fourier
transforms, the respective delay domain spread and frequency domain spread metrics
are inversely proportional:
1
(3.8)
Bc ∝
στ
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However, an exact relationship between the coherence bandwidth and delay spread
does not exist and must be derived from signal analysis usually using Fourier techniques of actual signal dispersion measurements in particular channels [sklar97a].

3.1.3

Time domain parameters
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Figure 3.4: A typical spaced time correlation function
In equation 3.1, the parameters P (t), αp (t), φp (t), τp (t) and θp (t) are a function of
time t implying the indoor wireless channel impulse response is in general time-variant.
This is expected since the transmitter, receiver, and scattering objects can move relative
to each other causing propagation path changes. The spaced time correlation function
R(∆t) is usually used to describe this time variance:
R(∆t) = E [H(f, t)H ∗ (f, t + ∆t)]

(3.9)

The spaced time correlation function is the autocorrelation function of the channel’s
response to a sinusoid of frequency f . It specifies the expected correlation between the
channel’s response to a sinusoid transmitted at time t1 to a similar sinusoid transmitted
at a later time t2 where ∆t = t2 − t1 . To measure R(∆t), we can transmit a single
sinusoid and estimate the auto-correlation function of the received signal measured
over a time period where H(f, t) can be considered wide sense stationary.
Figure 3.4 shows a typical time correlation function. As the time separation |∆t|
increase, the correlation decreases. The coherence time Tc is generally defined as the
expected time duration over which the channel’s response is approximately time invariant. As with the coherence bandwidth, different researchers make different interpretations of an ”acceptable correlation” when using this parameter. Figure 3.4 shows
a popular definition of the coherence time as the time interval having a correlation of
at least 0.5.
The coherence time is an important parameter used to characterize the fading rapidity of the channel. If the coherence time is much greater than the symbol period
(Tc À T ), then we refer to this as fast fading. In this case, the fading character of the
channel will change several times while a symbol is propagating leading to distortion
of the baseband pulse shape. If the coherence bandwidth is much smaller than the signal bandwidth (Tc ¿ T ), we refer to this as slow fading. In this case, the channel state
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is virtually unchanged during the time in which a symbol is transmitted and the propagating symbol will not suffer from this pulse distortion. As expected, more complex
receivers are required to optimally demodulate signals transmitted through fast fading
channels [sklar97b].
In wireless systems operating in the gigahertz frequencies, the most rapid time variations are due to changes in the path phases φp (t). This is because a small change in
the propagation distance on the order of a wavelength will cause a dramatic change
in the path phase. For example, half the wavelength in the 2.4 GHz ISM band corresponds to 6 cm. This implies that a small antenna displacement of only 6 cm can cause
a 180 degree phase change for some paths. Paths that previously combined constructively could now combine destructively dramatically altering the peaks and dips in the
channel frequency response.
Since the time variance is mostly influenced by phase changes, the coherence time
of the channel will depend on the carrier wavelength in addition to the relative velocity
of the antennas and scatterers. Analytical models of worst-case dense scattering environments predict an average correlation of 0.3 for an antenna displace of only half
a wavelength (λ/2) [clarke68]. Measurements have shown that in rich scattering environments, the channel can be considered uncorrelated if the antenna is displaced by
0.38 λ [amoroso96].
In wireless body area networks, the antennas will be worn on the body and typically
move at walking speeds of approximately 5 km/h. If we assume the channel is correlated over a worst-case 0.3 λ displacement, this results in a coherence time of 13 ms at
2.4 GHz. On the other hand, the maximum symbolling period specified by Zigbee is 4
µs [zigbee]. Thus, for practical low data rate BAN applications, Ts is normally at least
4 orders of magnitude smaller than Tc and we will assume slow fading throughout our
research. In fact, typical communication bursts in Zigbee are on the order of 100s of µs
which is still significantly smaller than the coherence time. Thus we will often assume
that the channel is quasi time invariant and omit the explicit function of time t unless
otherwise indicated.
To our knowledge there are no measurements of the coherence time of the body area
channel. Depending on the positions of the antenna, it is possible that rapid arm and leg
motions could cause faster variations. Furthermore, motions made in the near field of
the antenna could alter the antenna radiation properties resulting in a shorter coherence
time. Thus, more research is required to precisely define under what conditions our
quasi time-invariant assumption can be considered valid.

3.1.4

Doppler domain parameters

In the same manner that the multipath spread can be analyzed in either the time or
frequency domain, the time variance of the impulse response can also be analyzed in
the frequency domain. By taking the Fourier transform of the spaced time correlation
function R(∆t), we obtain the Doppler Spectrum of the channel defined as follows:
Z

∞

Sc (ν) =

R(∆t) · e−j2πν∆t d∆t

(3.10)

−∞

The doppler spectrum shows how much spectral broadening is imposed on a transmitted sinusoid due to the time rate of change of the channel. Measurements can
be made by simply transmitting a sinusoid and using Fourier analysis to generate the
power spectrum of the received amplitude [sklar97a].
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The range of doppler shifts (ν) over which Sc (ν) is essentially nonzero is called the
Doppler Spread Bd . Because the doppler spectrum and time spaced correlation functions are Fourier Transform pairs, the doppler spread and coherence time are inversely
proportional, though an exact relationship does not exist in general:
Bd ∝

1
Tc

(3.11)

The doppler spread is used to characterize the fading rapidity of the channel in an
analogous manner as the coherence time. Fast fading occurs if the doppler spread is
much greater than the signal bandwidth (Bd À Bs ). In this case, the pulse bandwidth
is broadened significantly by the channel resulting in pulse distortion and hence performance degradation. Slow fading occurs when the coherence bandwidth is much less
than the signal bandwidth (Bc ¿ Bd ). In this case, the spectral broadening can be
considered negligible and doppler effects can be ignored.

3.1.5

Tapped delay line model

In practice, communication signals are bandlimited either to conform with spectral
regulatory requirements or to fit within the bandwidth of the antenna. This allows a
significant simplification of the channel model presented in equation (3.1) [sykora00].
If we assume the transmitted pulse x(t) is strictly bandlimited to f ≤ |1/T |, application of the sampling theorem results in the following equivalent baseband signal
representation:
∞
³
X
π´
x(t) =
x(kT )sinc (t − kT )
(3.12)
T
k=−∞

The equivalent baseband representation of the received pulse, y(t), is obtained by convolving x(t) with the channel impulse response h(τ, t):
Z ∞
y(t) =
x(t − τ )h(τ, t)dτ
−∞
∞
X

=

Z
x(kT )

k=−∞

³
π´
sinc (t − kT )
h(τ, t)dτ
T
−∞
∞

(3.13)

Using the substitution t − kT = nT , where n is an integer, we can rewrite this expression as follows:
∞
X
y(t) =
x(t − nT )gn (t)
(3.14)
n=−∞

where we define gn (t) as
Z

gn (t)

´´
³ ³τ
− n) h(τ, t)dτ
sinc π
T
−∞
P
³ ³τ
´´
X
p
=
αp (t)ejφp (t) sinc π
−n
T
p=1
∞

=

(3.15)

Equation (3.16) implies that if the communication system we are analyzing is limited to a bandwidth W = 1/T , then we can represent the channel as a tapped delay line
with spacing T . We noted in Section 3.1.1 that late arriving paths are small. Thus, the
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infinite summation of equation (3.16) is normally approximated with L taps resulting
in the following impulse response:
g(τ, t) =

L
X

gn (t)δ(t − lT )

(3.16)

n=1

We emphasize that g(τ, t) is not the same as the channel impulse response h(τ, t).
However, the response of g(τ, t) to any signal occupying a bandwidth W ≤ 1/T will
be the same as the response of h(τ, t). The model is invalid and will not produce the
same response as h(τ, t) for any input signal occupying a bandwidth W > 1/T . We
also emphasize that in general, the taps gn do not represent individual paths. Rather,
they are the weighted sum of several unresolvable multipath components as indicated
in equation (3.15).
Figure 3.5 shows the truncated tapped delay line model of equation (3.16). The
model is completely defined by a set of tap coefficients gn (t). These coefficients are
typically treated as a stochastic process defined by either analytical or empirical analysis of a propagation scenario. Measurements indicate that it is a realistic model for
multipath indoor and urban multipath channels [hashemi79, hashemi93b, medbo99,
janssen96]. Furthermore, the discrete time nature of the channel makes it convenient
for computer simulation and analytical analysis. For these reasons, the model is used
widely in the literature and has been the basis of many recent industry standardization
efforts [hiperlan98, ieee05].
Despite the popularity of the tapped delay line model in describing traditional wireless channels, to our knowledge, it has never been used to describe body area propagation channels. In the following two chapters, we will demonstrate how to characterize
the statistics of gn for a tapped delay line model of a body area communication system.

3.1.6

Small and large scale statistics

In Sections 3.1.1 - 3.1.5, we defined several statistical functions and metrics used to
characterize the radio channel. We also noted that these descriptions are normally
assumed to describe an area which can be considered wide sense stationary (WSS). In
fact, characterization of mobile radio channels is extremely difficult unless stationarity
can be assumed [parsons01, bello63a]. However, it is intuitively obvious that mobile
radio links are non-stationary. For example, consider a transmitter and receiver in the
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same room. Measurements of the average PDP would yield a high signal level and
a strong line of sight path. However, if the transmitter is moved outside of the room
and down the hall, the average PDP will be dramatically different since the signal level
will be attenuated and there will be no line of sight path. Clearly, the channel statistics
measured in different parts of the building will be different and we can not consider the
wireless channel to be stationary. To get around this problem while providing a simple
and fairly complete statistical description of the channel, a two stage characterization,
first proposed in [bello63a], is normally used.
First, the channel is characterized over short periods of time, or small geographical
areas, where the channel can be considered approximately wide sense stationary. This
implies that the average PDP appears virtually constant and the prominent scatterers
in the environment do not change significantly. We refer to statistics describing channel variations over an area or time period where the channel can be considered wide
sense stationary as small-scale statistics. In traditional wireless communication environments, small scale variations are usually taken to mean variations in the channel
observed by displacing the antenna over a few wavelengths and are associated with
interference of unresolvable multipath components.
Second, the small scale statistics are examined at several different locations over a
large area such as an office building. Large-scale statistics are then used to describe
the variations observed in the small scale statistics at each different location. In traditional wireless communication environments, large scale variations are taken to mean
variations in the channel observed by displacing the antenna over a large area much
greater than a few wavelengths and are associated with shadowing of the receiver by
large obstacles such as walls or prominent terrain features.
This two step description of the channel is a simple and practical method useful
for system designers. Typically, communication performance metrics, such as the average bit error rate (BER) or packet error rate (PER), at a particular location can be
determined easily using the small-scale statistics. The large scale statistics are then
used to determine what percentage of locations over a larger area a specified level of
performance can be maintained.
In the following two chapters, we will show that a similar two step procedure can
be used for modeling and analyzing body area communication systems. One important
difference, however, is that large scale variations in the channel can depend on where
the two antennas are worn on the body in addition to the presence of nearby walls or
terrain features. As we saw in the previous chapter, simply displacing the antenna a
few centimeters on the body can dramatically alter the average received power. This
is mainly due the rapid attenuation of components propagating along the surface of
the skin, and the complex interaction of the antenna with the body. Thus, contrary to
traditional wireless systems, large scale statistics in our research does not necessarily
imply a large displacement of the antenna position.

3.2

Statistical description of narrowband channels

We define a narrowband system as any communication system occupying a bandwidth
that is significantly smaller than the coherence bandwidth of the channel (Bs ¿ Bc ).
In this case, all the frequency components in the transmitted signal undergo the same
attenuation and phase shift so the received signal can be expressed as
y(t) = H(0, t)x(t)

(3.17)
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where x(t) and y(t) are the baseband equivalent representation of the transmitted and
received signals respectively and H(0, t) is the baseband frequency domain channel
response from equation (3.6) evaluated at f = 0:
Z ∞
¯
¯
H(0, t) =
h(τ, t)e−j2πf τ dτ ¯
(3.18)
−∞

f =0

An equivalent time domain definition of a narrowband system is when the duration
of the transmitted symbol period is significantly longer than the delay spread of the
channel impulse response (T À στ ). In this case, only the first tap of our tapped delay
line model in figure 3.5 contains energy (L = 1) and the equivalent base band received
signal is expressed as
y(t) = g0 (t)x(t)
(3.19)
Nearly all of the work on narrowband channel characterizing is focused on analyzing the statistics of g0 (t). As discussed in Section 3.1.3, we make a quasi stationary
assumption and will omit the explicit dependence of time t from now on.
Since g0 is complex, both a description of its phase, ∠(g0 ), and amplitude, |g0 |, are
required. It is not very meaningful to consider the absolute signal phase at any point
in space since we can only measure the phase relative to another signal, or a reference.
However, when considering mobile systems, it is relevant to consider changes in the
phase over time [parsons01, hashemi93b]. Since we consider only quasi stationary systems and are not concerned with variations over time, we will focus on the distribution
of the amplitude.
This section summarizes the analytical form and physical justification for the most
important proposed statistical descriptions of |g0 |. We will eventually need to estimate
the parameters of these distributions from measured data. Therefore, we also propose
methods for obtaining a maximum likelihood (ML) estimate from observed data. We
have included these distributions as part of our discussion of narrowband systems, but
they also apply to wideband and ultra-wideband systems.

3.2.1

Rayleigh distribution

We have seen from equation (3.15) that the amplitudes of the taps in a tapped delay
line model are due to the sum of a large number of unresolvable multipath components. This is particularly true for narrowband systems having a large symbol period
T . According to the central limit theorem (CLT), the probability distribution function
(pdf) of the sum of a large number of random variables approaches a Gaussian distribution [peebles93]. The CLT is valid regardless of the distributions of the individual
multipath components as long as no single multipath component dominates. Therefore, it is reasonable to assume that gn is a complex central Gaussian process and it is
easily shown that the amplitude |gn | is Rayleigh distributed [proakis01]. This distribution has considerable empirical support for describing narrowband small-scale fading
[parsons01, hashemi93b].
The Rayleigh pdf describing the magnitude of a complex central Gaussian random
variable X is:
µ
¶
x2
x
(3.20)
pX (x) = 2 exp − 2
σ
2σ
The cumulative density function (cdf) of the Rayleigh distribution is given as follows:
¶
µ
x2
(3.21)
FX (x) = pX (X < x) = 1 − exp − 2
2σ
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The Rayleigh distribution has a single parameter, σ, which translates the pdf along
the x axis. It can be estimated from a set of N observations x1..N using the following
ML estimator:
σ̂ 2 =

3.2.2

N
1 X 2
x
2N n=1 n

(3.22)

Rice distribution

In the previous section we used the central limit theorem to justify treating gn as a
complex central Gaussian variable resulting in a Rayleigh distributed amplitude. We
noted that one of the conditions of this theorem is that no single unresolvable multipath component dominates. However, when there is a line of sight (LOS) between the
transmitter and receiver, this assumption is often violated since the LOS path is usually
significantly larger than subsequent reflections. Even when there is no line of sight,
the assumption can be violated if there is a significant reflection off of a smooth surface which is larger than other more diffuse components scattering off of nearby rough
surfaces. In this case, the dominant path is referred to as a specular component.
When there is a LOS or specular component, we can consider gn as the sum of a
scattered Rayleigh variable with random amplitude and phase representing the more
diffuse components, and a deterministic variable with fixed amplitude and phase representing a LOS or specular component. This results in gn being a non-central Gaussian variable and it has been shown that the amplitude of |gn | follows a Rice distribution [rice48]. This distribution also enjoys considerable empirical support for line of
sight situations and even for some non-line of sight (NLOS) scenarios [hashemi93b,
parsons01].
The Rice pdf describing the magnitude of a complex non-central Gaussian random
variable X is:
µ 2
¶ µ ¶
x
x + θ2
θx
pX (x) = 2 exp −
I0
(3.23)
σ
σ2
σ2
where In (·) is the nth order modified Bessel function of the first kind. The cumulative
density function (cdf) of the Rice distribution is given as follows:
µ
¶
θ x
FX (x) = 1 − Q
,
(3.24)
σ σ
where Q(·) is the Marcum Q function.
The Rice distribution has a two parameters, θ, which represent the amplitude of the
strong component, and σ, which is proportional to the power of the Rayleigh component. As expected, equations (3.23) and (3.24) reduce to equations (3.20) and (3.21)
respectively as the amplitude of the specular component approaches zero (θ → 0).
Closed form ML estimators for θ and σ do not exist due to the complicated analytical forms of equations (3.23) and (3.24), however the moment estimators are given as
follows [benedict67]:
v Ã
!2 P
u
PN
N
u
2
x4
t
2
n=1 xn
− n=1 n
(3.25)
θ̂ = 2
N
N
σ̂ 2 =

N
1 X 2 θ2
x −
2N n=1 n
2

(3.26)
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Figure 3.6: Rician probability density function

These estimators are known to be bias and inefficient [benedict67]. Therefore, we will
use the above moment estimators only as an initial estimate that we then refine using a
brute force computer search algorithm to minimize the log-likelihood function.
In the literature, the Rician distribution is often described in terms of a parameter
called the Rician Factor KdB defined as
µ 2 ¶
θ
KdB = 10 log10
(3.27)
2σ 2
which, in the present context, can be interpreted as the ratio of the power in the dominant (deterministic) path to that in the multipath (random) components. The Rice pdf
from equation (3.23) can be written in terms of KdB as follows:
pX (x) =

µ
¶ µ
¶
2x10KdB /10
10KdB /10 2
2x10KdB /10
2
exp
−
(x
+
θ
)
I
0
θ2
θ2
θ

(3.28)

Throughout our research, we will also use the form of the Rician distribution presented in equations (3.27) and (3.28) as it provides more physical intuition than equation (3.23). Figure 3.6 shows the Rician distribution for several different values of
K. For small Rice factors (K → 0), the random components dominate and the pdf
approaches a Rayleigh distribution. As we increase the Rice factor, the specular component becomes more dominant and we expect fewer deeper fades. This causes the
distribution to shift to the right. For large Rice factors (K À 1), the pdf becomes
Gaussian with mean value θ.

3.2.3

Nakagami-m distribution

If the tap powers |gn |2 are Gamma distributed, then their amplitudes are Nakagami-m
distributed with the following pdf [nakagami60]:
µ
¶
mx2
2mm x2m−1
exp −
pX (x) =
Ωm Γ(m)
Ω

(3.29)
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The cdf of the Nakagami-m distribution is given as follows:
µ
¶
mx2
FX (x) = γ m,
Ω

(3.30)

where γ(·, ·) is the incomplete gamma function.
There is no convincing theoretical justification for applying the Nakagami-m distribution, however it can very accurately approximate a Ricean distribution [stueber96]
and has been observed to closely approximate a Lognormal distribution ”under certain conditions” [hashemi93b]. Furthermore, the Rayleigh distribution is a special case
of the Nakagami-m distribution by setting m = 1. Thus, the Nakagami-m pdf is a
flexible distribution that can approximate a variety of different kinds of expected radio
conditions. It has the additional advantage that its pdf from equation (3.29) is more
convenient to manipulate mathematically than the Rice pdf from equation (3.23) and
can lead to simpler closed form expressions of the bit error rate [nakagami60].
The Nakagami-m distribution has a single parameter called the fading figure m.
Unfortunately, there does not exist a closed form ML estimator for m, although a very
good approximation has been derived in [greenwood60]. The moment estimator of m
is given as follows [zhang02a]:
Ω̂ =
³
m̂ = ³

1
N

PN

1
N

PN

4
n=1 xn

n=1

´³

x2n

1
N

N
1 X 2
x
N n=1 n
´2

PN

2
n=1 xn

´2

(3.31)

(3.32)

This estimator is known to be bias and inefficient [zhang02a]. Therefore, as with the
Rician distribution, we will use the above moment estimators only as an initial estimate
that we then refine using a brute force computer search algorithm to minimize the loglikelihood function.
Figure 3.7 shows that the fading figure m represents the degree of fading introduced
by the channel. When m = 1, the distribution reduces to the Rayleigh distribution.
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More severe fading can be modeled by setting m in the range [ 21 , 1), while less severe
fading can be modeled by setting m > 1.

3.2.4

Lognormal distribution

The Rayleigh, Rician, and Nakagami-m distributions discussed so far are most often
used to describe the small-scale fading over a local area where the channel can be considered approximately wide sense stationary. These distributions describe variations
in the signal power due to the interference of unresolvable multipath components. We
now focus our attention on large scale variations. When considering larger areas, the
average received signal power measured over a given local area at a certain distance
from the transmitter depends on the level of ”clutter” on the propagation path due to
large obstacles such as walls. If we consider a signal path traveling from the transmitter,
it will interact with several objects before arriving at the receiver. These interactions
could include propagation through a medium, reflection or scattering off of an object,
or diffraction around an object. All of these interactions are multiplicative so we can
consider the received power to be the result of a large number of multiplicative processes. In the same manner that the central limit theorem predicts the sum of a large
number of additive processes will approach a normal distribution, the product of a large
number of multiplicative products will converge to a normal distribution in the log domain. This distribution, called a lognormal distribution, has overwhelming empirical
justification for describing large-scale fading around the mean pathloss versus distance
trend and is now used almost exclusively [parsons01, hashemi93b]. We also note that
the lognormal distribution has also been used successfully to describe small-scale fading, particularly for wideband systems [hashemi93b, hashemi93a, saleh97], however
there is no strong theoretical justification in this case.
The lognormal pdf of a random variable X can be expressed as
¶
µ
20
(20 log10 (x) − µdB )2
√
pX (x) =
(3.33)
exp −
2
2σdB
ln(10) 2πσdB x
We have defined the lognormal distribution with respect to decibels where we assume
x is an amplitude. This a convenient definition for communication engineers who are
accustomed to dealing with decibels when describing signal attenuation. However,
we note that many textbooks define the lognormal distribution based on the natural
logarithm. The two representations are equivalent to within a scaling factor. The cdf of
a lognormal distribution is given as follows:
¶¶
µ
µ
1
20 log10 (x) − µdB
√
FX (x) =
1 + erf
(3.34)
2
2σdB
The lognormal distribution is defined by two parameters, µdB and σdB , which define the mean and standard deviation of the normal distribution in the log domain. The
ML estimators for these parameters are straightforward to evaluate and are given as
follows:
N
1 X
20 log10 xn
µdB
ˆ =
N n=1

v
u
N
u1 X
σdB
ˆ =t
(20 log10 xn )2 − µ2dB
N n=1

(3.35)

(3.36)
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Statistical description of wideband channels

We define a wideband system as any communication system occupying a bandwidth
that is significantly smaller than the coherence bandwidth of the channel (Bs ¿ Bc ).
In this case, the signal’s spectral components are not affected by the channel in a similar
manner and the system experiences frequency selective fading.
An equivalent time domain definition of a wideband system is when the duration
of the transmitted symbol period is significantly shorter than the delay spread of the
channel impulse response (T ¿ τrms ). In this case, our tapped delay line model
in figure 3.5 requires multiple taps (L > 1) often leading to substantial interference
between transmitted symbols.
Wideband channel models can be divided into two categories: (1) continuous models [bello63b, cox75, cox72, glance83] and (2) discrete models [turin72, suzuki77,
hashemi79].
Continuous models are appropriate when the inter-arrival times of multipath components are significantly smaller than the system bandwidth, (τp+1 − τp ) ¿ T . In
this case, every tap in our tapped delay line model has non-negligible average power
over a local wide sense stationary area (|gn |2 > 0 for n <= L) and the channel appears continuous. Since the inter-arrival times are small, each tap represents the vector
sum of a very large number of unresolvable components. This justifies applying the
central limit theorem so that gn can be considered a Gaussian process. When there is
no LOS or specular component, gn is usually modeled as a complex central Gaussian
process with Rayleigh distributed amplitudes (see Section 3.2.1). Otherwise, gn can be
modeled as a complex non-central Gaussian process with Rician distributed amplitudes
(see Section 3.2.2). Over local areas, the fluctuation in the instantaneous tap powers are
mainly due to the random phases of the unresolvable components. In general, we don’t
expect the phases of the unresolvable components in different taps to be correlated so it
is reasonable to assume that both the amplitude and phase of each tap are uncorrelated.
Continuous channels that have all of these properties are called gaussian wide sense
stationary uncorrelated scattering (GWSSUS) channels and are an important class of
wideband channels since they allow very simple analysis of communication systems
over local areas. For this reason, these models have been used extensively by industry
to describe dense scattering environments, especially indoor wireless local area networks [hiperlan98].
Discrete models are appropriate when the inter-arrival times of multipath components are significantly larger than the system bandwidth, (τp+1 −τp ) À T . In this case,
individual multipath components can be resolved and the channel appears to consist of
discrete ”rays”. In contrast to continuous models which only attempt to model taps gn
representing several unresolvable components, discrete models attempt to characterize
the distribution of all the parameters describing the actual channel impulse response
h(τ, t) from equation (3.1): the individual path amplitudes αp (t), phases φp (t), and arrival times τp (t). Since there is no longer a large number of unresolvable components,
the central limit theorem does not apply and we can not necessarily consider individual
paths to be Gaussian. Furthermore, adjacent path amplitudes will likely be correlated
since a number of scattering objects that produce them will be the same. Thus, discrete
models are generally more difficult to define and implement [hashemi79]. For analysis, a discrete model can still be represented by our tapped delay line model of Section
3.1.5 by re-sampling h(τ, t) to the desired resolution of the communication system in
order to obtain a set of complex valued taps gn (t). However, in this case, it is possible
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that some sampling times will not contain any multipath components.
Over the last several decades, there is a trend towards communication systems using
wider bandwidths. This likely the result of three factors:
1. Scaling of IC technology enabling complex high speed signal processing required for implementing wideband systems.
2. Increasing availability of license free bandwidth by electromagnetic regulatory
agencies around the world.
3. Research of wideband communication paradigms such spread spectrum, OFDM,
and ultra-wideband.
The bandwidth of many recent communication systems have become large enough that
the assumptions of the GWSSUS channel are being questioned for a variety of communication scenarios resulting in more interest in discrete models. As we have already
mentioned, the downside of this trend is that discrete models can be very difficult to
describe and implement.
The Saleh-Valenzuela (SV) model, proposed in [saleh97], provides a flexible characterization of discrete channels in a relatively simple way conducive for simulation
and analysis. It currently represents the most popular discrete modeling form. Furthermore, the SV model concepts are most relevant for our research. Therefore, we focus
only on the SV model in our overview of wideband channel modeling. For a more
comprehensive study of wideband models, refer to [parsons01, hashemi93b]. The SV
model is also used extensively by the UWB community and is the basis of all major industry UWB standardization efforts [ieee05, molisch05a, molisch03]. However, some
modifications to the SV model were introduced to better characterize special properties of UWB systems. Section 3.3.1 summarizes the original SV model, while Section
3.3.2 introduces some special consideration for SV modeling of UWB systems.

The Saleh Valenzuela Model

Γ

Amplitude (dB)

3.3.1

γ

Delay

1/λ
1/Λ

Figure 3.8: Principle of the Saleh-Valenzuela Model
Figure 3.8 illustrates the basic principles of the Sale-Valenzuela model [saleh97].
The model is based on the observed phenomenon that multipath components (MPCs)
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tend to arrive in clusters rather than at random [turin72, suzuki77, saleh97]. The physical explanation for this is that scatterers inside a building causing multipath are not
located with complete randomness [hashemi93b]. Thus, the channel impulse response
h(τ ) can be represented as follows:
h(τ ) =

∞
∞ X
X

αk,l · exp(jφk,l ) · δ(τ − Tl − τk,l )

(3.37)

l=0 k=0

where αk,l , φk,l , and τk,l represent the amplitude, phase, and time of arrival of path
k in cluster l, and Tl represents the arrival time of cluster l. The model is defined by
choosing a suitable distribution of these variables.
Prior to the SV model, the clustering of ray arrival times was recreated using a
Markov-type model in which the time axis was divided into bins, and the probability
that a ray arrives in a given bin is related to whether or not a ray arrived in the previous
bin [suzuki77, hashemi79, saleh97]. Although this model fit the experimental data
well, the Markov model proved very complicated for subsequent implementation and
analysis. Instead, the SV model provides a simplified alternative where the clusters
and path arrival times are modeled as independent Poisson processes with rates Λ and
λ respectively 1 :
p(Tl |Tl−1 ) = Λ exp[−Λ(Tl − Tl−1 )],

l>0

(3.38)

p(τl |τl−1 ) = λ exp[−λ(τl − τl−1 )], k > 0

(3.39)

Typically, each cluster consists of many rays (λ À Λ). The appealing physical interpretation given in [saleh97] is that clusters are due to major reflections off the building
superstructure (such as large metal walls or doors), while individual rays within each
cluster are associated with multiple reflections from the immediate environment near
the antennas.
Both the clusters and rays are assumed to decay exponentially according to parameters Γ and γ respectively:
2
αk,l

=

α2 (Tl , τk,l )

=

α2 (0, 0)e−Tl /Γ e−τk,l /γ

(3.40)

Using exponentials to represent power decay versus delay also has an intuitively appealing interpretation. Consider the physical picture of the rays reflecting off of scatters
in the vicinity of the receiver or transmitter to form a cluster. With each reflection, the
wave suffers some average delay and decibels of attenuation. In this case, the power
level in decibels of each successive ray would be proportional to the time delay of that
ray which results in an exponential power decay.
Equation (3.40) only describes the average power of each ray in a local area. However, the instantaneous power in each ray could vary across the local area. The original
SV model used uncorrelated Rayleigh distributed amplitudes and uniform phases, corresponding to a complex Gaussian process, to describe the complex gain αk,l . This
can physically occur if what they call a ”ray” is actually the sum of many independent
rays arriving within their measurement resolution. Since their ray resolving algorithm
predicted very short inter-arrival times and likely missed a number of closely spaced
1 A Poisson process is encountered when an event, in this case the arrival time of clusters and rays, occurs
with complete randomness. For a stationary Poisson Process, the inter-arrival times of events is exponentially
distributed as in equations (3.38) and (3.39)
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weaker rays, this distribution appeared sufficient for their model. This is basically the
same logic leading to the continuous GWSSUS model. The authors note, however, that
other gain distributions could have been used and may be more appropriate for some
communication scenarios. Thus, both discrete and continuous versions of the model are
possible and used throughout the literature. For the continuous SV model, the average
ray inter-arrival time is assumed to be much smaller than the symbol period (1/λ ¿ T ).
In this case, every tap in the tapped delay line model contains non-negligible energy
and a ray inter-arrival time is not defined.
The simple analytical form and physical interpretation of the Saleh-Valenzuela
model has made it very popular among researchers and industry to describe indoor
office environment. However, in many cases, substantial modifications are required in
order to fit experimental data accurately [hashemi93b, molisch05b]. To our knowledge,
the SV model has never been applied to describe communication between two devices
worn on the body. Thus, we will investigate if the Saleh-Valenzuela is appropriate for
describing body area networks and propose possible extensions.

3.3.2

Ultra-wideband channels

There is no agreed upon definition of an Ultra-Wideband system. For our research,
it is sufficient to use the FCC definition as any communication system occupying an
instantaneous bandwidth exceeding 500 MHz or a fractional bandwidth of more than
20%. The fractional bandwidth is defined as the ratio of the 10 dB bandwidth to the
center frequency. From a channel modeling perspective, ultra-wideband systems are a
special case of wideband systems and many of the same channel modeling paradigms
are being applied. However, some special considerations are needed when dealing
with UWB and modifications are required to the theory we have presented so far. We
provide in this section a very brief summary of the most important UWB issues relevant
to our study. For a more comprehensive overview of UWB channel modeling, refer to
[molisch05b].
In traditional narrowband and wideband systems, we generally assume that the
bandwidth of the system is small allowing us to treat the channel gain and delay of
each path as frequency independent within the bandwidth of interest. In this way, we
can model the received signal as the summations of delayed and scaled versions of
the originally transmitted signal. This assumption leads directly to Turin’s FIR model
we presented already in Section 3.1, equation (3.1). In our discussion so far, we have
shown that this model can be very powerful for describing a variety of channel impairments. However, as communication systems employ ultra-wide bandwidths, the
principle assumption of this model is no longer valid and this representation can be
misleading.
Researchers generally agree that, in UWB systems, each path will have its own
frequency dependent transfer function and a more appropriate model of the impulse
response is a sum of distorted versions of the originally transmitted signal. If we denote
the complex transfer function of path p as χp (τ, t), then we can represent our new
model of the impulse response as
P (t)

h(τ, t) =

X

αp · χp (τ, t) · ejφp (t) · δ(τ − τp (t))

(3.41)

p=1

Equation (3.1) can thus be seen as a special case of the more general model presented
here where χp (τ, t) ≈ δ(τ ). This is an appropriate approximation when the bandwidth
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is small, but does not apply for UWB systems. Physically, wideband pulses become
distorted by the channel due to the following two effects:
• Frequency dependent antennas
• Frequency dependent interaction with scatterers
Because of the large relative bandwidth of UWB antennas, variations of the antenna
pattern over the frequency range are more pronounced than in traditional communication systems. Pulses will be distorted by the frequency dependent radiation properties
of the antenna, and this distortion will depend on the path’s direction of arrival and departure [molisch05b]. Every time the path reflects, diffracts, or scatters off of an object,
the pulse attenuation will be strongly frequency dependent [muqaibel05, qiu02, lam04]
Fortunately, this pulse distortion does not lead to any changes in our model from
Section 3.1.5 since the sampling theorem still applies: as long as the system is bandlimited, the impulse response can still be represented by a tapped delay line model as
long as the tap spacing is greater than the 1/T . However, pulse distortion can impact
the statistical description of gn in several ways.
While it is still possible in UWB tapped delay line models for a tap gain gn to represent the sum of one or more unresolvable components, such a convenient physical
picture is not always appropriate since a single multipath component can be spread
over several taps due to the frequency selective properties of the antenna and scatterers. Furthermore, the high bandwidth implies that a single tap in the model will not
necessarily consist of a large number of unresolvable components and the central limit
theorem no longer applies. Taken together, these effects will clearly violate the GWSSUS assumptions resulting in more complicated modeling forms. These issues are
especially important for UWB systems worn on the body and we will be considered
more carefully in Chapter 5.

3.4

Model selection theory

Communication engineers are generally familiar with maximum likelihood theory as
summarized in Appendix B. It is relatively straightforward to use likelihood theory
to estimate communication parameters of interest given a model. However, maximum
likelihood theory by itself can not answer the question ”What is the best model ?”.
In fact, this is the critical issue in propagation modeling and requires either statistical
or information theoretical model selection methods which are generally unfamiliar to
engineers.
In this section, we summarize two approaches to model selection. Section 3.4.1
presents the hypothesis testing approaches that are most widely used by the current
wireless channel modeling community. Section 3.4.2 presents an alternative information theoretic method. Section 3.4.3 contrasts the two approaches and justifies the
method we will use throughout this dissertation. Much of the material presented in
Section 3.4.1 is based on the book by Papoulis [papoulis02], while the material in Section 3.4.2 is based on the book by Burnham and Anderson [burnham02]. For a more
comprehensive treatment of the topics, refer to these texts.

3.4.1

Hypothesis testing

In most hypothesis testing problems, some temporary assumption, called the null hypothesis H0 , is tested against the alternate hypothesis H1 . In the case of a goodness
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of fit test, the null hypothesis is that a given function F0 (x) equals the distribution
under test FX (x) of a random variable X. This can be expressed mathematically as
H0 : FX (x) ≡ F0 (x). The alternate hypothesis is then H1 : FX (x) 6= F0 (x).
The goal of hypothesis testing is to determine if the evidence in the form of available data supports the hypothesis or not. These type of tests normally rely on the
limiting behavior of a test statistic that is some function of the data and the distribution
under test. The distribution of the test statistic converges to some known distribution
if the observed data is indeed drawn from the distribution under test FX (x). If not,
then the test statistic will yield a value that would occur with only low probability according to the known distribution. This probability is set by the confidence level α of
the test. If the test statistic yields a value that would occur with a probability lower
than the confidence level, the hypothesis should be rejected. Two test statistics that are
commonly used in the channel modeling literature are the Kolmogorov-Smirnov and
χ2 tests [ieee05].
The Kolmogorov-Smirnov test statistic is perhaps the most popular. It is based on
the maximum distance between the empirical CDF and the CDF under test:
Dn = max |Fn (x) − FX (x)|
x

(3.42)

where n is the number of independent observed samples, Dn is the distance, Fn (x)
is the empirically derived sample CDF obtained from the observed data, and FX (x)
is the
√ proposed CDF under test. The Kolmogorov-Smirnov test statistics is then given
by nDn which can be shown to converge to a Kolmogorov-Smirnov
distribution as
√
n → ∞. The test is rejected if the observed value of nDn exceeds the critical
value determined from the right tail of the distribution according to the significance
level. The critical value for the Kolmogorov-Smirnov test is tabulated in most standard
textbooks [papoulis02].
The problem with this test statistic is that it only applies if FX (x) is fixed. If
parameters of FX (x) need to be estimated, which is normally
√ the case for the distributions encountered in communication systems, then the nDn will not approach a
Kolmogorov-Smirnov distribution and the test no longer has any theoretical motivation. Despite this problem, the test statistic is still used by a variety of researchers
[hashemi93a, coulson98, ieee02a, ieee05] probably due to its simplicity and because it
is based on the intuitively appealing difference metric Dn .
The χ2 test statistic is an alternative which is valid even in the case that the parameters of FX (x) need to be estimated. To generate this test statistic, we produce a K bin
histogram from the n independent observed data samples where the value of each bin
k is denoted Nk . We then produce an estimate of each bin in the histogram, which we
denote πk (θ̂), based on the hypothesized pdf and the ML estimate of the parameters .
The χ2 test statistic is then defined as follows:
χ2 =

K
X
Nk − nπk (θ̂)
k=1

nπk (θ̂)

(3.43)

It can be shown that as n → ∞, χ2 converges to a chi-squared distribution with k −1−
m degrees of freedom where m is the number of estimated parameters. As before, the
hypothesis is rejected if the observed value of χ2 exceeds the critical value for a given
significance level tabulated in most statistics texts. This test has also proven popular
with many researchers [parsons01, polydorou97, ieee05].
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The Akaike Criterion

An alternative approach to model selection is based on the Akaike Information Criterion (AIC). The AIC is defined as follows [akaike73]:
AIC = −2L(θ̂|x) + 2K

(3.44)

where L(θ̂|x) is the value of the maximized log-likelihood over the unknown parameters (θ) given the data and the model, and K is the number of parameters estimated
in that model. This equation is straightforward to compute since the log-likelihood is
readily available from the ML estimates. Intuitively, the first term indicates that better models have a lower AIC because the log-likelihood reflects the overall fit of the
model to the data. The second part of the equation penalizes additional parameters
ensuring we select models that best fit the data with the least number of parameters.
The tradeoff between the first two terms of equation 3.44 reflects the well-known
principle of parsimony. According to this principle, the fit of any model can be improved by increasing the number of parameters. However, the error variance due to
estimating these additional parameters also increases so there is some optimal number of parameters to represent the data. Models which do not have enough parameters
to represent the data are said to underfit the data, while models containing too many
parameters unsupported by the data are said to overfit the data. Even before the development of statistics, the principle of parsimony had been recognized by philosophers
for many centuries where it is known as the principle of Occam’s Razor. It motivates
scientists to model complex phenomena using models with as few parameters as possible.
The AIC is actually an estimate of the relative Kullback-Leibler (KL) information
loss [akaike73]. The KL information between models f and g is a fundamental quantity
in information theory and is defined as follows:
µ
¶
Z
f (x)
I(f, g) = f (x) ln
(3.45)
g(x|θ)
An intuitive interpretation of I(f, g) is that it is the distance of model g from model f
representing the information lost when g is used to approximate f . In our case, f represents the ”true” model from which our measured data is drawn and g is our simplified
approximating model such as a Rayleigh or Lognormal distribution. In summary, the
model with the lowest AIC approximates the ”true” distribution with the minimum
loss of information. Thus, the principle of parsimony turns out to be a by-product
of minimizing the total information lost when approximating some phenomena by a
simplified model and is reflected in the criterion of equation (3.44).
Equation (3.44) depends on the log-likelihood function indicating that the Akaike
Criterion is closely linked with maximum likelihood parameter estimation. In the same
manner that the MLE is only asymptotically unbias and efficient (see appendix B), it
is not surprising that the AIC provides an unbias estimate of the relative information
loss only for large sample sizes. A related criterion, called the Second Order Akaike
Information Criterion (AICc ), was later proposed to correct for this bias when the
number of samples is small [sugiura78]:
2K(K + 1)
(3.46)
n−K −1
where n is the sample size. Since AICc approaches AIC for large n, it can be used
for either large or small sample sizes. Therefore, we will use AICc throughout our
research.
AICc = AIC +
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As indicated previously, the AICc criterion provides an estimate of the relative KL
information loss rather than the KB information loss. The meaning of relative information loss can be understood from equation (3.45). In order to compute I(f, g) we
would need to know both our approximating model g and the true model f . Obviously,
we do not know the true model f of a complicated system. However, we can still estimate the relative distance between the true model and various approximating models
since I(f, g) can be written equivalently as
Z
Z
I(f, g) =
f (x) ln(f (x))dx − f (x) ln(g(x|θ))dx
= Ef [log(f (x))] − Ef [log(g(x|θ))]
= C − Ef [log(g(x|θ))]
(3.47)
or
I(f, g) − C = −Ef [log(g(x|θ))]

(3.48)

where Ef denotes the expectation with respect to f . The term I(f, g) − C is the
relative distance between f and g and is independent of the choice of approximating
model. Without knowing C we don’t know the absolute measure of how good a particular model is, but we can estimate if a model gj is closer to the true model than another
model gi from a set of observations. Thus, the absolute value of the AIC has no meaning. However, the relative values of AICc among the models can be used to rank the
models from best to worst and to provide a strength of evidence that one model is better
than another.
To facilitate comparisons between multiple models, two related metrics are normally reported:
∆i = AICc,i − min(AICc )
(3.49)
exp(−∆i /2)
wi = PR
r=1 exp(−∆r /2)

(3.50)

where AICc,i is the second order AIC value for model index i, and R is the number
of models. Clearly, the best model among the set of models has a delta AIC of 0. As
a rule of thumb, ∆i < 2 suggests substantial evidence for the model, values between 3
and 7 indicate that the model has considerably less support, while values greater than
10 indicate that the model is very unlikely [burnham02]. The Akaike weights (wi )
provide a more precise measure of the strength of evidence and can be interpreted as
the probability that a model is the best among the whole set of candidates. In addition,
the ratio of two AIC weights wj /wi indicates how much more likely model j is the
best model compared with model i.

3.4.3

A comparison of AIC with hypothesis testing

We can summarize the difference between hypothesis testing and the AIC by stating
the question each paradigm asks, and how it is answered. A hypothesis test asks the
question ”does the model have a statistically significant deviation from the data ?” It
answers the question as either ”yes” or ”no” based on an arbitrarily chosen significance
level. The AIC asks the question ”which among a set of models is best supported
by the data ?” It answers the question by providing a set of weights which precisely
estimate how much more likely one model is better than another model. This section
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will explain why the AIC criterion is asking a more relevant question in the context of
radio propagation studies.
We emphasize that we are not suggesting there is something wrong hypothesis
testing. Hypothesis testing is a well established theory developed over the last century.
It is useful in other contexts, particularly in highly controlled experiments testing the
impact of a single parameter. However, we are proposing that the result of a hypothesis
test is less informative in modeling complex ”real-world” propagation systems than an
AIC analysis.
When making measurements of actual communication channels, we must accept
that deviations from the typical theoretical distributions discussed in Sections 3.2.1
- 3.2.4 are expected. In many cases, particularly for UWB systems, researchers use
flexible distributions, such as the Nakagami-m distribution, which have no theoretical
motivation but simply provide a reasonable empirical fit. It would be very surprising
indeed if these distributions represented the ”true” distribution exactly. Even in cases
where we do have a strong theoretical motivation for selecting a particular distribution,
measurement errors and deviations from the theoretical developments will always occur in practice. Thus, given enough data, a hypothesis test will always show there is a
statistically significant deviation from the measured data in practical measurements of
complex environments.
Given that none of the theoretical distributions are likely to match the measure data
exactly, it is entirely possible that a hypothesis test will ”reject” all the proposed models
for a sufficiently large data set. All this would mean is that all the models show some
sort of statistically significant deviation form the data which is not surprising. Furthermore, ”rejecting” all the models is not helpful to engineers. It is far more practical to
use the best model, even if it is not a perfect representation of the propagation system,
than no model at all. Thus, emphasis should be on determining the ”best model” from
a set of plausible candidates rather than ”rejecting” models because they show some
small deviation from the data.
The AIC and other related information theoretic criterion provide the only known
theoretically motivated methods for comparing multiple models. The AIC weights provide a precise metric for determining how much better a particular model is supported
by the data than another model without resorting to arbitrary testing approaches or
thresholds. Furthermore, it takes into account the principle of parsimony ensuring we
don’t over-fit a model with too many parameters, or under-fit a model with too few
parameters. In contrast, hypothesis tests were never intended to compare two or more
models. Some radio propagation researchers have attempted to use hypothesis tests in
this manner by comparing p-values or the percentage of times a model passes or fails
a test. However, this must be viewed as entirely arbitrary. The resulting approach will
not provide any guarantees that the selected models abide by the principle of parsimony
and they do not precisely quantify how much better one model is compared to another.
Before Hirotsugu Akaike proposed the AIC in 1971, there was no approach to
model selection. Even at that time, statisticians widely agreed there were difficulties
in applying the hypothesis testing paradigm to the complex systems encountered in
practice by scientists. Without any alternative, a large number of ”rules of thumb”
were developed around hypothesis testing, many of which are (unfortunately) still used
in the radio communication sector today. It took more than a decade for the AIC to
become widely known, but it is now a standard approach used extensively in many scientific disciplines. Nevertheless, it was only recently proposed for analyzing measured
data in wireless communication systems [schuster05]. The authors in [schuster05] only
suggested using the Akaike Criterion for comparing small-scale fading models in UWB
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systems. However, we will use this criterion together with maximum likelihood estimation as a universal approach to compare many different aspects of both narrowband
and wideband channel models.
The AIC criterion is not a panacea. A sound reasoning about the problem and
a good measurement methodology are by far the most important aspects of any good
propagation study. In particular, since the AIC criterion is based on a relative distance,
it is only useful in selecting the best model among a set of models. It is entirely possible that all the models will be poor in an absolute sense. This means that using the
AIC criterion places the focus on selecting a set of models which are well founded
either from a theoretical analysis of the propagation phenomenon or prior experimental evidence in the literature. Thus in our approach, a physical interpretation of the
propagation phenomenon, plots of the data, and independent research results are used
whenever possible to complement our model selection criterion.

3.5

Conclusions

This chapter has reviewed the most important aspects of statistical channel modeling
relevant to our research and proposed a universal approach to statistical analysis of
propagation measurements based on likelihood theory to estimate parameters, and information theory to compare competing approximating models.
We began our review by presenting an elegant set of propagation channel descriptions in the delay, frequency, time, and doppler spectrum based on Turin’s FIR filter
model. We then showed how these representations can be replaced by an equivalent
tapped delay line model for bandlimited communication systems. The discrete time
nature of the model makes it convenient for computer simulation and analytical analysis.
Based on the tapped delay line representation, we then reviewed the important special case of narrowband channels. We presented the analytical form and physical motivation of several common distributions used to describe small and large scale fading.
Furthermore, we showed practical approaches for obtaining maximum likelihood estimates of parameters for each of these distributions based on measured data.
We then generalized the narrowband theory to include wideband channels. We
focused specifically on the popular Saleh-Valenzuela model which provides a compact,
intuitive, and flexible channel modeling paradigm that can be used to represent both
continuous and more discrete propagation phenomena. Furthermore, we noted that
pulse distortion in UWB systems can have a major impact on the parameters of the
Saleh-Valenzuela model and some modifications may be necessary.
Finally, we reviewed and contrasted the model selection methods currently used in
scientific and engineering disciplines. We selected an approach based on the Akaike
Information-theoretic Criterion (AIC) which we will use throughout our research. The
AIC has a strong theoretical motivation and allows us to compare multiple models
against empirical data objectively without resorting to arbitrary test procedures or
thresholds.
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Chapter 4

A narrowband body area
channel model
Today’s scientists have substituted mathematics for experiments, and they wander off through equation after equation, and eventually build a structure which
has no relation to reality.
- Nikola Tesla
The introductory chapter explained how one of our research objectives is to realistically describe the body area radio channel in a manner that is practical for evaluating
communication systems in frequency bands most relevant to global regulations and
emerging standards. A practical and realistic analysis of the propagation channel is a
fundamental first step towards understanding how to apply emerging wearable wireless
technologies to bio-medical WBAN applications.
In Chapter 2, we began by developing a physical propagation model of the human
body directly from Maxwell’s equations. However, in order to keep the problem analytically tractable, a number of simplifications to the body shape and antenna were
necessary and the influence of nearby scatterers was ignored. Thus, while providing
significant physical insight, the model is not very realistic. In addition, the resulting
analytical form is difficult to apply and understand for radio system designers.
The previous chapter proposed using statistical modeling paradigms to provide a
more realistic and practical model. It also reviewed the most important concepts in statistical propagation modeling which have been applied effectively in traditional urban
and indoor radio environments. We have used these concepts to measure and model the
propagation environment for two antennas worn on a body in an indoor environment
for both narrowband and ultra-wideband systems.
This chapter shows how to apply traditional statistical approaches to describe narrowband body area communication systems, while the following chapter will describe
UWB systems. We focus specifically on the 915 MHz and 2.45 GHz ISM bands as
these are the bands used by emerging Zigbee and Bluetooth standards. In addition,
these frequencies allow reasonably small antenna designs and are available internationally. Sections 4.1 - 4.2 describe the measurement setup and analysis of propagation
in an anechoic chamber allowing us to compare our simplified analytical model with
actual body area measurements. Sections 4.3 - 4.4 then incorporates nearby scatterers
by describing the measurement and analysis of a body in an indoor office environment.
Finally, Section 4.5 summarizes the major conclusions of this chapter.
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While many measurements and simulations of propagation around the body have
recently been conducted, very few of them relate their results to pathloss trends predicted by physical or analytical modeling approaches. The empirical relationship between pathloss on the body and propagation trends predicted for curved lossy surfaces
has only been established for normally polarized antennas sticking out of the body
[zhao06]. We extend this result by showing how the pathloss of small, planar antenna
sources worn near a human body behave similarly to tangential point sources near a
lossy cylinder. As explained in the introductory chapter, planar antennas are more
likely to be deployed in practice.
While empirical statistical narrowband propagation paradigms have been used to
describe many traditional wireless communication scenarios [parsons01], their application to body area networks is very recent. Statistical models developed for propagation between body-worn antennas and a remote antenna located in the same building
have been developed in [ziri04, villanese00]. However, these results do not apply to
WBANs where both antennas are worn on the same body. Existing statistical studies of
on-body RF channels employ FDTD simulations or dynamic anechoic chamber measurements to describe pathloss for different body postures [hall07, hall06, ryckaert04].
While useful, these studies do not provide a simple, generic, physically justified model
fully considering the impact of a complex indoor environment. In contrast, we are the
first researchers to use a static virtual array measurement setup for studying WBAN
propagation channels in an indoor environment. Using this setup, we are able to easily
reproduce and separately analyze small and large scale statistics to provide a physical interpretation of the complete propagation channel. The resulting model is based
on simple distributions commonly used in traditional indoor and urban wireless standards and is therefore easy to apply in practice for evaluating on-body communication
systems.

4.1

Measurement setup for body area propagation

This section describes how we measured the radio propagation channel of a body by itself without the influence of nearby scatterers. This experiment will allow us to test the
physical insights obtained from our analytical model of Chapter 2 with actual measurements of a real body. A good understanding of the body propagation channel by itself
is essential before we can understand more sophisticated environments incorporating
reflections from nearby scatterers.
To eliminate reflections from nearby scatterers, measurements were taken in an
anechoic chamber. We have used an HP8753ES vector network analyzer (VNA) to
measure the S21 parameter between two antennas placed at various positions on a
human body (see Figure 4.1). To ensure the VNA itself does not influence results, it is
surrounded by absorbing barriers. The two antennas are connected to the VNA using
4 meter low-loss coaxial cables. The VNA calibration tools are used to remove any
frequency dependent attenuation or delay properties of these cables. Measurements
are taken at 341 frequencies between 800-2500 MHz. We use an input power setting
of 5 dBm, a sweep speed of 5ms, and we averaged together 5 measurements taken
consecutively. We have observed that the resulting noise floor is more than 100 dB
below the input power level. We will see in the following section that this provides
sufficient dynamic range for our analysis.
The same small, low-profile Skycross SMT-8TO25-MA antennas [skycross] are
used for all measurements. The antennas are 50.5 by 28 by 8 mm in size and weigh
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Figure 4.1: Experiment setup: measuring propagation near the body.

Figure 4.2: Experiment setup: mounting the antenna on the body
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Figure 4.3: Experiment setup: measurement locations around body
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Figure 4.4: Measured S11 parameters for the Skycross SMT-8TO25-MA in free-space
and at several positions close to the body.
only 4.2 grams which is close to the size and profile requirements typical of comfortable body worn sensor devices. They are bit larger than the desired 1-2 square
centimeter devices discussed in the introductory chapter. Unfortunately, it is difficult
to find such small antennas that radiate efficiently at 915 MHz close to the body. The
antennas have a wide bandwidth which minimizes degradation resulting from the antenna being de-tuned when placed near the body. It has approximately constant gain in
free space [skycross]. However, as shown in Chapter 2 and verified independently with
measurements [scanlon01, kovacs04], the antenna will in general be more directive on
the body and its gain and efficiency can change depending on where it is worn.
As discussed in Chapter 2, the separation between the body and the antenna can
significantly influence the pathloss and therefore needs to be carefully controlled. We
control this separation by putting a 5 mm dielectric between the body and the antenna
(see Figure 4.2). The antenna is taped to this dielectric and held against the body using
tight elastics so they can not move while a measurement is being made. In all cases,
the antennas are mounted so they are linearly polarized parallel to the body surface.
As discussed in Chapter 2, polarizing the antennas parallel with the body does not
necessarily provide the best propagation efficiency, but it is necessary for comfortable
wearable devices so that the antennas do not stick out normal to the body.
We analyze the antenna matching by measuring the S11 parameter in freespace and
close to the body (see Figure 4.4). In free space, the S11 parameter is below -10 dB
across the band of interest indicating the measurement setup itself does not introduce
significant loss. When mounted on the body, the S11 parameter can vary depending
on the placement of the antenna on the body. It remains good at 915 MHz (S11 < -10
dB) resulting in a small matching loss of approximately 0.46 dB at the transmitter and
receiver. However the matching is only marginal at 2.45 GHz (S11 < -5 dB) resulting
in a more substantial loss of 1.3 dB at the transmitter and receiver. The potential impact
of this mismatch on our parameters will be discussed later in our analysis.
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It is possible that the coaxial cable and connector may influence antenna parameters. However, the display on our VNA remains stable when we move the cables
indicating they do not radiate enough energy to appreciably alter our results. An alternative approach using a fiber optic link was proposed in [kovacs04]. However, this
requires a nearby optic receiver and battery which also influences radiation characteristics. Moreover, integrating small antennas into electronic sensors will inevitably alter
their radiation pattern.
Throughout this dissertation, we will focus on two types of scenarios: propagation
around a standing body and propagation along the length of a standing body. This
is intended to capture, with a small number of measurement scenarios, the range of
values that can be expected in practice. However, the measurement, analysis, and modeling paradigms we present can be applied to other body postures and more specific
application scenarios. This is analogous to the way in which conventional radio propagation research often focus on pure line-of-sight (LOS) and non line-of-sight (NLOS)
conditions, though intermediate cases of course occur in practice.
Figure 4.3a shows where the antennas are placed around the torso. All channel
parameters are extracted from measurements performed in 3 planes separated by approximately 15 cm along the vertical axis (see left diagram). The right diagram shows
where the antennas are placed for each plane. The receiver positions are marked with
circles, while the transmitter is marked with a box around the circle. The transmitter
is always placed on the front, and the receiver is placed at distances of 10 - 45 cm in
steps of 5 cm measured around the perimeter of the body.
Figure 4.3b shows where the antennas are placed for communication along the
torso. The transmitter is worn at approximately shoulder height at one of two different positions. The receiver is placed directly below the transmitter at seven positions
separated by 10 cm covering the range from the shoulder to the knees. To gather more
measurement points, we repeat the procedure on the back of the body.

4.2

Analysis of propagation around the body in an anechoic chamber

This section determines the pathloss trends near a body without the influence of nearby
scatterers using the anechoic chamber measurements of the previous section.
Figure 4.5 compares the pathloss versus distance measured around the body and
along the body for 2.45 GHz and 915 MHz frequencies with the analytical model developed in Chapter 2. The vertical axis represents the pathloss. The horizontal axis is
the distance traveled by the wave around or along the surface of the body. Note that
contrary to some researchers [zasowski03], we use the distance around the perimeter
of the body rather than the distance through the body. As we saw in Chapter 2, most of
the energy arrives at the receiver via diffraction rather than direct penetration due to the
high conductance of the body in the GHz frequency range. We have confirmed this with
FDTD simulations [fort05b]. The circles indicate individual measurements, while the
solid line was calculated using our physical model derived from Maxwell’s equations.
The torso used in this experiment has a radius of between 13-15 cm depending on the
height at which the measurement is made. Thus, we use a cylinder radius of ρ = 14
centimeters and placed the antenna and observation point at ρ0 = 14.5 centimeters
away from the lossy cylinder in our analytical model. Furthermore, we set the material
properties to the high-water content tissues of Table 2.1. Since the analytical model
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Figure 4.5: Comparison of the analytical model for propagation around/along a cylinder and measurements around/along a real human body in an anechoic chamber.

does not take into account losses close to the antenna, it is normalized to minimize the
mean squared error.
The analytical model of a lossy cylinder matches the average trends of the measurements around a real body remarkably well considering the gross simplification of
the body shape and antenna. As predicted by Maxwell’s equations in Chapter 2, propagation around the body results in a more rapid attenuation versus distance trend than
propagation along the body. However, there is a large variance in the pathloss measured
at a particular distance around the torso consistent with other measured and simulated
results [zhao06]. This variance can be attributed to several physical factors including random interaction of the antenna and body at different locations, reflections off
the arms, and variations in the local curvature or tissue properties. Furthermore, distance measurements made on a body are only accurate to about ±1 centimeter which
can also contribute to this variance. Since our analytical model is based on a uniform
lossy cylinder and does not incorporate antenna losses, we can not expect it to take
into account these fluctuations. We will consider this variation in more detail when we
investigate a complete indoor body area propagation model in Section 4.4
Comparing the top two figures with the bottom two figures, it is clear that the
pathloss within 10-20 centimeters of the antenna is significantly lower at 915 MHz than
at 2.45 GHz. This indicates that the losses for these particular antennas are lower at
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915 MHz than at 2.45 GHz. As discussed in Section 4.1, there is only a 1 dB difference
due to higher matching losses at 2.45 GHz compared with 915 MHz. Thus, most of this
difference is due to the antennas being constant gain (non-constant aperture) between
800 MHz - 2.45 GHz resulting in an attenuation of higher frequencies. However, we
should be careful with this interpretation since the antenna properties are affected by
the nearby body and propagation is along the body surface rather than through freespace.

4.3

Measurement setup for indoor body area propagation

This section describes how we measured the radio propagation channel of a body in
an indoor environment. This experiment reveals the propagation channel experienced
between two antennas worn on a human body in a more realistic environment incorporating the influence of nearby scatterers.
Chapter 3 discussed how traditional mobile wireless propagation channels vary
considerably in different environments and frequencies. Furthermore, statistical properties of these channels are non-stationary as mobile devices move behind walls, buildings, or other large geographical features. The most widely accepted approach to deal
with this complexity easily is to describe the channel over a small-area where the
statistics are approximately stationary (small-scale statistics). Variations in the smallscale statistics over large areas are then examined separately (large-scale statistics)
[bello63a, parsons01].
Not surprisingly, early investigations of body area radio channel statistics reveal
similarly complex non-stationary behavior [alomainy07, hao06]. Therefore, we propose that the same separation of large and small scale statistics can be applied to body
area systems to describe the channel in a simple manner. However, unlike traditional
radio environments, BAN channel statistics vary not only over large geographical areas [ziri04], but also over gross changes in body posture [alomainy07, hao06]. Furthermore, as shown with Maxwell’s Equations in Chapter 2 and verified with measurements
in Section 4.2, even a small displacement of the antenna on the body can create significant changes in the average pathloss since diffracting waves decay rapidly around the
body and the antennas are in close proximity. Finally, the gain pattern and efficiency
of small body worn antennas may vary depending on where the antenna is worn on the
body [scanlon01, kovacs04]. Therefore, we propose that large-scale statistics in body
area propagation systems refers not only to a large displacement of the body over a
geographical area, but also any variation in where the antenna is worn on the body or
any major change in body posture.
Separately analyzing the small and large scale statistics provides a fairly complete
description of the channel for many situations of practical interest and can often lead
to simple, physically-motivated modeling forms which are more useful for evaluating
systems in practice. To demonstrate this approach for body area communications, we
will focus on propagation around the human torso in an indoor environment which
represents a worst case scenario. Of course, the same methodologies could be used
to extend these results for communication around other areas of the body, as well as
different antennas, body postures, or environments.
We adapt the virtual array measurement setup popular in indoor wireless measurement campaigns [turin72, hashemi93a, rappaport91, cassioli02a, ieee02a, ieee05] to an
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Figure 4.6: Static virtual array measurement locations around the office room
indoor body area scenario. This technique allows us to independently study the large
and small scale variations in the signal power as a body moves through a room. All
measurements are made in the 3.7 by 6.1 by 2.8 meter office room shown in Figure 4.6.
For each body position in Figure 4.3a, several measurements are taken at six locations
in the room labeled alpha-numerically. At each of the six locations, measurements are
taken at 49 points arranged in a fixed height 7 by 7 square grid. The separation between
the array elements is set to half the wavelength of interest: 6 cm for 2.45 GHz and 16
cm for 915 MHz. Recall from Section 3.1.3, that a spatial separation of only 0.38λ
is typically enough to ensure the channel is uncorrelated. Thus, these grid dimensions
allows independent fading in an area small enough that the channels statistics can be
considered approximately stationary. The small-scale statistics can be determined by
analyzing variations over one 49 point grid. Large-scale variations are determined by
averaging the 49 measurements at each different location in the room for each positions
of the antenna on the body. This spatial averaging approximately removes the effects
of small-scale fading.
The experimental procedure involves taking measurements between antennas worn
on a person at marked locations in the room. The person is standing facing the east wall
with arms hanging at his side. A paper mat is placed at each of the nine measurement
locations. Each mat contains a grid of points indicating where to stand to make the 49
different measurements at one location. A laptop is programmed to take measurements
and then signal the person to move to the next measurement point.
We use approximately the same antenna and setup as in Section 4.2 (see Figures
4.1 - 4.4). However, the VNA is set to take measurements in 500 kHz steps across a
100 MHz bandwidth centered at 915 MHz and 2.45 GHz.

4.4

Analysis of propagation around the body in an indoor environment

This section develops a complete propagation model for a body in an indoor office
environment surrounded by several scatterers based on the measurement setup of the
previous section. Furthermore, it will compare these results with the measurements
taken in an anechoic chamber described in Section 4.2. Section 4.4.1 describes the
average pathloss and large scale fading, section 4.4.2 analyzes the small scale fading,
and Section 4.4.3 estimates the delay spread.
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4.4.1

Pathloss and large-scale fading

The signal attenuation is calculated by integrating the S21 parameter over each of the
sub-bands specified by the Zigbee standard around 915 MHz and 2.45 GHz [zigbee].
At each antenna position on the body and location in the room, this attenuation is
averaged over the 49 points on the measurement grid to yield the large scale pathloss
variations. This averaging mostly removes the effect of small-scale fading due to a
small changes in the user position around the room. The resulting pathloss is plotted
in Fig. 4.7. The vertical axis represents the average pathloss at each location and body
position. The horizontal axis is the distance between the antenna and receiver measured
around the perimeter of the body. The circles and crosses correspond to measurements
in the 2.45 GHz and 915 MHz bands respectively.
Figure 4.7 shows that the path loss increases with distance as expected and that
there is a large variance around the mean. We can obtain significant insight into body
area propagation by comparing Figure 4.7 with the pathloss in an anechoic chamber
shown previously in Figures 4.5a and 4.5c. These measurements were taken with the
same body and the same antennas worn in approximately the same position so they
allow us to isolate the influence of the surrounding environment from the influence of
the body. For distances less than 25 cm, the pathloss in an anechoic chamber is similar
to the pathloss in an indoor environment indicating that when antennas are worn on the
same side of the body, the influence of surrounding scatters is not significant. However,
for distances greater than 30 cm, corresponding to propagation to the opposite side of
the body, the pathloss in an indoor environment flattens out compared with pathloss
in an anechoic chamber indicating that the energy received from nearby scatterers is
dominant when antennas are worn on opposite sides of the body.
The pathloss trends demonstrated in Figures 4.7 and 4.5 are consistent with the insights from our analytical model of Chapter 2. Pathloss versus distance trends around
the body decay very rapidly compared with propagation through free space. Thus, even
though antennas are close together and the scatterers are comparatively far away from
the body, reflections from the surrounding environment can still have a significant influence on the propagation channel. This effect is particularly pronounced at higher
frequencies. For example, the average pathloss measured at 2.45 GHz on the opposite
side of the body is about 3 orders of magnitude lower than pathloss measured in an ane-
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choic chamber (see Figures 4.7 and 4.5c). This is because attenuation versus distance
due to diffraction increases at higher frequencies.
Several pathloss versus distance models have been proposed for propagation around
the body including the following:
PdB (d) =

P0 + 10n log10 ( dd0 ) + σP nP

(4.1)

PdB (d) =

P0 − 10 log10 (e−m0 d ) + σP nP

(4.2)

PdB (d) =
PdB (d) =

−10 log10 (P0 e−m0 d + P1 e−m1 d ) + σP nP
−10 log10 (P0 e−m0 d + P1 ) + σP nP

(4.3)
(4.4)

Where PdB represents the pathloss in decibels at a distance d measured around the body
and nP is a zero mean unit variance Gaussian random variable. We therefore make the
common assumption that the distribution around the average trend is Lognormal with
variance σP . This type of distribution is physically justified since we expect the large
scale variations to depend on a large number of random multiplicative effects.
Equation (4.1) represents the standard pathloss law used in many indoor wireless
[hashemi93b] and some body area propagation studies [zasowski03, fort05a]. The special case of n = 2 corresponds to free-space propagation. For indoor and urban multipath scenarios, n is varied empirically to match measured data.
Equation (4.2) represents an exponential loss which is expected for diffraction
around an infinite perfectly conducting cylinder. This model was incorporated by the
IEEE 802.15.4a committee based on FDTD simulations [ieee05].
Equation (4.3) is a sum of two exponentials that is similar to a linear dual slope
model when plotted on a logarithmic scale. A dual slope model was used in [ryckaert04]
with the following physical explanation: the diffraction mechanism is expected to decay exponentially, but flattens out past a certain breakpoint as the initial wave combines
together with secondary paths traveling through the body or reflecting off of arms.
Equations (4.2) - (4.3) are based on studies that do not incorporate the influence of
the surrounding environment. We propose a fourth model in equation (4.4). It represents the exponential decay with distance expected with diffraction around a cylindrical
body, followed by a flat saturation point due to the energy received from multipath reflections off nearby scatterers.

Model
Eq. (4.4)
Eq. (4.3)
Eq. (4.1)
Eq. (4.2)

Table 4.1: Comparison of pathloss models
915 MHz
2.45 GHz
K
Parameters
∆
w
∆
w
4
P0 , m0 , P1 , σP
0.0 0.72 0.0 0.73
5 P0 , m0 , P1 , m1 , σP
2.0 0.27 1.9 0.26
3
P0 , n, σP
34.2 0.0 40.6 0.0
3
P0 , m0 , σP
75.7 0.0 67.9 0.0

Table 4.1 shows the results of applying the AICc criterion to the set of models. For
both 915 MHz and 2.45 GHz data, the model represented by equation (4.4) is best supported by our data with a high AIC weight between 0.72 - 0.73. This model is actually
a special case of the dual slope model of equation (4.3) where the slope parameter is
set to zero (m1 = 0). However, the dual slope model is less supported by the data indicating the extra slope parameter does not improve the model significantly. The power
decay model of equation (4.1) popular for indoor wireless is not at all supported by the
data since it does not reflect the exponential attenuation expected for diffraction around
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a curved surface. On the other hand, the pure exponential pathloss model of equation
(4.2) is also not supported by the data since it does not take into account the power
received due to reflections off the surrounding environment or the arms.
Table 4.2: Parameters of pathloss model
Parameter
915 MHz Value 2.45 GHz Value
P0 (dB)
-1.9
-25.8
m0 (dB/cm)
2.1
2.0
P1 (dB)
-59.4
-71.3
σP (dB)
3.2
3.6
The Maximum Likelihood (ML) parameter estimates of the best model, equation
(4.4), are given in Table 5.1. Physically, P0 depends on the average losses occurring
close to the antenna and will depend on the kind of antenna. As discussed in Section
4.2, P0 is higher for 2.45 GHz compared with 915 MHz for these particular antennas.
This it at least partially attributed to the higher matching loss and the constant gain
antennas, but other effects are also possible. The parameter m0 represents the average
exponential decay rate in dB/cm of the creeping wave component diffracting around
the body. This decay rate depends on the wavelength and average radius of curvature around the given body surface. The torso on the body used in our experiments
has a radius of roughly 13-15 cm corresponding to a perimeter of 41-45 cm, though
variations occur at different heights and the body is obviously not a perfect cylinder.
According to our analysis of Chapter 2, Maxwell’s Equations predict approximately
2.1 dB/cm at 2.45 GHz and 1.8 dB/cm at 915 Mhz for propagation around a lossy
cylinder with a radius of 14cm which is similar to the average decay rates in table 5.1.
The remaining discrepancies can be explained by measurement and estimation error, as
well as irregularities in the body shape and material properties. The parameter P1 can
be interpreted as the average attenuation of components radiated away from the body
and then reflected back at the receiving antenna. We emphasize that the noise floor is
roughly 100 dB below the transmit power level which is approximately 28.7 dB lower
than the worst case average power measured at 2.45 GHz. This indicates that the observed pathloss floor is due to reflected components rather than thermal noise in our
measurement setup. Finally, σP is the log-normal variance (expressed in dB) around
the average trend representing average pathloss variations measured at different body
and room locations. This parameter will depend on variations in the body curvature,
tissue properties, and antenna radiation properties at different body locations.
We graphically confirm this model against our data in Figure 4.7. Clearly, the
pathloss model shown by the solid and dashed lines closely follows the average trend
of our measured data. We emphasize that the pathloss model we have shown here is
only valid for propagation around a human torso in an indoor environment. Just as in
traditional radio environments, different pathloss laws and parameters can be developed
to represent other scenarios.

4.4.2

Small-scale fading

In the previous section, we analyzed the average pathloss at different locations in the
room and antenna positions on the body. However, small changes in the body position
as a person walks through the room cause the received signal energy to fluctuate around
this average trend due to random interference of multi-path components radiated away
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from the body and reflected back at the receiver. We now characterize this smallscale fading by fitting the received energies measured at the 49 positions in each grid
to Rayleigh, lognormal, Nakagami-m, and Ricean distributions using ML parameter
estimates. As discussed in Section 3.2, these distributions are commonly associated
with small-scale fading in traditional indoor wireless communication systems.
Table 4.3: Comparison of small-scale fading models (2.45 GHz data)
Antenna
Rice Nakagami-m Rayleigh lognormal
Separation (cm)
∆
∆
∆
∆
10
0.2
0.3
89.6
4.0
15
0.3
0.4
12.7
9.0
20
1.1
1.3
14.7
13.0
25
0.8
1.1
3.0
10.8
35
1.6
1.5
0.4
13.1
45
1.7
1.7
0.6
10.2
We compare the models at each measurement grid and body location separately.
However, for conciseness, Table 4.3 provides the average ∆ across all body locations
and grids for each antenna separation which we donate ∆. This is sufficient to summarize our observations. Only the results for 2.45 GHz are presented, but the 915 MHz
data shows similar trends.
For distances less than 25 cm, the Ricean distribution is best supported by the
data overall. Physically, this distribution represents the case where there is a strong
path, called the specular component, combined with low level scattered paths. For
most wireless scenarios, the specular component corresponds to a line of sight path
[hashemi93b]. On the human body, the specular component corresponds to the most
direct path of diffraction around the body regardless of whether there is a true line of
sight. The scattered components consist of energy that is radiated away from the body
and then reflected back towards the receiver by the surrounding environment.
In most cases, the Nakagami-m and Ricean AIC deltas are very similar. The
Nakagami-m distribution does not have a strong physical motivation. However, we
can expect it to match the data reasonably well since it can closely approximate the
Ricean distribution [stueber96].
At 35 and 45 cm, the lower AICc deltas indicate the Rayleigh distribution is better
supported by the data. This is expected since the diffracting components are attenuated
on the back of the body. Instead, the reflected components dominate resulting in a
Rayleigh distribution. The Rayleigh distribution is a special case of the Ricean and
Nakagami-m distributions. However, the higher deltas of the Ricean and Nakagami-m
distributions indicate the extra parameters do not improve the model significantly.
The Lognormal model performs poorly in all cases. This is not surprising since
there is no physical motivation for lognormal small-scale fading in narrowband systems. A lognormal distribution occurs due to a large number of random multiplicative
effects. However, over a small area and narrow bandwidth, we expect additive effects
due to the combination of many random phase components.
As discussed in Chapter 3 Section 3.2.2, the Ricean distribution is often expressed
in terms of a parameter K defined as the ratio of the specular component to the random
multi-path component powers. As the receiver is moved further away from the transmitter, the initial diffracting wave becomes more attenuated resulting in both lower
received energy and a lower K-factor. This trend is demonstrated in Fig. 4.8 where
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Figure 4.8: Pathloss versus Ricean K-factor for 915 MHz data (left) and 2.45 GHz data
(right)
Table 4.4: Small-scale fading model Parameters
Parameter 915 MHz 2.45 GHz
K0 (dB)
40.1
30.6
mK
0.61
0.43
σK (dB)
2.4
3.4
the estimated K-factors are plotted against the pathloss revealing a linear correlation.
Assuming K is log-normally distributed, the K factor can be modeled as follows:
KdB = K0 − mK PdB + σK nK

(4.5)

The parameter KdB is the K-factor in dB, PdB is the pathloss in dB, and nK is a
unit mean and variance Gaussian random variable. Table 4.4 summarizes parameters
of this model extracted from our measurements. It is clear from σK in Table 4.4 and
visual inspection of Figure 4.8 that the Pathloss and the K-factor are more correlated at
915 MHz than at 2.45 GHz. This indicates that at higher frequencies, the small-scale
fading distribution is also influenced by other factors such as variations in the antenna
properties at different locations on the body, or the proximity of the body to scatterers
in the room.

4.4.3

Delay spread

As discussed in Chapter 3 Section 3.1.1, the root mean square (rms) delay spread (στ ) is
the square root of the second central moment of a power delay profile. For narrowband
systems, στ provides a good indication of the potential for inter-symbol interference.
The VNA measurements are converted to baseband and transformed to the time
domain using an Inverse Fourier Transform. The delay spread is then estimated from
the resulting power delay profile. Delay spread estimates are very sensitive to sidelobes
and noise components having large excess delays. The usual way to cancel the effect
of noise is by setting to zero values of the power delay profile lying below a noise
threshold defined relative to the peak power in the profile [cullen93, rossi99]. Based
on initial experimentation, we find that the average rms delay spread is relatively stable
for noise thresholds between 13 - 18 dB for all our measurements.
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Figure 4.9: Cumulative Density Function of the RMS delay spread
To summarize the approximate range of values that can be expected, Figure 4.9
shows a cumulative density function (CDF) of στ for antenna separations of 15 and 45
cm using a noise threshold of 15 dB. The measured delay spreads are on the order of a
few 10s of ns in the worst case. This is more than an order of magnitude smaller than
the symbolling rates of Bluetooth and Zigbee validating the narrowband assumption.
As in other indoor studies [hashemi93b], στ can be modeled with a normal distribution indicated by the dashed line in Fig. 4.9. In general, the mean and variance
increases with antenna separation. This is expected as the received energy becomes
more concentrated in the reflected components from distant scatterers which are likely
to be more spread out in time and variable than the initial diffracting waves. For the
same antenna separation, the 915 MHz data has a lower στ than the 2.45 GHz data.
As explained in Chapter 2, this is also expected as lower frequencies diffract more easily around the body. Thus more of the energy is concentrated in the initial diffracting
component resulting in a lower delay spread.

4.5

Conclusions

This chapter has shown how traditional narrowband measurement and statistical modeling paradigms can be applied to wireless body area networks by investigating propagation around a body in an anechoic chamber and an indoor environment.
The average pathloss trends measured in an anechoic chamber closely follow the
trends derived from Maxwell’s Equations for propagation around and along a lossy
cylinder derived in Chapter 2. As predicted, pathloss due to diffraction around the
body is significantly higher than pathloss along the body. There is a large variance in
the pathloss measured at a particular distance around the torso. This variance can be
attributed to several physical factors including random interaction of the antenna and
body at different locations, reflections off the arms, and variations in the local curvature
or tissue properties.
Using a virtual array static measurement setup adapted for body area propagation
measurements, we have developed a model of the pathloss, small-scale fading, and rms
delay spread based on well-known, computationally simple distributions commonly
used in traditional indoor and urban wireless communication systems. We have shown
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that the Pathloss of energy diffracting around the body follows the expected exponential
trend, but flattens out due to the influence of multipath components reflecting from the
surrounding environment. The small-scale fading can be represented by a Ricean distribution with a K factor that decreases as the amplitude of the initial diffracting wave
decreases. It approaches the Rayleigh distribution when the transmitter and receiver
are on opposite sides of the body where multipath reflections from the surrounding environment are dominant. The delay spread is approximately normally distributed over
a range of values that is small compared to the symbolling rates of relevant communication standards such as Bluetooth and Zigbee. Both the mean and standard deviation
increase with antenna separation as more of the energy becomes concentrated in the reflected multipath components. The delay spread is shorter at 915 MHz compared with
2.45 GHz since more of the energy is concentrated in the initial diffracting component
at lower frequencies. These observations are in agreement with the physical insights
developed from fundamental principles in Chapter 2.
The values extracted in this campaign are specific to our antenna and office environment. However, the methodology, physical insights and many aspects of the model
are general.
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Chapter 5

An ultra-wideband body area
propagation model
The sciences do not try to explain, they hardly even try to interpret, they mainly
make models. By a model is meant a mathematical construct which, with the
addition of certain verbal interpretations, describes observed phenomena. The
justification of such a mathematical construct is solely and precisely that it is
expected to work.
-John Von Neumann
The introductory chapter discussed how a large band between 3.1-10.6 GHz was recently legalized for commercial communication systems transmitting with a low power
spectral density below the noise floor. Ultra-wideband communication offers a new and
virtually unexplored potential for wireless body area networks. Thus, in addition to
the narrowband model presented in the previous chapter, an ultra wideband body area
propagation model is also needed to investigate UWB for bio-medical applications.
As explained in Chapter 3, wideband propagation models are more sophisticated
than narrowband models. In narrowband systems, all the reflections in the indoor environment are combined at the receiver so we only need to describe the large and small
scale amplitude variations of the resulting signal. However, wideband systems have a
higher resolution revealing multiple reflections in the channel. In this case, we must
define the statistical properties of each resolvable component. This is particularly challenging for UWB signals which have an extremely high resolution capable of resolving many multipath components. Furthermore, individual multipath reflections can be
spread out over time by frequency dependent antennas and scatterers. This can result
in a more complex power delay profile as well as correlation between the channel filter
taps defining a bandlimited propagation system.
We have developed a measurement and modeling approach for describing the ultrawideband body area communication channel. Our approach is easy to setup and does
not require expensive equipment. Furthermore, it allows us to measure and model the
portion of the propagation channel due to the body separately from the portion due to
surrounding scatterers. Not only are different measurement and modeling paradigms
necessary to capture the very different statistical properties of these two propagation
systems, but it also allows us to re-use body area measurements and models for different indoor environments. Finally, we have implemented the resulting model and
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evaluated its accuracy in reproducing important communication metrics such as delay
spread and the number of significant resolvable components.
This chapter describes our body area UWB measurements and model. It is divided
into three parts. Sections 5.1 - 5.2 describes the measurement setup and analysis of
UWB radio propagation near the body. Sections 5.3 - 5.4 then extends these results
to incorporate the influence of nearby scatterers in an indoor environment. Finally,
Section 5.5 summarizes the major conclusions of this chapter.
With the recent decision by the FCC to allow for commercial UWB devices operating between 3.1-10.6 GHz, there has been renewed interest in ultra-wideband channel
modeling for a wide variety of application scenarios [molisch05b, ieee05, ieee02a].
At the same time, several studies have been conducted to describe the body area UWB
channel specifically [welch02, zasowski03, alomainy05, alomainy06, hao05, kovacs04,
zhang07]. However, these researchers provide only a high-level description of some
measured propagation trends such as delay spread and wideband pathloss. In contrast,
we provide a detailed tapped delay line model and a complete implementation recipe
suitable for an accurate analysis of on-body UWB communication system performance.
Furthermore, we propose a novel modeling form where components diffracting near
the body are measured and analyzed separately from later reflections. The results presented in this chapter were accepted for by the IEEE 802.15.4a committee as the first
standardized WBAN communication model [ieee05, molisch06a].

5.1

Measurement setup for body area propagation

We use nearly the same measurement setup for UWB systems as we did for narrowband
systems described in Section 4.1 (see Figure 5.1). In all cases, the body is in a standing
position with arms hanging along the side. An HP8753SE Vector Network Analyzer
(VNA) measures the S21 parameter between two antennas on a body. A total of 801
separate frequencies between 3-6 GHz are recorded. The two antennas are connected
to the VNA using low-loss coaxial cables. An Agilent 87415A amplifier [agilent] helps
to increase the dynamic range. All measurements in this section are made in a large
empty room so that propagation near the body can be separated from later reflections.
Thus, an anechoic chamber is not strictly necessary when studying UWB body area
propagation.
The same small-size, low profile Skycross SMT-3TO10M UWB antennas [skycross]
are used for all measurements in this chapter. The antennas are mounted on the torso
as shown in figure 5.2 so that they are linearly polarized parallel with the body. We
control the separation by placing either a 5 or 10 mm dielectric between the body and
the antenna. The antenna size, separation, and orientation reflect the dimensions of
current low-profile body worn system prototypes as discussed in Chapter 1.
We analyze the antenna matching by measuring the S11 parameter at each antennabody separation (see Figure 5.4). The S11 parameter depends on the position of the
antenna on the body consistent with measurements in the previous chapter and in
[chen05, klemm05]. This is due to the complex interaction of the antenna with the body
which can alter the antenna impedance depending on the local geometry and properties
of nearby tissues. Nevertheless, the matching is good, regardless of the antenna position, for a separation of 5 mm and 10 mm across the band of interest (S11 < −10 dB).
This will result in a small matching loss of approximately 0.46 dB at the transmitter
and receiver. However, when the antenna is placed directly on the body, the matching
becomes marginal (S11 < −5 dB) resulting in a somewhat more substantial loss of
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Figure 5.3: Measurements around the torso (a) and along the front of the torso (b)
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1.3 dB at the transmitter and receiver. The impact of this loss will be discussed later in
our analysis.
Figures 5.3 shows where the antennas are placed on the body. Two experiments
are performed to extract channel statistics for communication around the torso (Figure
5.3a) and along the front of the torso (Figure 5.3b)
For communication around the torso (see Figure 5.3a), all parameters are extracted
from measurements performed in 6 planes separated by 7 cm along the z-axis of the
torso. The right diagram shows where the antennas are placed on the body for each
plane. The receiver positions are marked with circles, while the transmitter position is
marked with a box around the circle. The transmitter is always placed on the front of
the body, and the receiver is placed at various positions on the torso at distances of 1045 cm. We record measurements one plane above and one plane below the transmitter
at each distance to obtain 176 measurements at various receiver positions.
The body area channel statics may depend on the position and distance between the
antennas around the body consistent with other studies in the literature [zasowski03,
alomainy06]. To analyze variations in the channel around the body, we extract parameters separately in regions representing the ”front”, ”side”, and ”back” of the body (see
right diagram). Each of these regions is assumed to be large enough to have enough
measurement points to estimate parameters reliably, but small enough that the statistics
in each region can be considered approximately stationary.
For communication along the front of the torso (see Figure 5.3b), the transmitter is
worn at approximately shoulder height at one of six different positions. The receiver is
placed directly below the transmitter at five positions separated by 10 cm.

5.2 Analysis of propagation around a body
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For communication between sensors placed on the body, transmitted signal can arrive
at the receiver in three ways:
1. propagation through the body
2. diffraction around the body
3. reflections off of nearby scatterers then back at the body.
As explained in Chapters 2 and 3, propagation through the body is negligible in the
GHz frequency range and can be ignored due to the high conductivity of body tissues.
This section analyzes components diffracting around the body, while Sections 5.3 and
5.4 focus on reflections off of nearby scatterers.
We propose measuring and modeling the local components diffracting around the
body separately from the components reflecting from the surrounding environment for
several reasons. We will see that the local diffracting components have different properties from the reflected components requiring different modeling and measurement
procedures. Furthermore, this approach allows us to reuse propagation measurements
near the body for any indoor environment.
Since the body is within the near-field of the antenna, charges on both the antenna
and body surfaces interact to create a single radiating system. In this case, it is no longer
possible to separate the influence of the antenna from the influence of the body. We
therefore include the antenna as a part of the channel model throughout this analysis.
As indicated in Section 5.1, all measurements are made in the frequency domain.
However, our goal is to develop a time-domain tapped-delay line model of the channel
as described in Section 3.1.5. Thus, we must convert the measured frequency domain
transfer function to the delay domain using an Inverse Discrete Fourier Transform
(IDFT). Since the measurement is band limited between 3-6 GHz, our measurement
setup multiplies the continuous frequency response by a rectangular window in the
frequency domain. Thus, after performing an IDFT , the resulting delay domain function represents the channel impulse response cyclically convolved by a Sinc function.
The sidelobes of a Sinc function are quite significant and may influence the statistical
properties of our tapped delay line model. While this problem can not be completely
eliminated with a finite bandwidth measurement, it is normally mitigated by applying a
window function to reduce these sidelobes at the cost of a decrease in the measurement
resolution [hashemi93a, denis03, chong05, ghassemzadeh04]. Initial experimentation
indicates that a Hamming window provides a better compromise. The sidelobes of
a Hamming window are 41 dB below the main lobe [oppenheim99] and do not obscure features of interest in the channel. For measurements taken on the side and back
of the body, the sidelobes are attenuated below the noise floor of the measurement
setup. Finally, multipath components attenuated by more than 41 dB below the largest
components are too small to influence communication system performance and can be
ignored. Unfortunately, the Hamming window weights the frequency spectrum reducing the effective measurement resolution (see Figure 5.5). The taps in our resulting
model will therefore be placed further apart. While an exact mathematical relationship
between the window function and the statistical properties of the taps cannot be derived, the reduced resolution will result in a larger number of unresolvable components
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Figure 5.5: Example of a measured S21 parameter between 3-6 GHz (top), and the
windowed data (bottom). Applying a Hamming window to the data minimizes the influence of sidelobes in the time-domain at the expense of reducing the valid bandwidth
of the model.

encouraging Gaussian uncorrelated modeling forms that are motivated by the central
limit theorem.
When transforming the measurement to the delay domain, we found it convenient
to use the real passband IDFT rather than the complex baseband IDFT in the same
manner as [denis03, chong05]. The passband IDFT of the windowed data is expressed
as follows

y(τ ) = F −1 {S21 (f ) · Hamm(f ) + (S21 (−f ) · Hamm(−f ))∗ }

(5.1)

Where S21 (f ) represents the S21 parameter measured at a particular location and frequency, and Hamm(f ) is an 801 point hamming window applied in the frequency
domain. The resulting signal y(τ ) is real, and represents the windowed response measured by the VNA with actual path polarity and amplitude. Note that y(τ ) obtained
with the real passband IDFT is equivalent to its baseband representation obtained with
the complex baseband IDFT. However, we find the real passband representation better
for visualizing the impact of the channel on a transmitted pulse since it represents the
real signal as it would be seen by the receiver.
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5.2.1

Pathloss

We define the pathloss of components diffracting around the body Pbody,dB for a particular measurement location as the attenuation of the energy received in the first 6ns:
µZ 6ns
¶
2
Pbody,dB = −10 log10
|y(τ )| dτ
(5.2)
0

The initial wave travels at approximately the speed of light (3e8 m/s). The maximum
measurement distance is 50 cm so that the maximum propagation delay is approximately 1.7 ns. Since the measurement setup is 4 meters from the body, the earliest
reflection is due to a reflection off the ground and is observed to arrive between 8-10
ns depending on the position of the antenna consistent with the dimensions shown in
Figure 5.3. We will see in the following section that the pulse is spread out over a
time period of roughly 4 ns due to frequency dispersion and reflections off of the arms.
Thus, 6 ns is sufficient to extract all the energy propagating around the body without
including energy reflected from the surrounding environment in our experiment setup.
Figure 5.6 shows the path loss versus distance trend Pbody,dB (d). The vertical axis
represents the measured pathloss. As in Chapter 4, the horizontal axis is the distance
traveled by the wave along the perimeter of the body rather than the distance through
the body since most of the energy arrives at the receiver via diffraction rather than direct penetration. The circles indicate individual measurements taken around the torso
(Figure 5.3a). The crosses indicate individual measurements taken along the front of
the torso (Figure 5.3b). It is clear that the path loss increases with distance as expected,
and that there is a large variance around the mean pathloss. Furthermore, the pathloss
due to diffraction around the body is higher than the pathloss due to waves traveling

108

An ultra-wideband body area propagation model

n
d0 (m)
P0dB

Around Torso
0 mm 5 mm 10 mm
5.8
5.9
6.0
0.1
0.1
0.1
56.1
48.4
45.8

Along Torso
0 mm 5 mm
3.1
3.1
0.1
0.1
56.5
44.6

Table 5.1: Pathloss parameters for different antenna-body separations.
along the length of the body consistent with our analytical analysis of Chapter 2, and
our empirical narrowband analysis of Chapter 4. The average pathloss is usually modeled with the following power decay law [hashemi93b, parsons01]:
PdB = P0dB + 10n log(d/d0 )

(5.3)

where n is called the pathloss exponent, d is the distance from the antenna, d0 is the
reference distance, and P0dB is the path loss at the reference distance. For convenience,
we will use the same law to model pathloss around the body as along the body. However, as suggested in Chapters 2 and 4, a dual-slope exponential decay law could also
be used to model propagation around the body.
The parameters of this pathloss model were extracted for each separation using a
best-fit procedure to minimize the mean squared error in the log domain. The excellent
fit of this model to the data is shown in Figure 5.6. Compared with free space (n=2),
the pathloss exponent near the body in the GHz range is much higher (n = 6). This
exponent is consistent with previous GHz range FDTD studies around the human torso
where n is estimated between 5 and 7.4 [moerman04, fort05b]. A much lower exponent
(n = 3) is measured when propagation is along the front rather than around the torso
consistent with results reported in [zasowski03].
Table 5.1 demonstrates that the pathloss exponent does not depend significantly on
the antenna-body separation because after the wave is radiated beyond the near field,
it propagates independently from the source. However, the reference pathloss (P0dB )
associated with losses near the antenna increases as the antenna is closer to the body.
As explained in Chapter 2, we expect the tangential component of the electric field to
be reduced as the antenna is placed closer to a conductive body. Other effects will also
contribute to a lower P0dB closer to the body including poorer antenna matching as
shown in Figure 5.4, as well as higher resistive losses.
As discussed in Section 3.3.2, several UWB studies have proposed a frequency
dependent pathloss model [alvarez03, kunisch02, molisch05b]. In most cases, this
is attributed to frequency dependent antenna properties, though frequency dependent
propagation mechanisms are also possible. We have investigate the pathloss of the
diffracting components in the frequency domain for our measurements. We calculate
the pathloss versus frequency trend for components diffracting around the body only
by using a rectangular window function to remove later reflections in the time domain
and then taking the Fourier Transform:
Pbody,dB (f ) = −20 log10 (F{y(τ ) · rect(τ )})

(5.4)

where y(τ ) is the measurement in the delay domain, and rect(τ ) is the rectangular
window function which is equal to 1 for τ ≤ 6ns, and 0 otherwise. Note that in
generating Figure 5.7, we removed the influence of the original Hamming window
used to obtain y(τ ) in equation (5.1) so we can observe the pathloss versus frequency
over the entire frequency band between 3 - 6 GHz.
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Figure 5.7: Pathloss versus frequency for an antenna-body separation of 5mm.

Figure 5.7 shows Pbody,dB (f ) for several representative measurements at distances
of 10 cm, 25 cm, and 45 cm. Individual estimates of the pathloss versus frequency
(Pbody,dB (f )) are shown with thin lines, while the thick solid line shows the sample
average over all measurements taken at a particular distance (Pbody,dB (f )). We observe
both positive and negative slopes as well as dips in the frequency response of individual
measurements consistent with results reported in [kovacs03] using the same antenna.
This can be attributed to the antenna radiating properties changing at different locations
on the body and also, at longer distances, to the interference of secondary reflections
off of the arms. However, when we average the results over all the measurements we
do not detect any significant overall trend to attenuate higher or lower frequencies. We
therefore approximate this behavior using a frequency independent average pathloss
law. Note that only the average pathloss is frequency independent. Individual channel
measurements are obviously frequency dependent as shown in Figure 5.7.
A frequency independent pathloss is surprising for several reasons. First, Friis’
free-space pathloss formula predicts that the constant gain antenna we are using will
result in the attenuation of higher-frequencies at the receiver. Second we expect lower
frequencies to diffract more efficiently around the body. We suspect that because the
antennas are very small and are not shielded from the body in our experiment, the antenna frequency response varies considerably over the measurement set making it difficult to detect variations in the average pathloss at different frequencies. However, we
suggest that a frequency dependent pathloss law will be more appropriate for strongly
frequency dependent antennas that are well-shielded from the influence of the body, or
if we consider measurements over a much wider bandwidths. A frequency dependent
pathloss can be introduced into our model using the methods described in [ieee05].
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Power delay profile

In the previous section, we extracted the total received power as a function of distance.
We now focus on the received power as a function of excess delay. Figures 5.8 and
5.9 show the received signal y(τ ) measured at different distances along the front of the
body and around the body respectively. For propagation along the front of the body,
the pulse is not significantly spread out in time and remains relatively undistorted by
the channel. However, for propagation around the body, we see that the pulse becomes
gradually more distorted and spread out as it propagates further around the torso. Since
only negligible signal energy is expected inside the body, this effect can be attributed
to echoes off of the body itself and because there are more ways in which a signal can
arrive at the receiver when it is placed on the opposite side of the torso. For example,
the signal can diffract around the body in both clockwise and counterclockwise directions, as well as around the shoulders and arms. Furthermore, as explained in Chapter
2 and Chapter 3, ultra-wideband pulses will become distorted by frequency dependent
antennas, diffraction and reflection mechanisms.
As discussed in Section 3.1.5, we will use a stochastic tapped delay line model
to represent the impulse response in the delay domain since this is most conducive to
simulation and analysis of bandlimited systems and is therefore used extensively by
communication system designers and standardization bodies in practice. Such a model
has evenly-spaced taps separated by 1/W and is considered a valid approximation for
describing the response of a communication system band-limited to W . The previous
chapter described the channel experienced by a narrowband system having a symbol
period much larger than the channel delay spread (T À στ ). This corresponds to a
tapped delay line model with only one tap (L = 1). However, this chapter deals with
the channel experienced by a wideband system having a symbol period shorter than
the channel delay spread (T < στ ). In this case, we can resolve several multipath
components and our tapped delay line model has multiple taps (L > 1). We need to
define the joint statistics of each of these taps which will result in a more sophisticated
modeling form.
A tapped-delay line model reflects the essential properties of a propagation channel,
without trying to emulate the exact behavior of the channel for each specific location.
Therefore, we are not interested in precisely estimating the impulse response from a
particular band-limited measurement. Rather, we want to approximate the statistics
of a tapped-delay line model based on an ensemble of band-limited measurements.
A practical approach currently used in the indoor propagation modeling literature to
determine these statistics is referred to as binning [suzuki77, hashemi93a, cassioli02a,
molisch05a]. We will re-use this established approach in our analysis. Alternative
methods, such as the CLEAN [cramer02] and SAGE [fleury99] algorithms, have been
recently proposed in the context of UWB propagation modeling and could also be
employed [molisch05a]. However, application and comparison of these techniques to
body area networks is beyond the scope of this dissertation.
The magnitude of each tap in a tapped delay line depends on the amount of received energy at a particular excess delay. The binning method determines the energy
at a particular excess delay by dividing the delay axis into small time intervals, called
”bins”, and integrating the received power within each bin. The first bin is located
around the first received multi-path component (MPC) and its time of arrival (τ0 ) is
determined manually. Later bins represents the received energy of multipath components arriving at a later excess delay. Each of these bins represents the resulting energy
from the combination of any number of multipath reflections over the time resolution
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of our measurement and will correspond to a single ”tap” in our tap-delay line model.
Thus, by analyzing the amount of energy in each bin across an ensemble of measurements, we can approximate the statical properties of the received energy as a function
of excess delay.
A tapped delay line model derived from measurements should be valid over the
bandwidth of the measurement taking into account any windowing of the data. Thus,
the tap spacing, and hence the bin size, is typically approximated as the reciprocal
of the bandwidth swept multiplied by the additional width of the window function
[hashemi93a]. In our case, we have measured the channel between 3-6 GHz corresponding to a 0.33 ns resolution for a rectangular window function. As explained in
Section 5.2, we have used a Hamming window to reduce the influence of sidelobes
on the bin statistics. The 6dB bandwidth of the Hamming window is 1.5 times wider
than the rectangular window [oppenheim99] resulting in a 0.5 ns effective resolution.
Since the tap-spacing is 1/W, the resulting tapped delay line model can be considered
a valid approximation for systems that are band-limited to the 2 GHz band between
3.5-5.5 GHz which is slightly less than the 3-6 GHz band we measured. This model
resolution is sufficient for the UWB systems we will consider in Chapters 6 - 7. We can
increase the valid bandwidth of our model by using a wider band channel measurement,
but this will also introduce a higher tap resolution and therefore more computational
complexity when using the model.
The Hamming window is not perfectly flat across the effective bandwidth of our
measurement and may slightly alter the bin statistics. Unfortunately, it is difficult to
determine an exact relationship between the window function and the resulting statistics collected in each bin. In practice, it is generally assumed that the weighting of the
frequency spectrum does not significantly influence the tap statistics and the model is a
good approximation for any system band-limited to the effective measurement resolution [hashemi93a]. However, different window functions could also be chosen to more
accurately reflect specific receiver filters.
We can express the gain of the kth bin (gk ) extracted from the delay domain of a
particular measurement y(τ ) using the binning method as follows:
Z τ0 +k∆
gk =
|y(τ )|2 dτ, k ≥ 1
(5.5)
τ0 +(k−1)∆

where ∆ = 0.5 ns is the resolution of our measurement. Since we are only interested in
the decay versus excess delay in this section, we remove the average pathloss trend by
normalizing the path gains by the pathloss of equation (5.3) and converting to decibels
to obtain gk,dB :
gdB,k = 10 log10 (gk ) + Pbody,dB
(5.6)
We can not resolve individual multipath reflections in Figure 5.9. Rather, the
pulse appears distorted in a more continuous manner indicating either there are a large
number of paths that can not be resolved, a single path has been distorted by the antenna/body system, or, most likely, some combination of these effects. Regardless of
the exact phenomena, a continuous tapped-delay line model is more appropriate than a
discrete tapped-delay line model since individual ray arrival times can not be discerned
clearly around the body at this resolution. Recall from Chapter 3, that a continuous
tapped-delay line model implies that all L taps in the model are assumed to contain
non-negligible energy and a ray arrival time is not defined. Furthermore, taps in our
model do not represent individual ”rays”, but rather a discrete time approximation of
the overall channel response valid over the bandwidth of our measurements.
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Figure 5.8: Measured pulse as it propagates along the front of the body. Results are
for an antenna-body separation of 5mm.
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Figure 5.9: Measured pulse as it propagates around the body. Results are for an
antenna-body separation of 5mm.
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Figure 5.10: Average Power Delay Profile for each region. Results are for an antennabody separation of 5mm.

By averaging the energy in each bin over all the observations (gdB,k ) in a particular
region, we obtain the average power delay profile (see Figure 5.10). The vertical axis
shows the average bin energy relative to the average energy in the first bin. The horizontal axis indicates the bin number while the slope of the straight line is obtained by
a best fit procedure that minimizes the error in the log domain as follows:
PM
γ̂ =

m=1 (gdB,m − gdB,1 )
PM
∆ m=1 (m − 1)

(5.7)

Energy decay versus excess delay is commonly modeled with an exponential law
[saleh97, hashemi93b]. Figure 3.1 shows that the resulting straight line fit is also a
reasonable approximation for body area systems as illustrated by the linear fit on a
decibel scale. As in traditional indoor environments, we propose that an exponential
decay is a good approximation for body area propagation since later arriving components will undergo more multiplicative reflection and diffraction effects than earlier
arriving components. In this case, the power level in decibels of each successive resolvable component would be proportional to the time delay of that component resulting
in an exponential power decay. Note that on the back of the body, the power delay
profile appears to flatten out, but this is simply a flooring effect from the noise. We
therefore did not include the last two points in estimating the decay rate on the back
of the body. In general, there is a longer impulse response on the back and side of the
body compared with the front of the body consistent with Figures 5.8 and 5.9.
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Amplitude distribution

There is a very large fluctuation around the average PDP presented in Figure 5.10 of
the previous section. It is difficult to define and separate the amplitude variations near
the body into large and small scale effects as we did in the previous chapter. Instead,
we use a single amplitude distribution that incorporates all random antenna, diffraction,
reflection, and multipath interference effects. In UWB systems, each resolved channel
component is due to a small number of scatterers and the amplitude distribution in
each bin can be different [cassioli02a, molisch05a]. Therefore we extract the amplitude
distribution of every bin individually.
To model the amplitude fluctuation of individual bins, several distributions are fit to
the bin gains gk in each region including the Lognormal, Nakagami-m, and Rayleigh
distributions. As in Section 5.2.2, each gk is normalized by the average pathloss law
and we combine measurements in each region to obtain a larger data set. We use the ML
estimators discussed in Sections 3.2.1 - 3.2.4 to extract parameters of the distributions
where we set the M observations x1..M to the M measurement points gk,1..M in each
region. We then use equations (3.46) - (3.50) to evaluate the Akaike weights of each
model.
Figure 5.11 shows the AIC weights obtained when fitting the Lognormal, Rayleigh,
Rice and Nakagami-m, Rice and Rayleigh distributions to gk for the first 6 bins (k =
1..6). Results are reported separately for measurements taken along the front, side, and
back of the body. With few exceptions, the Lognormal model provides a superior fit
to the data for all receiver positions. In most cases, the weights are greater than 0.95
indicating our measurement data strongly supports a Lognormal distribution. We note
that in the few cases where the Lognormal distribution performed worse than the other
models, the weights were generally small indicating a large uncertainty.
As discussed in Section 3.4.2, one drawback of using the AIC criterion is it can
only be used to test models relative to other models in the set. It is entirely possible
that none of the models in the set provide a reasonable fit to the data and this would not
be apparent from comparing the Akaike weights alone. We therefore confirm the Lognormal distribution graphically. Figure 5.12 shows a comparison the measured CDF
with the estimated log-normal distributions obtained using ML estimates of the parameters. Clearly, the measured data is well approximated by a Lognormal distribution.
Note that we have only shown results on the side of the body, but similar plots can be
generated for the back and front of the torso as well.
In addition to the empirical evidence supporting the lognormal distribution, we can
propose a physical explanation. It is likely that a large number of effects contribute
to the attenuation of the signal including diffraction, reflection, energy absorption, antenna losses etc. Most of these effects are multiplicative, or equivalently additive in the
log domain. By the central limit theorem, a large number random multiplicative effects
will converge to a normal distribution in the log domain. Of course, there will also be
additive effects as well. For example, along the side and back of the body there are
likely to be additive effects due to the combination of multiple paths around the body
or reflections off of the arms, shoulders, etc. However, it can be shown that adding
together Lognormal variables results in a distribution that can be well approximated
by another Lognormal distribution [fenton60]. Finally, we note that this physical interpretation is consistent with the average exponential power decay law observed in the
previous section. The physical justification for this law is that later arriving components
undergo more multiplicative effects resulting in an exponential decay on average.
Past indoor and urban channel studies have shown that there is often substantial
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correlation between the amplitudes of adjacent bins, particularly when bins are not
well modeled by a Gaussian distribution [turin72, hashemi93a, fort05b]. We therefore
calculate the sample correlation coefficient between the log amplitudes of two bins
separated by ∆ as follows:
PM
m=1 (gdB,k,m − gdB,k )(gdB,k+∆,m − gdB,k+∆ )
qP
ρ̂∆ = qP
M
M
2
(g
−
g
)
dB,k
m=1 dB,k,m
m=1 (gdB,k+∆,m − gdB,k+∆ )

(5.8)

where gdB,k,m represents the mth measurement of the gain for bin k in decibels taken
in a particular region. The estimated correlation coefficient as a function of bin separation is plotted for each region in Figure 5.13. The line indicates the sample average
over all bins (ρ∆ ) in a region, while the stars indicate the maximum and minimum values. In all cases, high correlation coefficients are observed between adjacent bins and
decrease gradually for non-adjacent bins. High correlation can result from a number
of expected physical effects including variations in the antenna properties which are
shared by all multipath components, overlapping path trajectories in the vicinity of the
antenna, and a single pulse being classified over multiple bins. This latter effect can
be particularly important in UWB systems where frequency dependent pulse distortion caused by the antenna/body system can spread a single pulse over multiple bins
introducing correlation between even non-adjacent bins.
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5.2.4

Ground reflections

Previous measurements and FDTD simulations show that ground reflections can influence the total received energy when the receiver is placed on a different side of the
body as the transmitter [zasowski03, fort05b]. In our measurements, the ground is located between 1.2 - 1.5 below the antennas. We can therefore clearly identify ground
reflections arriving approximately 7-10 ns after the initial diffracting wave (see Figure
5.14). The large impact of the ground reflections on the opposite side of the body can
be understood in terms of our physical model of Chapter 2. Ground reflections travel
along the body and therefore have a lower pathloss versus distance trend compared
with diffracting waves around the body. Therefore, on the back of the body, the ground
reflection magnitude can be comparable despite traveling a much longer distance and
losing energy when reflecting off the floor.
In order to characterize ground reflections, we manually identify their location and
bin the resulting data as described in the previous section. The Lognormal, Nakagamim, and Rayleigh models are fit to the resulting distribution of the energy received in
each bin. Finally, the Akaike Criterion is applied to test the validity of each model.
Table 5.2 summarizes the results of this comparison for the first bin.
Table 5.2: Comparison of fading models of the first bin
F ront
Side
Back
Model
∆
w
∆
w
∆
w
Lognormal
0.0 1.0 0.0 0.55 0.0 0.60
N akagami − m 23.7 0.0 0.9 0.35 1.0 0.21
Rayleigh
21.0 0.0 3.5 0.10 0.3 0.19
In each case the Lognormal distribution provides a superior fit to the data as before.
It is particularly more effective along the front of the body where the AIC weights indicate only a negligible probability that one of the other models is the best in the set. As
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before, plots are used to graphically confirm that the Lognormal distribution provides a
plausible model. The same physical interpretation of a large number of multiplicative
effects given in Section 5.2.3 also applies to floor reflections. As in Section 5.2.3, we
have found that the power delay profile decays approximately exponentially on average
and there is substantial correlation between bins in the model.

5.2.5

Analytical model and comparison with measurements

Sections 5.2.1 to 5.2.3 presented a statistical analysis discussing the kinds of distributions and a physical interpretation. This section details the extracted parameters and
proposes an implementation for a body area channel model.
As indicated in Section 3.1.5, a tapped delay line model provides a convenient representation of the channel for analyzing bandlimited systems amenable to both simulation and analytical analysis. We define the body area tapped delay line FIR, gbody (τ ),
as follows:
L
X
gbody (τ ) =
gk δ(τ − k∆)
(5.9)
k=1

We can obtain the taps of this model by recreating the energy distributions of each
bin extracted from the measurements. We have found that correlated Lognormal distributions are better supported by our data overall regardless of the position of the
receiver. This model is also consistent with the expected physical phenomenon of
the received signal undergoing a large number of multiplicative effects. We therefore
recommend modeling body area propagation using correlated Lognormal variables to
represent the gain of each tap.
We can generate an L element vector of correlated log-normal variables using the
procedure outlined in [peebles93]. L is the number of bins containing significant energy. Figure 5.10 indicates that L = 6 is sufficient on all sides of the body since the
average bin energy will decay by more than 20 dB after 3 ns (6 bins) in the worst case.
Any remaining energy can be considered negligible. We first generate a column vector X of L uncorrelated, zero mean, unit variance normal variables. X is then post
multiplied by the lower triangular Cholesky factorization [peebles93] of the covariance
matrix (CdB ) to introduce the correlation and variances. The L element column vector
of the mean energy in each bin (µdB ) and the appropriate distance related pathloss
(PdB ) are then applied. This procedure can be summarized as follows:
gdB = XTdB − µdB − PdB (d)

(5.10)

where gdB is the L element vector of tap gains in decibels, and TdB is the L by
L Cholesky factorization of the covariance matrix extracted from the measurements.
Vector µdB is defined relative to the pathloss PdB (d) given by equation (5.2) and is
plotted in figure 5.10. The procedure for obtaining TdB and exact values extracted
from our measurements are summarized in appendix C. Finally, the decibel gains from
equation (5.10) can be converted to the linear domain to obtain the final tap values.
We will see that the model in equation (5.10) very accurately recreates the statistics
of the measured impulse responses. This was also the model we proposed to the IEEE
802.15.4a committee and was accepted for standardization [fort04, ieee05, molisch05a,
molisch06a]. However, it requires many parameters (vector µdB and covariance matrix
CdB ) to define the means, variances, and correlations of every tap individually.
We propose three simplifications to more compactly describe the channel. First,
Figure 5.10 shows that the mean energy in each bin decays approximately linearly
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Parameter
µdB (relative to PdB )
σdB
γ (dB/bin)
ρdB

Ä
Front
-1.2
3.6
-8.8
0.7
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Front
-2.0
4.0
-6.7
0.8

Side
-2.4
4.8
-5.3
0.8

Back
-3.2
4.3
-4.1
0.8

Table 5.3: Simplified model parameters. The first column is for propagation along the
front of torso, the last three columns are for propagation around the torso. Results are
for an antenna-body separation of 5mm.
in the log domain. Thus, we can replace the vector µdB by two parameters, µdB
and γ, describing the mean energy in dB of the first bin and the decay rate in dB/ns
respectively. Second, the estimated variances of each bin do not change substantially
as a function of excess delay. This motivates using a single variance to model all
the bins. Finally, we observe high correlations in adjacent bins but gradually lower
correlations between non-adjacent bins. Therefore, a reasonable approximation is to
enforce correlation between adjacent bins only. The last two simplifications allow us
to replace the covariance matrix CdB , by two parameters ρdB and σdB representing
correlation between the adjacent bins and the standard deviation of each bin.
Using these simplifications, the body area propagation channel can now be described with only four parameters given in Table 5.3 extracted from measurements at
different locations on the body. µdB is the mean energy of the first bin extracted using
ML estimates of the data in Section 5.2.3. γ is the exponential decay rate extracted
using equation 5.7 in Section 5.2.2. Since most of the energy is contained in the first
two bins, we obtain a good fit to our measured data by simply setting σdB to the ML
estimate of the first bin, and ρdB to the sample correlation coefficient between the first
two bins estimated from equation (5.8).
The following can be used to generate the L taps separated by our measurement
resolution of ∆ = 0.5 ns having the specified correlation coefficient in adjacent taps:

gdB,k

p
bk = ρbk−1 + nk 1 − ρ2
= σbk − PdB (d) + µ + γ(k − 1)∆

(5.11)
(5.12)

Equation (5.11) uses zero mean, unit variance, uncorrelated normal variables, nk , to
generate bk such that bk and bk−1 have the specified correlation coefficient. The appropriate standard deviations and means are then added to generate gdB.k , the gain in dB
of tap k (k > 0). Finally, the result is converted to the linear domain to obtain the tap
values for a specific channel realization of our tapped delay line model.
Two metrics frequently used to verify channel models are the rms-delay spread
(στ ) defined by equation 3.5 in Section 1, and the number of bins within 10 dB of
the largest bin (N10dB ) [ieee02a, ieee05, molisch06a]. By comparing these metrics
between simulated and measured impulse responses we ensure that channels generated
with our model are spread over the same amount of time and have the same number of
significant resolvable multipath components.
Figure 5.15 compares the distributions of στ and N10dB extracted from measurements, and generated with a computer using equation (5.10) or (5.12). For clarity, we
only show distributions representing impulse responses when the receiver is worn on
the front and back of the body. Clearly, both models accurately reproduce the basic
characteristics of the measured impulse responses. As expected, the simplified model
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Figure 5.15: Comparison of measured and modeled rms delay spreads (a) and number
of significant components (b)
Table 5.4: Model parameters, ground reflection
Parameter
Front Side Back
µ (dB relative to P0dB ) -34.0 -39.7 -44.3
σ (dB)
4.6
3.9
3.9
λ (dB/bin)
-5.0
-5.6
-6.3
ρ
0.77
0.71
0.66
is slightly less accurate. However, the discrepancy is very small justifying the greatly
simplified representation.
Ground reflections arrive between 7-10 ns later depending on the exact position of
the receiver and the height of the body. As indicated in Section 5.2.4, these reflections
are well modeled by Lognormal variables in a similar manner as the signal components
diffracting around the torso. Therefore, the ground reflection bins can also be generated
using either equation (5.10) or (5.12). Table 5.4 provides parameters extracted from our
measurements. Visual inspection of στ and N10dB CDFs shows a similarly good match
as in Figure 5.15. The ground reflection bins do not show significant correlation with
bins of the initial diffracting waves indicating these two portions of the channel can be
generated separately and added together to create the complete channel.

5.3

Measurement setup for indoor body area propagation

Measurements inside an indoor office are made with the same setup as in section 5.1.
However, only MPCs due to reflections off of the indoor environment arriving after
the diffracting waves are considered in this section. We will use the same virtual array measurements setup that was used in the previous chapter. To our knowledge, it
has never been applied to measure UWB propagation effects of a body in an indoor
environment.
Figure 5.16 shows a scale floorplan of the 3.7 by 6.1 by 2.8 meter office room used
to extract channel parameters. 100 ns long multipath profiles are measured at nine locations around the office labeled alpha-numerically. At each of the nine locations in
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the room, impulse responses are measured at 49 points arranged in a fixed-height 7 by
7 square grid. The separation between the array elements is set to 5 cm corresponding
to half the wavelength at the lowest frequency of interest (3.1 GHz). This allows independent fading at all measured frequencies in an area small enough that large-scale
parameters are approximately identical.
The experimental procedure involves taking measurements between antennas worn
on a person at marked locations in the room. The person is facing the east wall. The
transmitter is placed on the front of the body, and the receiver is placed on either the
front (10 cm distance), the side (20 cm distance), or the back of the body (45 cm
distance). In all cases, the antenna is separated from the body by 5 mm.
A paper mat is placed at each of the nine measurement locations in the room. Each
map contains a grid of points telling the person where to stand to make the 49 different
measurements at one location. A laptop is programmed to take measurements and then
signal the person to move to the next measurement point.

5.4

Analysis of propagation around a body in an indoor
environment

We process all the profiles measured in the 9 locations and obtain 9 × 49 local power
delay profiles (PDPs) for each of the receiver positions (front, side, and back). The PDP
is obtained from the frequency domain measurements in the same manner as 5.2. We
transform the measurement to the time domain using equation (5.1) and quantize the
delay axis of the PDPs into 0.5 ns bins using equation (5.5). However, we now set the
time of arrival of the first bin (τ0 ) to the first cluster of reflected components arriving
after the components diffracting around the body. This is determined manually by
inspecting the average power delay profiles.
Figures 5.17 and 5.18 shows examples of the received signal obtained from equation (5.1) when the receiver is worn on the side of the body at location D and the receiver is worn on the back of the body at location I. For each receiver position, we show
four measurements taken at the corners of the measurement grid. Visually inspecting
these responses already gives considerable insight into the body area channel. Shortly
after transmission, we see a large component due to diffraction around the body. We
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Figure 5.17: Measured response with the receiver on the side of the body at measurement location D
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Figure 5.18: Measured response with the receiver on the back of the body at measurement location I
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then see later reflections from the indoor environment. Along the side of the body, the
diffracting component is larger compared with reflecting components, however on the
back of the body, the initial component is the same size as the reflected components.
All of the measurements taken at a particular location in the room (in this case position
D and I) are grossly similar since they share the same large scale features. However,
each measurement around the grid differs in the fine details due to small scale fading.
Figures 5.17 and 5.18 also indicate that we cannot, in general, resolve individual
multipath components. While clusters of multipath components are visible, the overall
pulse shape appears spread out in a more continuous manner. Thus, as in Section 5.2.2,
a continuous tapped-delay line model is more appropriate
We separately analyze the large and small scale statistics. In our analysis, large
scale statistics refer to the gross variations in the impulse response observed when a
person moves a different location in the room. Small scale statistics refer variations
due to a very small change in the user position while the environment near the user
does not change significantly. We refer to the PDP measured at one of the 9 × 49
locations as the local PDP, while the PDP averaged over the 49 locations as the average
PDP (APDP). This spatial averaging mostly removes the small-scale fading. Thus,
variations in the local PDP are used to extract small-scale statistics while variations in
the APDP are used to extract large-scale statistics.
Since we will extract the small-scale statistics from the 49 measurement points
taken at a particular location in the room, it is important that this distribution remain
approximately stationary across the grid. For example, if the grid is placed so that a
strong component or cluster of components is shadowed by a cabinet over only half of
the grid, then the small-scale statistics will be influenced by the large scale statistics
[cassioli02a]. To minimize this source of error, we visually inspect the local PDPs at
each location to ensure there is no gross variations over any of the measurement grids.
Based on some initial experimentation with different locations in the room, we found
that the alpha-numeric locations marked in figure 5.16 are approximately stationary.
We note, however, that given the large number of clusters that we detected, it is difficult
to define areas in a typical office room that are perfectly stationary for every cluster.
We will discuss the influence this could have on our results in Section 5.4.3.

5.4.1

Large scale pathloss and fading

By integrating the APDP over all subsequent delay bins, we obtain the total average
energy received due to MPCs reflecting off of the surrounding environment and arriving
back at the body which we denote gtot :
gtot =

τ0X
+200

gk

(5.13)

k=τ0

where gk is the kth bin of the APDP. We only integrate over 200 bins (corresponding
to an excess delay of 100 ns), since subsequent bins are often below the noise floor.
As discussed in Chapter 3, well-established model used to describe variation in
large scale path gain is the Lognormal distribution. This model is physically justified if there are a large number of multiplicative effects which is the case here. The
spatial averaging mostly removes the influence of additive effects due to the random
interference of unresolvable multipath reflections. Table 5.5 shows the estimated mean
and standard deviation of the received energy along the front, side, and back using the
lognormal ML estimators from equation (3.36). The gain values in table 5.5 do not
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Position
Front
Side
Back

µ̂dB,gtot
-69.1, (-67.8,-70.2)
-72.6, (-70.2,-75.1)
-77.5, (-75.9,-79.1)

σ̂dB,gtot
0.9, (0.4,2.0)
3.1, (0.5,5.3)
2.5, (1.1,3.6)

Table 5.5: Estimated received energy distribution reflected from the indoor environment
together with the 95% confidence intervals
include the energy of the diffracting component which we model separately in section
5.2. Since we only have 9 different measurement locations to estimate the parameters given in table 5.5, the accuracy of our estimation is not very good. Thus, we also
provide the 95% confidence interval 1 on our estimated mean and variance.
It is clear that more energy is reflected from the surrounding environment when the
antennas are on the same side of the body compared with when they are on different
sides of the body even when we consider the estimation error due to our limited sample
size. Signal components arriving at the receiver on a different side of the body may
take longer and more indirect paths. Thus, the received reflected energy is lower on
average and tends to have a larger variance.
Comparing table 5.5 with figure 5.6 shows that if the antennas are on the same
side of the body, the received energy due to MPCs reflecting off of nearby scatterers is
significantly smaller than the energy of components near the body and can be ignored.
However, if antennas are on different sides of the body, the reflected components become important as the initial diffracting wave is significantly attenuated. This effect
can also be seen by visually inspecting the received pulses in Figures 5.17 and 5.18.
The importance of later arriving scatterers on the back of the body clearly seen
in these high resolution measurements are consistent with both our analytical model of
Chapter 2 and our narrowband measurements of Chapter 4. In Chapter 2, we found that
Maxwell’s equations predict a much higher pathloss versus distance trend for diffraction close to the surface of the body compared with propagation through free-space.
Thus, even though later arriving components travel a significantly longer distance, they
can arrive at the receiver on the opposite side of the body with comparable power to the
initially diffracting waves. In the previous chapter, we found that there is significantly
more energy on the back of the body in an actual indoor environment compared with
in an anechoic chamber indicating that local scatterers have a significant impact when
antennas are worn in the deep shadow region. Furthermore, the narrowband smallscale fading distribution analyzed in Section 4.4.2 approaches a Rayleigh distribution
on the back of the body suggesting a large number of unresolvable components from
many scatterers rather than single dominant component from direct diffraction around
the body. Finally, the delay spread analyzed in Section 4.4.3 tends to increase with
distance around the body indicating an increasing importance of later arriving components.

5.4.2

Power delay profile

Figures 5.19 - 5.21 show examples of APDPs taken on the front, side, and back of the
body at different locations in the room. These APDPs were extracted from the raw
1 The 95 % confidence interval is the range of values that covers the true value of µ
dB or σdB with a
probability of 0.95 assuming a lognormal distribution. This can be calculated directly from the log likelihood
function [papoulis02].
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Figure 5.19: Measured APDP, receiver on the back of the body at location D
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Figure 5.20: Measured APDP, receiver on the back of the body at location A
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Figure 5.21: Measured APDP, receiver on the back of the body at location I
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data rather than the binned data. The power delay profile of reflected components has
a complicated shape consisting of several random overlapping clusters as well as more
deterministic clusters due to the particular geometry of our office room. In each of these
figures, we first see a cluster of components arriving shortly after transmission. This
is due to diffraction around the body and was analyzed already in section 5.2. Second,
we observe a group of overlapping MPC clusters due to reflections off scatterers close
to the user in the room. Finally, a second group of clusters arrives some time later.
The arrival time of the second group of clusters suggests that it is due to a main wave
reflecting off both east and west walls and then again off of obstacles near the body.
Along the side and back of the body, we see two clusters which always arrive at the
same time: 42 and 84 ns regardless of where the body is in the room. We determined
that these two clusters marked figures 5.20 and 5.21 are due to the first and second
reflections off the east and west walls. They always arrive at the same time since bodyworn transmitters and receivers move together through the room.
We will investigate the more random cluster arrival times and decay rates in the
following two sub-section. We treat the deterministic cluster due to the walls of our
office room separately in a final sub-section since they always arrive at the same time
and are specific to our room geometry.
Random cluster and ray decay rates
Identifying clusters from an APDP is an inherently ambiguous procedure. Different
researchers have different definitions of a cluster. A few researchers employ statistical
computer cluster finding algorithms. However, the thresholds to such algorithms are
chosen arbitrarily and they often mis-classify clusters from random fluctuations in the
power delay profile [ieee05, chong05]. Therefore, the vast majority of researchers
now identify clusters manually by visually inspecting the APDP [spencer00, saleh97,
ieee02a, ieee05, chong05].
It is clear from Figures 5.19 - 5.21 that the clusters observed for BANs in an indoor
office environment are complex, consisting of a wide variety of effects depending on
the specific objects causing the scattering. By visually identifying clear local maxima
in the APDP, we can identify several clusters easily. However, due to the complicated
structure, in many cases it can be difficult to determine if a small local maximum is
truly a cluster or simply a small deviation from the usual exponential decay trend.
To aid cluster identification, we have written an interactive computer program to
plot the APDPs on the front, side, and back of the body simultaneously for a particular
location in the room. Since the APDPs were taken at the same location, we observe
many of the same clusters at each of the three receiver positions. However, as discussed in Chapter 2, small antennas become highly directional when placed on the body
regardless of their radiation pattern in free space [kovacs04, scanlon01, kovacs03].
Therefore, the different receiver locations on the body will emphasize different clusters
depending on their direction of arrival. Whenever it is unclear if a small local maxima
corresponds to a separate cluster, we can analyze the APDPs at the other receiver location to see if this is a consistent feature. Using this approach, we can robustly identify
clusters even in cases where the local maximum is very small.
Figures 5.22 and 5.23 show the clusters extracted from all measurements taken
when the receiver is worn on the front and side of the body respectively. The horizontal axis shows the time of arrival of each cluster, while the vertical axis shows the
magnitude of the first bin in each cluster corresponding to the cluster peak. It is clear
from these plots that there are two groups of clusters separated by approximately 20ns

Gain of first MPC in cluster (dB relative to total reflected energy)
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Figure 5.22: Clusters extracted with the receiver on the front of the body
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Figure 5.23: Clusters extracted with the receiver on the side of the body
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consistent with the APDPs plotted in Figures 5.19 and 5.20. As explained previously
in Section 5.4.2, this is likely due to a main wave reflecting off both east and west walls
and then again off of obstacles near the body.
Traditionally, clusters are assumed to decay exponentially with arrival time [saleh97].
However, we found that the second group of clusters decays more rapidly than the first
group and that there is a significant variance around the average trend. Therefore, the
following dual slope model is more appropriate:
(
Γ1 τ1l + σdB,g1l nl ,
τl ≤ τbp
gdB,1l =
(5.14)
Γ1 τbp + Γ2 (τ1l − τbp ) + σdB,g1l nl , τl > τbp
where gdB,1l represents the average energy in the first bin of the cluster arriving at
excess delay τ1l expressed in dB. Γ1 and Γ2 are the cluster decay rates of the first and
second group while σdB,g1l is the standard deviation around the average trend. nl is a
unit mean unit variance normally distributed random variable used to generate cluster l.
We have chosen a break point of τbp = 40 ns corresponding to a path length twice the
distance between the east and west walls. The cluster decay rates, Γ1,2 , are estimated
from the M observed clusters in each group using a best-fit procedure to minimize the
mean squared error in the log domain:
Γ̂ =

M

PM

PM

m=1 τ1m gdB,1m −
PM
M m=1 (τ1m )2

PM
m=1 τ1m
m=1 gdB,1m
PM
− ( m=1 τ1m )2

(5.15)

The cluster standard deviation, σdB,g1l , is estimated from the residual error using equation (3.36). Section 5.4.4 will discuss the parameters this model extracted from our
measurements, while the following sub-section will describe the distribution of the
cluster arrival times (τ1l ).
A similar dual slope decay rate was also observed by independent researchers in
[kovacs03, hall06]. We can suggest that earlier arriving clusters in the PDP from nearby
scatterers such as the floor, ceiling, and the closest wall can arrive at grazing angles
and are therefore predominantly attenuated by the antenna radiation pattern. Later
arriving components are less influenced by the antenna radiation pattern and instead
experience an exponential decay trend proportional to the number of scatterers they
encounter. However, the physical reason for this dual slope model is still a topic for
further investigation.
The large variance around the decay rate can be attributed to the small antennas
becoming highly directional when placed on the body. Furthermore, some scatterers,
such as walls and cabinets having large metallic surfaces, will reflect energy more
efficiently than other scattering objects. Therefore, the magnitude of clusters depends
not only on their arrival time, but also their direction of arrival and the nature of the
scatterers resulting in a large standard deviation around the mean decay rate, σdB,g1l .
The large variance combined with the small decay rates and closely spaced clusters can
cause later arriving clusters to be larger than earlier clusters as demonstrated in Figures
5.19 - 5.21. Thus, while Figure 5.22 and 5.23 provide an average trend across all our
measurements, individual PDPs can appear to decay unevenly in BAN scenarios.
In the traditional SV model, each cluster is assumed to decay exponentially. However, depending on the specific objects creating the clusters, we observe a variety of
different cluster shapes and decay trends including soft onsets [ieee05, molisch06a],
specular components [kovacs04, kunisch02], and overlapping clusters [chong05] consistent with other UWB studies in the literature. As a simplification, we assume that
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all the clusters decay exponentially according to the following exponential decay law:
gdB,kl = gdB,1l + γ(τkl − τ1l )

(5.16)

where gdB,kl and τkl represent the average value in decibels and the arrival time respectively of the kth multipath component of the lth cluster, and γ is the decay rate
in dB/ns. Section 5.4.4 will confirm via simulation that this simplification is sufficient
for reproducing the distribution of the number of significant components and rms delay
spread of impulse responses around the body. However, the exact shape of individual
clusters is only approximated in our model.
The decay rate, γ, is estimated for each cluster from the binned APDP data using
equation (5.7). In general, the cluster decay rates vary for different clusters [cassioli02a,
ghassemzadeh04]. Since we do not attempt to exactly reproduce the shape of the clusters in this model, we simply use the average decay trend estimated over all the clusters
(γ̂). We will present the estimated values of the cluster decay rates in Section 5.4.4
random cluster and ray arrival times
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Figure 5.24: Distribution of the inter-arrival times (receiver worn on the back of the
body)
Figure 5.24 shows the CDF for inter-arrival times of clusters in the first cluster
group when the receiver is on the back of the body. Very similar plots can be generated
for the front and back of the body. The exponential distribution is often associated
with cluster inter-arrival times [saleh97] but it is clear from the dashed line in figure
5.24 that it provides a relatively poor fit to our data. This deviation from the usual
exponential distribution could be because there is some regularity in the location of
nearby scatterers such that the arrival times are not purely random, or because the
averaging process over a measurement grid used to generate the APDP may have made
it difficult to identify very closely spaced clusters. Both of these phenomenon are likely
to occur for measurement and analysis of data gathered in a single room. Therefore,
we propose using a Weibull distribution to provide a better fit to the inter-arrival times
of indoor BAN clusters. The Weibull probability distribution for a random variable X
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is defined as follows [papoulis02]:
½ α α−1
exp (−(α/β)α )
βα x
pX (x) =
0

x≥0
x<0

(5.17)

The exponential distribution is a special case of the Weibull distribution with λ = 1/β,
but the Weibull distribution has an extra parameter which can be used to approximate any non-randomness introduced by the local structure or our cluster identification procedure. Neither the ML or moment estimators for α and β exist in closed
form. However, the log moment estimator from a set of observations x1..M is given by
[coulson98]:
s
ζ(2)
α̂ =
(5.18)
PM
PM
1
1
2
2
m=1 (ln xm ) − ( M
m=1 ln xm )
M
Ã
β̂ =

M
1 X α
x
M m=1 m

! α1
(5.19)

where ζ(·) is Riemann zeta function. The ML estimate can then be obtained by a bruteforce search procedure using the above estimates as an initial value. We calculate a very
high Akaike Weight (w > 0.99) indicating our data strongly supports the Weibull distribution over the exponential distribution justifying the extra parameter. The excellent
fit of the Weibull distribution to our data is demonstrated by the solid line in Figure
5.24.
Our office provides a rich scattering environment so that we are unable to resolve
individual MPCs. We therefore set the inter-arrival time of MPCs within a cluster to
the effective resolution of our setup (τkl − τ(k−1)l = ∆ = 0.5 ns) representing a
continuous tapped delay line model.
Deterministic clusters
The two clusters marked in Figures 5.20 and 5.21 are due to the first and second reflections off the east and west walls. They always arrive at the same time since body-worn
transmitters and receivers move together through the room. Therefore, rather than using the Weibull distribution, we set the arrival time of these clusters to 42 and 84 ns
corresponding to twice and four times the length of our room.
We observe that the deterministic wall reflections do not follow the same exponential decay rates of the random cluster reflecting off of nearby scatters in the room
described in Section 5.4.2. In most cases, the wall reflections are significantly larger
than other clusters arriving at approximately the same time as shown in Figures 5.20
and 5.21. This is particularly true when the receiver is worn on the back of the body
such that the antennas are directed towards the wall. We therefore model the gain of
these clusters separately by assuming a Lognormal distribution with means µ1 and µ2,
and standard deviations σ1 and σ2. Again, we use ML estimators given in equation
3.36 to estimate these parameters from our measured data.

5.4.3

Small scale fading

We characterize the small-scale statistics by fitting the received energies in each bin
at the 49 locations of the measurement grids to Rayleigh, Lognormal, and Nakagamim distributions using the ML estimators give in equations (3.22) - (3.36). We then
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Figure 5.25: Akaike weights of each distribution for each bin plotted together with the
binned APDP. The receiver is worn on the back of the body at location I.

compare how well our measurement data supports each distribution by computing the
Akaike weights using equations (3.46) - (3.50).
Figure 5.25 plots the Akaike weights for each bin together with the APDP for measurements taken on the back of the body at location I. Similar plots can be generated
for other body positions and locations in the room. Overall, the lognormal distribution
tends to have higher weights than the other distributions. While in a few cases the
weights are very high indicating a strong support for the lognormal distribution, in the
majority of cases the weights are quite low indicating significant uncertainty. In some
of these cases, the Rayleigh, Rice, and Nakagami-m distributions provide as good or
better fits to the data. We suspect that this is because there are not always enough MPCs
falling into a resolvable bin to justify the central limit. Therefore, the physically justified Rayleigh distribution, while providing a reasonable fit in many of the bins, does
not consistently perform well across all the bins. In a some cases, it is also possible
that non-stationarity across the measurement grid may have influenced results in favor
of the more flexible lognormal distribution as noted by [suzuki77]. We suggest that this
effect could be particularly important in BAN scenarios where the body is often placed
close to nearby scatterers and the antenna/body system will be directive.
While lognormal small-scale fading is consistent with several previous wideband
and UWB small-scale fading studies [ieee02a, suzuki77, hashemi93a], there is very
little agreement on the best UWB small-scale fading distribution in general. For example, [cassioli02a, cassioli04, kunisch02] find a better fit with the Nakagami-m distributions, while [karedal04, schuster05] find a better fit with a Rayleigh distribution. While
some of this disagreement can be attributed to different propagation scenarios, we also
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Average Value
Variance
Estimation error variance

N akagami
m̂
1.6
0.9
0.6

Rice
K̂
1.6
0.12
0.11

Lognormal
σ̂dB
4.0
0.26
0.16

Table 5.6: Estimated parameters for the small scale fading distribution (receiver worn
on the back of the body)
suggest that the different model selection methods, experiment setups, and processing
techniques used by each researchers during analysis could influence results.
Some researchers have proposed treating the small-scale fading parameters as a
random variable to reflect differences in the estimated parameters observed in each bin
[ieee05, cassioli02a]. To determine if this is appropriate for our measured scenario,
the sample mean and variance for the estimated parameters across all bins are given in
table 5.6. The variance around the mean trend can be attributed to two different effects:
1. Physical differences in the number of unresolvable components or the nature of
the propagation mechanisms in each bin.
2. Error variance of the parameter estimator.
To our knowledge, researchers have always assumed the first explanation and have
never considered the error introduced by estimating parameters from a finite sample
size (typically about 50 samples). We determined the parameter estimation error variance by using a computer to generate several sets of 49 independent samples drawn
from a distributions having the mean values of table 5.6. We then apply the same ML
parameter estimators to each set. The resulting error variance of the estimator is listed
in table 5.6 for data extracted with the receiver on the back of the body. While this
estimation error can not account for all of the variance we observe, it accounts for a
significant percentage of the total variance.
Some researchers have proposed that the small-scale fading distribution is a function of the excess delay since it is possible that later arriving components are on average more diffuse than earlier arriving components [cassioli02a, hovinen02]. Other
researchers have suggested that the first bin in each cluster often contains a specular
component and should be treated separately from the later bins in the cluster which
are more diffuse [cassioli02a, ieee05]. To determine if these are appropriate modeling
paradigms for our data, we plot the estimated variance of the lognormal distribution
for each bin together with the binned APDP extracted on the back (Figure 5.26) and
side (Figure 5.27). The vertical lines indicate clusters we identified using the procedure
discussed in Section 5.4.2. Similar plots can be generated at other receiver positions
and body locations in the room. We do not observe any significant variation in the
average parameter values as a function of excess delay. Occasionally, we observe some
deviation from the usual small-scale fading trends that tended to correspond with the
start of each cluster (the second and third cluster of Figure 5.27). However, this is not
the case in the majority of the clusters.
As indicated in Section 3.3.2, the uncorrelated scattering assumption may be violated in UWB systems. This can occur for three reasons [molisch05a]:
1. A number of scattering objects producing MPCs in adjacent bins are the same.
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Figure 5.26: Estimated lognormal variance as a function of excess delay. Receiver is
worn on the back of the body at position I
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Figure 5.27: Estimated lognormal variance as a function of excess delay. Receiver is
worn on the side of the body at position D
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Average Value
Variance
Estimation error variance

ρ̂1
0.36
0.30
0.26

ρ̂2
0.03
0.24
0.24

ρ̂3
0.02
0.24
0.24

Table 5.7: Estimated correlation coefficient between bins for a separation of 1-3 bins
2. Per-pulse dispersions can spread a single received pulse across several bins.
3. The same received pulse can be classified into different bins across the measurement grid.
The correlation coefficient is computed for each bin separation using equation (5.8)
and results are summarized in Table 5.7. We show only the results for the back of the
body, but very similar values are obtained along the front and side. As before, the sample mean and variance are listed together with the estimation error variance obtained by
computer simulation. Clearly, adjacent bins are only weakly correlated with an average
value of 0.36. Non-adjacent bins are almost completely uncorrelated with an average
value of 0.02 - 0.03. Almost all of the variance around the average trend can be explained by the variance of the estimator. These observations are generally consistent
with other indoor UWB correlation studies [cassioli02a, chong05, schuster07].
In summary, we do not normally detect deviations in the small-scale distribution
parameters significantly larger than the expected estimation error. Furthermore, we do
not detect any variation in the average parameter values as a function of excess delay
and do not consistently detect significant deviations in the small-scale distribution at the
beginning of each cluster. Finally, we do not observe significant correlation between
adjacent bins. Therefore, we recommend modeling the small-scale fading of indoor
BANs with a single distribution to generate each bin independently. We will confirm
the validity of this simplification by Monte-Carlo simulation in Section 5.4.4.
We can propose a physical interpretation of our observations. In BANs, the clusters detected at the receiver first reflect off of nearby scatters before arriving back at
the body. These clusters therefore never contain any LOS components. Furthermore,
indoor office environments generate a very large number of unresolvable components.
Thus, most of the bins in our model are diffuse and can be reasonably well approximated by complex Gaussian uncorrelated variables. To account for deviations from
the Gaussian process due to violation of the central limit theorem expected for such a
high resolution measurement or due to some non-stationarity resulting from the close
proximity of the scatterers and the directivity of body worn antennas, we recommend
using a lognormal distribution that provides a better fit to our measured data overall.

5.4.4

Analytical model and comparison with measurements

Sections 5.4.1 - 5.4.3 presented a statistical analysis discussing the kinds of distributions and a physical interpretation for components reflected back towards the body from
an indoor environment. This section details the extracted parameters and proposes an
implementation for a complete body area channel model including both components
diffracting around the body and reflecting off of nearby scatterers.
A tapped delay line model representing the impulse response for band-limited communication systems due to reflections from nearby scatterers can be represented as
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Description
Cluster arrival time

Cluster Decay

Wideband Fading

Parameter
α (ns)
β (ns)
T 1, T 2 (ns)
Γ (dB/ns)
σdB,g1l
γ (dB/ns)
σdB,gkl
µdB,1 , µdB,2
σdB,1 , σdB,2
µdB,gtot
σdB,gtot

Front
5.0
2.2
-0.15
3.3
-2.4
4
-69.1
0.9

Side
7.9
2.1
42,84
-0.19
4.1
-1.5
4
-3.7,-15.0
4.4,5.8
-72.6
3.1
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Back
5.1
2.3
42,84
-0.11
2.7
-1.3
4
4.8,-9.2
3.8,6.7
-77.5
2.5

Table 5.8: Model parameters, office clusters
follows:
∞ ∞
³
³h τ i
´´
X XX
l
gref (τ ) = √
glk exp(jφlk )δ τ − ∆
+k
∆
E l=0 k=0

(5.20)

where glk and φlk represent the magnitude and phase of the k th bin in the lth cluster.
To simplify our implementation, we round τl , the arrival time of the lth cluster, to
the nearest tap ([·] indicates rounding). Unlike the original SV model, equation (5.20)
represents a ”dense” model where every bin is assumed to contain significant energy.
This approach better characterizes the more continuous channel responses observed
during our analysis. We therefore only determine the arrival rate of clusters and not of
individual rays.
As indicated in Section 5.4.2, the Weibull distribution with parameters α and β
fits the distribution of the cluster inter-arrival times better than the originally proposed
exponential distribution. Thus, the cluster arrival times can be generated from the
following distribution:
p(τl |τl−1 ) =

τl −τl−1 α
α
(τl − τl−1 )α−1 e−( β ) , τl < τbp
α
β

(5.21)

Based on the results from Sections 5.4.2 - 5.4.3, cluster magnitudes arriving after
the breakpoint, τbp = 40 ns, decay much faster and are small enough to be ignored.
Because the transmitter and receiver are worn on the body and move together through
the room, two prominent wall reflections arrive at the receiver at the same time regardless of the position of the body in the room. We therefore add two additional clusters
at times T 1 = 42 ns and T 2 = 84 ns. These clusters are only observed with the receiver
on the side and back of the body and represent the first and second reflections off the
front and back walls.
Like the original SV model, the average energy of clusters arriving before the
breakpoint decay exponentially at a rate of Γ dB/ns and components within a cluster decay exponentially at a faster rate of γ dB/ns. We further introduce a Lognormal
cluster fading with standard deviation σdB,G1l to take into account the highly directive
body-worn antennas as well as variations in the scattering properties of different objects in the room. The magnitude of deterministic wall reflections do not follow the
same cluster decay trends. Instead, they are modeled as Lognormal variables having
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Figure 5.28: Comparison of measured and modeled rms delay spreads (a) and number
of significant components (b)

means µdB,1 and µdB,2 and standard deviations σdB,1 and σdB,2 . Small-scale fading of
individual bins assumes a Lognormal distribution having a standard deviation of σgkl .
Taking all of this into account, the bin magnitudes are generated as follows:
20 log10 (gkl ) =

 Γτl + γ(τl + ∆k) + σdB,g1l nl + σdB,gkl nk , τl < τbp
µdB,1 + γ(τl + ∆k) + σdB,1 nl + σdB,gkl nk , τl = T 1

µdB,2 + γ(τl + ∆k) + σdB,2 nl + σdB,gkl nk , τl = T 2

(5.22)

The unit mean, unit variance, uncorrelated normal variables nl and nk are used to generate the cluster and small-scale fading respectively. The bin phases (φl,k ) are assumed
to be uniformly distributed and uncorrelated. All parameters are summarized in Table
5.8.
Finally, as shown
in equation (5.20), the power delay profile is normalized to unit
P∞ P
∞
2
energy (E =
l=0
k=0 |βk,l | ) and the wideband fading distribution (X) is enforced, where X is a Lognormal variable with parameters µdB,gtot and σdB,gtot .
We can compare the simulated and measured channels using the distribution of the
RMS delay spread (στ ), and number of significant multipath components (N10dB ) in
the same manner as Section 5.2.5 (see Figure 5.28). Longer delay spreads are observed
on the back of the body compared with the front. Similarly, the reflected energy is
spread out over more resolvable components on the back of the body compared with the
front. Despite simplifications of the cluster shapes and small-scale fading distributions,
the model matches the measured data closely validating our modeling approach.
If we assume that the reflections are uncorrelated with the components diffracting
around the body, then the complete tapped delay line model incorporating multipath
components both diffracting around the body and reflecting from the surrounding environments is generated by adding together gbody (τ ) and gref (τ ).
g(τ ) = gbody (τ ) + gref (τ )

(5.23)
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Conclusions

This chapter has described a practical procedure for measuring and analyzing body
area propagation in an indoor environment. Using this approach, we have developed a
simple tapped-delay line model suitable for evaluating emerging UWB communication
systems operating in the 3.5-5.5 GHz band for wireless body area network applications.
We have shown that the body area channel consists of an initial cluster of components diffracting around the body, followed by subsequent clusters of components
reflecting off of surrounding objects in the room. Due to the different propagation
mechanisms, we proposed modeling and measuring the local diffracting components
and reflected components separately.
Components diffracting around the body are well described by a high pathloss exponent and a tapped delay line model consisting of correlated, exponentially decaying,
lognormal tap gains. This description is consistent with the expected physical phenomenon of the transmitted pulse undergoing a large number of multiplicative effects
before arriving at the receiver.
Subsequent clusters due to reflections from an indoor environment have a more
complex structure that can be described in a similar manner as the original SalehValenzuela model. However, we have recommended several modification to better
describe WBAN scenarios:
• We extract different model parameters for the random clusters due to local scattering objects, and the more deterministic clusters which depend on the local
room geometry. The deterministic clusters due to wall reflections exhibit different decay rates and arrival statistics.
• We apply the Weibull distribution rather than the exponential distribution to describe inter-arrival times. This distribution has an extra parameter which can
be used to approximate the non-randomness introduced by the local structure
or difficulties resolving the closely spaced clusters expected for indoor WBAN
environments.
• We apply a cluster variance around the mean decay trend to approximate the
behavior of directive body-worn antennas as well as differences in the scattering
properties of different objects in the room.
• We model the small-scale fading using uncorrelated lognormal variables to account for deviations from the Gaussian process due to violation of the central
limit theorem expected for such a high resolution measurement and any nonstationarity resulting from the close proximity of the scatterers and the directivity
of body worn antennas.
• We use a ”dense” modified SV model where each tap contains non-negligible
energy. This better reflects the more continuous impulse responses we observe
in a rich multipath environment.
We have provided a small set of parameters to accurately characterize the complete
channel based on our measurements and implemented the resulting model. Finally, we
compared simulated and measured impulse responses and found a good match in terms
of key communication metrics validating our modeling approach.
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Chapter 6

Ultra-wideband body area
communication system proposal
It’s not so much what you have to learn if you accept weird theories, it’s what
you have to unlearn.
-Isaac Asimov
The introductory chapter suggested several potential advantages of UWB for future
body area communication systems. It also explained how we need to understand radio
propagation around the body in order to develop optimal communication systems for
this application. This led us to define two goals for this research:
1. Characterize the body area radio channel in a practical manner
2. Propose a UWB system to meet the challenges of body area communications
The last few chapters have addressed the first goal by deriving the basic electromagnetic propagation phenomena around the body and showing how statistical modeling
paradigms can be applied to describe both narrowband and wideband body area channels. The following two chapter address the second goal.
A successful body area UWB architecture needs to be low cost, low power and flexible. Since the device is worn directly on the body, it must be comfortable for the user.
This implies a small battery, or preferably, no battery at all. Hence, our communication
system must operate at very low power. Furthermore, the device must be cheap and
easy to manufacture, especially when considering devices for biomedical applications
designed to reduce health care costs. Finally, we have seen from our analysis in Chapters 2 - 5 that the body area channel properties, such as pathloss and delay spread, vary
considerably depending on where antennas are worn on the body. Thus, it is desirable
to design receiver architectures and algorithms which can easily be scaled to meet a
wide variety of application needs.
To meet the challenges of low cost, low power, and flexibility, we have surveyed
many existing analog and digital UWB solutions. Based on this analysis, we will focus on a ”mostly-digital” UWB architecture which minimizes the number of analog
components. This is a promising candidate for several reasons. First, less analog components can reduce design time and chip area resulting in lower system cost. Second,
a mostly digital architecture will better exploit technology scaling making them more
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desirable over time. Finally, digital architectures are more flexible than analog architectures enabling a wider variety of signal processing techniques to tradeoff power and
performance.
This chapter outlines a mostly-digital UWB system proposal tailored for a body
area network. Section 6.1.2 compares existing front-end architecture and motivates
our analysis of a mostly-digital sub-sampling scheme. Furthermore, it investigates the
filtering requirements of the front-end in a typical interfering environment. Section
6.2 proposes two digital baseband solutions and briefly describes the acquisition, pulse
estimation, and tracking algorithms. The following chapter will provide more details
of the exact digital baseband algorithms and evaluate the complete system performance
in a body area propagation environment.

6.1

Ultra-wideband front-end design

This section compares several existing UWB transceiver architectures. Section 6.1.1
describes two different ways of generating UWB pulses and motivates our choice for
a flexible carrier-based solution. Section 6.1.2 discusses several existing UWB frontend receiver architectures and motivates a deeper analysis of a mostly-digital approach.
Section 6.1.3 then focuses on a sub-sampling receiver architecture for UWB to minimize the ADC sampling rate. Section 6.1.4 shows how a low-cost implementation of
this front-end architecture is feasible in practice by analyzing the filtering specifications
required in a realistic interfering environment.

6.1.1

Transmitter architectures

a) Carrier-free Pulser

Data

Gaussian
Monocycle
Impulse
Generator

b) Carrier-based Pulser

Data

Modulated
Pulse shape

Baseband
Pulse Shaper

~
Figure 6.1: A comparison of carrier-free and carrier-based pulser designs
Ultra-wideband signals can be generated by a great variety of methods. We can
classify UWB transmitters as either carrier-free or carrier-based. Carrier-free solutions generate impulses at baseband without a carrier. In contrast, carrier-based solutions up-convert a baseband pulse using a simple oscillator similarly to narrowband
systems. Figure 6.1 contrasts the two approaches.
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The earliest UWB pulse generators, including spark gap radios and most of the
UWB radios proposed in 1960s and 1970s, were of the carrier-free variety. They typically generated a short ”impulse” which excited the response of an analog filter or
just the wideband antenna itself to shape the resulting signal [siwiak05, fontana04].
A widely used approach is to generate an approximately gaussian pulse shape at baseband to excite a constant aperture antenna. A constant aperture antenna response varies
with the square of the frequency so the derivative of the Gaussian pulse is transmitted,
called a monocycle. Higher order derivatives can also be used to provide some limited
spectral shaping of the signal [sheng03], though this is difficult to implement in practice [ryckaert07]. The major advantage of this approach is its simplicity. However, it is
very difficult to generate pulses in this manner that utilize the 3.1-10.6 GHz UWB spectral mask efficiently. Furthermore, this method can not precisely control the shape and
position of UWB signal energy in the frequency spectrum. This type of control is very
important in the context of future low-complexity WBAN systems so that narrowband
interferers can be avoided.
Recently, carrier-based solutions have become more common [fontana04, siwiak05].
A simple pulse shape is generated at baseband and up-converted using an oscillator.
This is essentially Armstrong’s original heterodyning technique from the early days of
narrowband systems. If the pulse shape is chosen to be rectangular, the pulser can be as
simple as a gated oscillator [choi04]. Like narrowband systems, better spectral shaping
can be achieved using different baseband shapes. For example, a triangular pulse can
be generated at low power by charging and discharging a capacitor to reduce sidelobes
[ryckaert05]. Other pulse shapes such as root-raised cosines and gaussian pulses are
also commonly proposed [siwiak05]. While many researchers refer to these pulsers
as ”carrier-based UWB”, it is important to emphasize two important differences with
narrowband carriers:
1. The UWB carrier is not transmitted continuously
2. The phase of a UWB carrier can be controlled at the start of each pulse
These differences are demonstrated in Figure 6.2. Unlike narrowband systems, the
oscillator can be shut-off between the transmission of pulses. The resulting transmitted signal is therefore still ”impulsive”, but the pulses appear as a baseband waveform
modulated around a carrier. Furthermore, the startup process of an oscillator is consistent allowing the phase of the carrier can be controlled at the beginning of each pulse
[ryckaert07]. In other words, each transmitted pulse shape is exactly identical. These
two differences have important ramifications for UWB system designers.
In traditional narrowband systems, differences between the frequencies of the transmitter and receiver carriers result in a rotation of the received symbol in the I/Q plane.
Additional hardware is normally needed to acquire and remove this carrier frequency
offset. However, because UWB pulsers can control the phase at the start of each pulse,
there is no rotation in the I/Q plane from pulse to pulse. Therefore, carrier-based UWB
solutions do not need to estimate and remove carrier frequency offsets as in narrowband system. We will take advantage of this important property in the development of
our tracking solution presented in the following chapter.
In addition, narrowband systems require a phase-locked loop (PLL) to precisely
control the frequency of the carrier relative to a crystal reference. These PLLs not only
consume significant power, they also have a very long startup time that can last between 100s of µs to a few ms. However, carrier-based UWB systems allow significant
simplifications of this hardware. Since the phase is controlled at the start of each pulse
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Figure 6.2: A comparison of carrier-free and carrier-based waveforms. Unlike narrowband, carrier-based UWB systems do not transmit the carrier continuously. Furthermore, the carrier phase is always the same at the start of each pulse so that each
transmitted waveform shape is identical

and the carrier is only active for a few nano-seconds, inaccurate oscillators with significant phase noise will not degrade performance. Therefore, low-complexity designs,
such as ring oscillators, can be used in a free-running mode eliminating the PLL and
startup overhead altogether [ryckaert07].
In summary, we will assume a carrier-based pulser in our WBAN UWB proposal.
Carrier-based solutions provide significant flexibility to avoid narrowband interferers.
Furthermore, the carrier can be shut off between pulses, and simple low-power designs
are possible which eliminate the overhead of PLL startup time and do not require estimating and tracking the carrier frequency offset at the receiver. We also note that
carrier-based solutions are required to comply with the IEEE 802.15.4a standard.

6.1.2

Receiver architectures

Figure 6.3 shows several front-end UWB receiver architectures. This section will compare these architectures and identify a promising candidate which we will analyze in
more detail in the following section. We do not intend to provide an exhaustive comparison of all possible architectures. Instead, we focus on four examples which are
representative of the various classes of receivers being proposed today:
a. Quadrature Down-conversion
b. Quadrature Analog Correlation
c. Transmit Reference
d. Direct sampling
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Figure 6.3: UWB Front-end architecture proposals

Traditionally, receivers have been designed using a quadrature down-conversion
architecture (Figure 6.3a). The RF signal is converted to baseband using frequency
synthesizers and mixers, then sampled at the Nyquist rate. An early prototype of
a UWB down-conversion receiver was developed on a 0.18 µm CMOS technology
[blazquez05]. In addition to its many analog components, the high-speed ADC and
fully parallel baseband signal processing consumed significant power. Much of the
UWB research in the last few years has focused on shifting the complexity of the system to the analog domain to avoid this high-speed data conversion and processing.
A quadrature analog correlation (QAC) receiver was proposed in [verhelst04] and
implemented on a 0.18 µm CMOS technology in [ryckaert06] (Figure 6.3b). The major advantage of this approach is that it eliminates the high-speed ADC by correlating
the energy in the analog domain then sampling the result at the frame rate. The resulting signal can be used to detect the transmitted symbols either coherently or noncoherently. Unfortunately, this approach does not fully exploit the large UWB channel
diversity and limits signal processing flexibility. For example, a fully-coherent RAKE
receiver would require duplicating the front-end for each finger resulting in an unacceptable increase in power and area.
A transmit reference (TR) architecture provides an alternative which can potentially
eliminate the high-speed ADC and signal processing overhead, but at the same time exploit the available channel diversity (Figure 6.3c). TR systems have been known and
studied since the 1940s, however it has received renewed interest by UWB researchers
[hoctor02, yang04b]. Figure 6.4 shows the basic idea behind TR-UWB. For each symbol, two pulses are transmitted: a reference pulse and a modulated pulse. The modulated pulse is delayed and correlated against the reference pulse. The resulting signal
is then sampled at the frame rate and a decision is made on the transmitted symbol.
The reference pulse serves as a matched filter. However, unlike a true matched filter,
the reference is corrupted by noise so there is some degradation in performance. For
this reason, TR and related schemes are often referred to as noisy template receivers
to emphasize the very noisy receiver template used to demodulate the signal. Several
variations on this scheme have been introduced by varying the location of the reference
symbols, the number of reference symbols, and the number of delay elements to tradeoff complexity, overhead, and bit error performance [yang04a]. Unfortunately, despite
significant effort in the last five years, it is still not feasible to implement the wideband
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Figure 6.4: Transmit Reference for UWB

analog delay element in practice 1 .
These recent attempts to eliminate high-speed ADCs and signal processing have
come at a cost in terms of flexibility, performance, or front-end complexity. At the
same time, two important developments are occurring which will influence the future
of UWB system design:
1. High-speed ADCs have been realized at low power
2. Digital power consumption is decreasing with technology scaling
For example, a recently reported flash ADC architecture sampling at 1 Giga-sample
per second (GS/s) suitable for UWB, consumes only 10.3 mW on a 0.18 µm CMOS
technology [nuzzo06]. Considering that the total power consumption expected for
emerging UWB prototypes is between 20-80 mW, it is no longer obvious that the ADC
power consumption is dominant. Furthermore, these devices are continuing to improve
with technology scaling. A similar flash ADC was recently implemented on a 90 nm
CMOS technology by the same authors and was reported to consume only 2.5 mW at
a 1.25 GS/s rate [vanderplas06]. Low power ADCs have also been reported by other
independent researchers [chen06, ginsburg07].
Technology scaling is also having a significant influence on the power consumption
of digital UWB baseband architectures, once thought to be unfeasible at low power.
This is especially true when the digital architectures take advantage of novel design
techniques to optimally exploit these advances in process technologies [calhoun05].
For example, through technology scaling, supply voltage optimization, and parallelization, the active power consumption of a digital UWB correlator bank originally designed in 0.18 µm CMOS was reduced by 83% when implemented on a 90 nm CMOS
technology [sze06]. Simulations now indicate that the digital baseband consumes only
11% of the total power. The remaining power is consumed by the analog front-end
components [sze06].
1 Instead of separating the reference and data pulses in time, a recent contribution proposes using a small
frequency shift within the coherence bandwidth of the channel [goeckel05]. This enables an analog TR
scheme without the delay element. However, the approach is not standard compliant and is less flexible.
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Figure 6.5: Signal and noise spectrum (a) before and (b) after sub-sampling. Black is
the desired signal and grey is the noise.

To take advantage of this emerging trend of lower power ADC and digital signal
processing, we propose using the ”mostly-digital” architecture of Figure 6.3d where
the received RF signal is sampled directly after the LNA. This approach minimizes
the number of analog components to simplify the design, reduce power consumption
and better exploit technology scaling. Unfortunately, a mostly digital architecture will
result in a significantly higher ADC sampling rate. In the introductory chapter, we
discussed how the FCC UWB spectral mask extends all the way to 10.6 GHz. Similar
regulations are being proposed in both Asia and Europe. Traditional architectures sample at twice the highest frequency content of the signal resulting in sampling as high
as 21.2 GHz. Despite improvements in ADC design, this will still be very difficult to
realize in the near future at low power and cost. To resolve this problem, the following section proposes using a sub-sampling scheme which minimizes the sampling rate
needed to represent a bandpass signal.

6.1.3

Sub-sampling ultra-wideband signals

In 1949, Shannon published a landmark article where he showed that, in general, if
we sample at twice the highest frequency of a bandlimited signal, we will not lose
any information about the signal [shannon49]. He called this minimum uniform sampling frequency the Nyquist rate in recognition of Nyquist’s important contributions to
communication theory. Actually, Shannon himself never claimed to take credit for this
achievement. Rather he was aware of previous forms of this theorem existing in the
mathematical literature, most notably the work of Whittaker which dates from 1915.
Nevertheless, Shannon is at least among the first to formalize the theorem and recognize its practical implications [unser00]. Over roughly the same time period, several
researchers, including Nyquist, Gabor, Kohlenberg, and Cauchy, recognized that bandpass signals require special treatment. Their work eventually developed into the theory
of bandpass sampling [vaughan91].
The basic idea behind bandpass sampling is shown in Figure 6.5. We assume a
bandpass signal is strictly bandlimited between Fl and Fh and the sampling rate is
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Figure 6.6: The minimum uniform sampling frequency required to avoid any undesired
aliasing is plotted against the upper frequency bound for a strictly bandlimited signal
with bandwidth W.

Fs (Figure 6.5a). By carefully choosing Fs , Fl , and Fh , we can down-convert the
signal without the aliased copies overlapping (Figure 6.5b). Specifically, if the lower
or upper frequency bound is a non-negative integer multiple of the signal bandwidth,
then we can down-convert the signal without losing any information at the minimum
possible uniform sampling rate of 2W [vaughan91]. This condition for minimizing the
sampling rate of a bandpass signal can be expressed mathematically as
Fl = n · (Fh − Fl ) = n · W, n ∈ N

(6.1)

A useful metric for describing the amount of aliasing in a bandpass sampling system is
the undersampling ratio, K, defined as
¹
º
Fh
K=
.
(6.2)
2W
For example, K = 2 in Figure 6.5.
Front-end designers typically refer to this form of down-conversion as sub-sampling.
Thus, we will also use the term sub-sampling to mean the same thing as bandpass sampling. However, to avoid confusion, we note that some researchers in the signal processing community use the term ”sub-sampling” to refer to schemes that sample below
the minimum rate required to represent the signal without losing information. Many of
these schemes require extensive signal processing to approximately reconstruct or analyze the signal from the lossy sampling. None of this applies to the sampling scheme
we consider in Figure 6.5. The sub-sampling architecture we propose here does not
lose information about the signal and does not require increasing the complexity of
the digital baseband. For perfectly bandlimited signals and perfect components, it is
theoretically equivalent to other front-end down-conversion schemes.
Another common misconception is that sub-sampling only applies to bandpass signals with carefully chosen frequency bounds Fl and Fh . In fact, sub-sampling can be
used to down-convert any bandpass signal. The frequency bounds must be multiples
of the bandwidth to be able to sample at the minimum rate of Fs = 2W . However,
even if the frequency bounds are not multiples of the bandwidth, we can still use bandpass sampling to down-convert the signal without losing information. However, we
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will need a higher sampling rate (Fs ≥ 2W ). A more general rule can be defined as
follows:
Fh
2W ≤ Fs(min) =
≤ 4W
(6.3)
K
(min)

where K is defined as in equation (6.2), and Fs
is the minimum possible rate to
represent the bandpass signal without losing information. Figure 6.6 plots the min(min)
imum sampling rate, Fs
, versus the upper frequency bound, Fh , relative to the
signal bandwidth, W . For example, a UWB signal strictly bandlimited between 3.5
GHz and 4 GHz can be sampled at the minimum rate of 1 GHz, or twice the signal
bandwidth. However, a signal with the same bandwidth located between 3.75 GHz and
4.25 GHz would require only a slightly higher sampling rate of 1.06 GHz.
We emphasize that the theoretical minimum sampling rates described by equation
(6.3) and shown in Figure 6.6 are pathological in the sense that any engineering imperfection will cause undesired signal aliasing [vaughan91]. This is because the developments we have shown only apply to strictly bandlimited signals which is a mathematical construct that never occurs in practice. Instead, a practical sub-sampling implementation would use a sampling rate slightly above the theoretical minimum rate of 2W.
An appropriate sampling rate should be tailored according to several factors including
the pulse shape, the pulse bandwidth, the pulse center frequency, and the amount of
undesired aliasing that can be tolerated. This practical issue is beyond the scope of this
dissertation, but it has been studied extensively in the literature [vaughan91].
While UWB and sub-sampling may appear unrelated, they actually share a lot in
common. Both ideas are very old: they have been discussed in the context of communications for more than half a century. We will see below that sub-sampling is actually
more appropriate for wideband systems compared with narrowband systems. Thus,
both ideas were never widely deployed for the same reasons: technological barriers
resulting in a regulatory climate favoring narrowband communication. However, improvements in technology combined with the recent FCC ruling on UWB technology
has resulted simultaneously in a renewed interest of both UWB and sub-sampling.
Sub-sampling was never widely deployed in conventional narrowband systems because it suffers from the following four practical problems:
1. Noise Aliasing
2. High Q bandpass filter requirements
3. Wide band ADC requirements
4. Sampling jitter
However, recent work has shown that the very wide bandwidth of UWB systems
makes them more robust to these drawbacks [chen05]. Furthermore, technology scaling is resulting in ADC designs capable of sampling this very wide bandwidth directly
[chen06, nuzzo06].
The first practical problem is noise aliasing. System designers often like to think
of the noise as strictly limited to the signal bandwidth. In practice, however, imperfect
bandpass filtering and noise introduced by circuits after the bandpass filter will result
in some noise in the spectrum from −Fl to +Fl as shown by the grey areas in Figure
6.5a. Sub-sampling will cause this out-of-band noise to be aliased on top of the desired
signal as shown in Figure 6.5b. The amount of noise aliasing is proportional to the subsampling ratio K. For narrowband systems, K can be on the order of 100-1000. On
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the other hand, UWB systems have a very low sub-sampling factor, typically K < 10,
due to their wide bandwidth. Thus, UWB is between one to two orders of magnitude
more robust to noise aliasing compared with narrowband systems [chen06].
The second practical problem is that it is more difficult to design a good bandpass
filter at the RF frequency band than at baseband. As mentioned earlier, insufficient
attenuation of out-of-band noise causes more SNR degradation. Traditionally, these
high Q bandpass filters were implemented off-chip which unavoidably increases system cost and power consumption. Fortunately, it is much easier to implement filters for
UWB. The very wide bandwidth of UWB results in a much lower Q compared with
conventional narrowband systems. UWB signal bandwidths are on the order of 1 GHz
while the center frequency is between 3.1 - 10.6 GHz resulting in typical Q factors less
than 10, potentially enabling a low-cost on-chip solution [chen06]. In contrast, conventional digital spread-spectrum 3G UMTS cellular systems occupy a bandwidth of only
5 GHz centered at 1.9 GHz resulting in a much higher Q factor of 380 [ojanpera98].
Low cost, low data rate systems, such as Zigbee, require Q factors on the order of several 1000 [zigbee]. Section 6.1.4 investigates filtering requirements for sub-sampling
UWB systems further.
The third practical problem is the difficulty of designing the sample-and-hold circuitry for the ADC to handle very high frequency input signals. Fortunately, ADC
bandwidth tends to increase with technology scaling. For example, state of the art
designs on 0.13 and 0.18 µm CMOS technology now achieve an input bandwidth between 5-6 GHz [chen06, nuzzo06]. This already covers a significant portion of the FCC
mask, and is sufficient for IEEE 802.15.4a standard compliance [ieee07]. Furthermore,
we can expect future ADC designs to achieve an increasingly large portion of the FCC
mask over time.
The final practical problem is sampling jitter. Sampling jitter refers to small variations in the sampling time. This is particularly a problem for systems which sample
the RF signal directly. The RF signal varies more rapidly in time compared with IF
or baseband signals. Thus, any minor variation in the sampling time will cause the
sampled waveform to be distorted resulting in some degradation. To our knowledge,
the impact of sampling jitter on communication performance has never been investigated for UWB systems. We will analyze this problem more carefully in the following
chapter.

6.1.4

Filter requirements

The previous section discussed how one of the major challenges in implementing a
mostly-digital architecture is getting sufficient bandpass filtering from the front-end.
This section demonstrates the feasibility of a UWB sub-sampling front-end architecture
in an interfering environment.
Low-rate biomedical WBAN systems are inherently resistant to multi-user interference. The expected average data rate is normally very small compared to the instantaneous data rate resulting in a low duty cycle. Thus, the probability of collision with an
interfering system is also very small. This is especially true for UWB WBAN systems.
The very wide bandwidth of UWB allows for high signalling rates at low complexity
making the probability of collision between two systems particularly small. Furthermore, each user has a different spreading code and transmits pulses intermittently so
that even in the unlikely event that two sensors communicate at the same time, the
probability of pulse collision is small enough that the degradation is not significant
[dibenedetto05]. Finally, the requirements for channel selection filters in UWB are
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Figure 6.7: Feasible front-end filter specifications using a SAW pre-filter filter and onchip LNA and matching network.

very relaxed compared with in conventional narrowband systems allowing for alternative front-end architectures like sub-sampling. This is because all the devices are
operating below the noise floor so that even if we consider the unlikely event that there
is another UWB sensor in an adjacent channel transmitting at exactly the same time, it
will not significantly increase the noise floor.
Since ultra-wideband systems can coexist in adjacent bands so easily, the real filtering requirements for UWB front-ends are due to the presence of narrowband interferers. Given the large bandwidth and stringent power limitations placed on UWB
systems, there is a very high potential for interference from narrowband systems operating at comparatively higher power levels. Regardless of the front-end architecture,
much of this narrowband interference suppression needs to be done at RF to avoid
saturating the various analog components in the receiver chain resulting in higher system cost [lee06, cusmai06, townsend06]. Fortunately, as discussed in section 1.6.2,
WBAN systems are star networks that can benefit from a central device to coordinate
communication and avoid bands containing substantial interference. When combined
with a flexible carrier-based pulser design capable of operating in multiple bands, this
provides a powerful method of dealing with interferers without significantly increasing
front-end complexity. Thus, the sensor itself does not need extra analog hardware to
handle ”pathological” narrowband interference scenarios as these would be avoided in
practice. Nevertheless, it should function properly in more typical interference scenarios.
Figure 6.7 shows a sub-sampling front-end together with realizable filter specifications. We assume the antenna together with a bandpass pre-filter provides a 6th order
Butterworth response spanning the FCC UWB spectral mask between 3.1 - 10.6 GHz.
This can be accomplished easily using off-chip SAW filters [penunuri97]. The antenna
and bandpass filter are not tunable. Between the antenna and the LNA is a tunable
matching network providing a 1st order response. The LNA is also tunable and provides a 2nd order response. The LNA and matching network are used together to provide channel selection. Similar RF channel selection specification have already been
realized on-chip [lee06]. The resulting front-end filter response is shown in Figure 6.8
for the LNA and matching network tuned to a 500 MHz pulse centered at 3494.4 MHz
and 7488.0 MHz corresponding to the second and ninth sub-band channels defined by
the emerging IEEE 802.15.4a UWB standard [ieee07].
The architecture and specifications of Figure 6.7 represent design goals that can be
achieved in practice. They are sufficient for our purpose of demonstrating the feasibility
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Figure 6.8: Front-end frequency response for the specifications of Figure 6.7.

of a sub-sampling architecture. However, the front-end response shown in Figure 6.8
provides more than 100 dB attenuation of the closest 2.45 GHz narrowband interferers
outside the FCC mask which is more than necessary. Thus, the pre-filter requirements
can likely be relaxed substantially. Other filtering architectures fully implemented onchip would be more desirable to reduce cost. While the analysis of optimal UWB
front-end filtering architectures is beyond the scope of this dissertation, several promising techniques are currently being investigated by other researchers. Notch filters can
be used to relax the front-end filtering requirements or provide additional robustness
[lee06, cusmai06, townsend06]. In addition to analog RF filtering, ultra-wideband antennas can be designed to provide anywhere from 10-30 dB suppression of WLAN,
cellular, and 2.45 GHz ISM band systems [schantz05]. Specialized UWB antennas
provide significant attenuation without increasing the cost of the analog front-end. In
addition, recent advances in micro-electromechanical systems (MEMS) can be employed to realize very stringent filtering specifications [aissi06]. MEMS-based devices
promise excellent out-of-band suppression in future UWB systems without increasing
integration costs.
To determine if the specification given in Figure 6.7 provides sufficient attenuation,
we will compute the out-of-band noise suppression in a realistic interfering environment. Our noise model is based on measurements taken at the Berkeley Wireless Research Center (BWRC) which represents a crowded interfering environment with many
wireless devices operating simultaneously [chen05]. The noise spectrum is measured
continuously by a constant aperture horn antenna and a spectrum analyzer (HP 8536E)
over one whole day. The ”maximum and hold” setting is used to record the worst-case
power level integrated over a 15 MHz band. Figure 6.9 shows the power levels measured at different frequency bands. We can see that most of the interference comes from
frequencies below 1 GHz which would severely degrade the performance of sub-GHz
UWB systems operating in this portion of the FCC mask. Not surprisingly, significant
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Figure 6.9: Measured noise and interference at Berkeley Wireless Research Center
[chen05]

narrowband interference is also detected in bands corresponding to many of the popular wireless systems discussed in Chapter 1. These can be directly attributed to several
sources of interference present in the laboratory during the day including GSM phones
(1.8 and 1.9 GHz), Bluetooth devices (2.45 GHz), Microwave ovens (2.45 GHz), and
WLAN (2.45, 5.2, 5.3, and 5.7 GHz).
The noise below 1 GHz is too far away to impact our system which operates between 3.1 - 10.6 GHz. Instead, we will focus on the interference sources located in the
1.85, 1.95, 2.45, 5.2, 5.3, and 5.7 GHz bands. Table 6.1 summarizes our model. Each
narrowband interferer is assigned a power level based on the measurements in Figure
6.9. In addition, we assume white thermal noise with a power spectral density of -174
dBm/Hz expected at 300 degrees Kelvin.
In addition to the interferers, intermodulaton products due to non-linearities in the
LNA may impact performance. The intermodulation products can be analyzed using
the following LNA model [razavi98]:
y(t) = α1 x(t) + α2 [x(t)]2 + α3 [x(t)]3

(6.4)

α1 = 10GLN A /20
(6.5)
α1
(6.6)
α2 = IP /10
10 2
4α1
α2 =
(6.7)
3 · 10IP3 /10
where y(t) is the output of the LNA and x(t) is the input signal defined by our noise
and interference model of Table 6.1 after being filtered by the antenna and matching
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Interference
Source

Name

IEEE 802.11a WLAN

P1
P2
P3

Frequency
(GHz)
5.2
5.3
5.7

Power
(dBm)
-55
-55
-55

IEEE 802.11b/g WLAN,
Bluetooth,
Microwave Ovens

P4

2.45

-45

GSM phones

P5
P6

1.85
1.95

-50
-50

Table 6.1: Interference model

network. The α terms specify the gain and non-linearity of the LNA. The first term is
simply the LNA gain (GLN A ) in linear units. The second term specifies the amount of
second order distortion. It is typically defined in terms of the second intercept point,
IP2 . It represents the input signal level where the magnitude of the second order distortion equals the level of the desired signal. The third term specifies the amount of
third order distortion and is similarly defined in terms of the third intercept point, IP3 .
We set the parameters of this model according to typical UWB LNA specifications of
GLN A = 17dB, IP2 = 5dBm, and IP3 = −5dBm [razavi98].
Because of the low sub-sampling factor, we have found that the total in-band thermal noise after filtering by the front-end is not influenced significantly by the aliasing
of the noise between −Fl to +Fl for the filter specifications in Figure 7.19, justifying a UWB sub-sampling front-end. Thus, the in-band thermal noise power is well
approximated by:
Pib ≈ −174 + N FLN A + GLN A + 10 log10 (W )

(6.8)

The constants N FLN A and GLN A refer to the noise figure and gain of the LNA, while
W is the system bandwidth. We assume N FLN A = 4dB and GLN A = 17dB which
are typical values for UWB systems [ryckaert07]. We will assume the bandwidth of
our signal is W = 500M Hz which is the width of most sub-bands defined by the IEEE
802.15.4a. With these assumptions, Pib = −66 dBm.
We have found that the out-of-band noise for our model is dominated by the interferers rather than the intermodulation products. Thus, the total out-of-band noise can
be well-approximated as follows:
6
X
(f )
Poob ≈ 10 log10 (
Pi ) + GLN A

(6.9)

i=1
(f )

The term Pi refers to interferer Pi from Table 6.1 after being filtered by the front-end
of Figures 6.7 having the response demonstrated in Figure 6.8.
Table 6.2 summarizes the out-of-band suppression for our front-end specifications
and interference model for each of the 500 MHz bands defined by the IEEE 802.15.4a
[ieee07]. In all cases, the most significant interference comes from WLAN devices in
the 5 GHz bands. This is not surprising since this is exactly why the IEEE 802.15.4a
committee avoided the 5-6 GHz frequencies in their band plan. The 2.45 GHz ISM
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Center
Frequency
(MHz)
3494.4
3993.6
4492.8
6489.6
6998.6
7488
7987.2
8486.4
8985.6
9484.8
9984

Interference
Noise Power
(dBm)
-95.7
-86.9
70.8
-77.1
-97.5
-109.3
-118.4
-125.9
-132.2
-137.6
-142.5
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dB below
in-band noise
29.7
20.9
4.8
11.1
31.5
43.3
52.4
59.9
66.2
71.6
76.5

Table 6.2: Attenuation of interferers for IEEE 802.15.4a 500 MHz sub-bands

band and the GSM phones at 1.8 and 1.9 GHz contribute less to the noise power because they are outside the 3.1 - 10.6 GHz mask and can be attenuated easily by the
antenna and pre-filter prior to the LNA. This observation is particularly relevant for
WBAN systems which will likely need to operate in close proximity to cellular phones.
The high attenuation of the interferers outside the 3.1 - 10.6 GHz band is also the reason why we do not observe significant intermodulation products. For example, the
combination of the IEEE 802.11a and 1.9 GHz PCS/GSM tone at the LNA input can
potentially introduce in-band intermodulation products [roovers05]. However, the 1.9
GHz band is always more attenuated than IEEE 802.11a by the antenna and pre-filter
so that its impact is comparatively negligible. For nearly all IEEE 802.15.4a sub-bands,
the interference is suppressed by more than 10 dB compared with the in-band noise.
The only exception is the 4492.8 MHz band which is too close to the 5.2 GHz interferer. Thus, if there is a nearby WLAN system transmitting at high power, this band
should be avoided or there can be some degradation in performance. However, all
the other bands should provide acceptable performance in the presence of narrowband
interferers.
In conclusion, a front-end designed according to the filtering specifications in Figure 6.7 provides sufficient out-of-band suppression in crowded interfering environments for most of the sub-bands defined by IEEE 802.15.4a. These specifications
are realizable in practice at reasonable cost and power. In the few cases where nearby
WLAN systems interfere too significantly, it is more appropriate in low-cost systems
to avoid them with the help of a central coordinating device and a flexible carrier-based
pulser rather than to increase the cost of the receiver front-end. In addition, analog
notch filters, specialized UWB antenna designs, and emerging MEMs technologies
can be used to further reduce the front-end costs. In addition, many low-cost UWB
designs will not operate in the full 3.1-10.6 GHz band. Instead, the IEEE 802.15.4a
allows standard compliant devices to operate in only the upper band (6-10.6 GHz) or
only the lower band (3.1-5 GHz) [ieee07]. In this way, the antenna and pre-filter can
also provide significant filtering of the 5GHz WLAN systems prior to the LNA further
enhancing robustness or reducing costs.
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Figure 6.10: UWB digital baseband architectures

6.2

Ultra-wideband digital baseband design

The previous section investigate UWB front-end architecture. We now turn our attention to the digital baseband signal processing required to detect and demodulate the
signal. Section 6.2.1 begins by comparing current state of the art baseband receiver
architectures. Based on this initial comparison, Sections 6.2.2 and 6.2.3 propose two
baseband solutions tailored for high performance and low complexity respectively.

6.2.1

Baseband architectures

This section compares the three digital baseband architectures from Figure 6.10 then
selects a promising candidates which we will analyze in the following sections. Each
of the blocks in Figure 6.10 is implemented digitally, though in some cases an analog
implementation is also feasible. As before, we do not intend to provide an exhaustive comparison of all possible digital baseband architectures. Instead, we focus on
three examples which are representative of the various classes of architectures being
proposed today:
a. Energy Detector
b. RAKE
c. noisy-template
We emphasize that the digital baseband architectures we present here are not specific to a sub-sampling architecture. We only assume the signal has been filtered and
down-converted in some manner and then sampled at the Nyquist rate by the ADC.
Thus, these digital baseband architectures and the algorithms we propose in the following sections also apply to traditional down-conversion front-ends.
The simplest UWB digital baseband design is shown in Figure 6.10a. The transmitted symbol is estimated using only the energy of a signal modulated with some
non-coherent scheme: on-off keying (OOK) and pulse-position modulation (PPM) are
particularly common in the UWB literature. As explained in the introduction, the energy in UWB signals are typically spread across many pulses. Thus, the energy in
several pulses must be combined together as indicated by the summation in Figure
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6.10a. In addition to being simpler to design, this approach is also robust to clockfrequency offsets. For example, timing offsets in coherent UWB systems need to be
accurate to within a fraction of the pulse center frequency which is between 94-323
picoseconds for pulses between 3.1 - 10.6 GHz. However, the phase information is not
used in energy detectors so timing offsets need to be accurate to within some fraction
of the pulse width which is typically between 0.3-2 ns in the IEEE 802.15.4a standard
[ieee07]. Thus, cheaper low-accuracy clocks can be used with energy detectors.
Unfortunately, the performance of UWB energy detectors is very poor for two
reasons. First, noise is enhanced by the squaring operation and then accumulated
for each pulse encoding a single symbol. In narrowband systems, non-coherent receivers typically lose about 3dB compared with coherent receivers because of this
noise-enhancement. The same would be true for a UWB system operating with 1 pulse
per bit (ppb). However, UWB systems typically encode a single bit with many pulses
so that the additional noise is accumulated for each pulse resulting in more substantial
degradation 2 . Second, energy detectors are very susceptible to in-band interference
since they have no way to distinguish between the energy of the desired signal and the
energy of a narrowband interferer. For these reasons, energy detectors are only suitable
for short range communications operating without a large number of nearby interferers.
Despite some drawbacks, we suspect that energy detectors will be a popular choice
for many low-end applications due to their low cost and simplicity. Furthermore, they
are simple enough to be implemented in the analog domain so that a high-speed ADC
is not necessary. In fact, the IEEE 802.15.4a standard has selected a special modulation
schemes that allows for both coherent and non-coherent detection [kwok06, ieee07]. It
is possible that energy detectors will also be suitable for some body area communication scenarios where we can guarantee that the communicating devices have a direct
line of sight. However, the poor performance of energy detectors will make them unfeasible for NLOS body area scenarios having higher pathloss. We will therefore focus
on coherent receivers which will be able to function properly in a larger number of
situations.
For better performance in dense multipath environments, the coherent RAKE receiver of Figure 6.10b is traditionally used. Each ”finger” of the RAKE receiver is
intended to capture the energy received over a period of T = 1/W where W is the
bandwidth of the signal. Each result is weighted according to its complex amplitude,
then combined to ”gather” all the energy in the signal. This approach is sufficient as
long as the received signal is strictly bandlimited (|f | ≤ W ) which is approximately
true in practice. We emphasize that each finger in the RAKE receiver we have described does not necessarily correspond to a single multipath reflection. Rather, each
finger gathers energy from any number of unresolvable multipath components, or even
a single reflection which has been spread out over time due to some frequency dependence in the propagation channel.
Several variations on this approach have been proposed to tradeoff complexity and
power consumption. The Selective RAKE (S-RAKE) selects the energy of only the
largest L taps and combines them [win99]. Nevertheless, a full estimate of the channel
is required to determine which taps are the largest. Note that the QAC architecture of
Figure 6.3b can be considered an S-RAKE receiver with L = 1 taps if it is synchronized
to the largest multipath component. Another interesting variation is the Partial RAKE
(P-RAKE) receiver which combines the energy of the first L taps regardless of their
2 Performance can be improved by placing the squaring operation after the pulse accumulator. However,
the pulse phase would need to remain steady over the duration of the symbol which requires a higher accuracy
clock.
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Figure 6.11: The reference symbols in a transmit reference signal can be combined in
a preamble at the start of transmission.

energy [cassioli02b]. With this approach, only a partial estimate of the channel is required which can simplify the design. This strategy exploits the property that channels
typically decay exponentially on average so it is not unreasonable to assume most of
the energy is contained in the first few taps. However, significant variations can occur
in practice as we saw in Chapter 5.
While RAKE receivers are flexible and can achieve optimal performance, they are
very complex to implement for UWB systems because of the very short duration of
the pulse relative to the expected channel length. For example, channel measurements
for IEEE 802.15.4a indicate between 10 - 250 RAKE ”fingers” would be required to
gather 50 % of the available energy in NLOS environments [molisch06a]. Figure 5.28
of Chapter 5 suggests that when antennas are worn on the body without a direct line
of sight, several 10s of multipath components of significant size can also be resolved
for high-resolution UWB WBAN systems. In addition to the RAKE receiver structure, estimating the channel information required to determine the weights of each finger will consume significant power. Finally, practical low-cost implementations with
clock offsets require that the channel be estimated in parallel since the phase of each
tap must remain approximately static during the estimation process. A fully parallel
implementation will take up significant area driving up cost. Perhaps even more serious, leakage power increases roughly proportional to chip area so RAKE receivers
will leak considerable energy. This drawback will become increasingly significant on
future technologies reducing the benefits of technology scaling and duty cycling.
The noisy template receiver shown in Figure 6.10c provides a more practical approach. An alternative view of a RAKE receiver is that the complex tap gains representing the channel impulse response are estimated, and the received waveform shape
is re-constructed using this information together with knowledge of the originally transmitted waveform. In contrast, a noisy template receiver does not identify the magnitude
and phase of each multipath component. Instead, it estimates the received waveform
shape directly by simply averaging the received signal over several consecutive training pulses. This greatly simplifies the problem since an averaging operation is easy
to implement digitally. The resulting waveform shape is stored and then used as the
matched filter template during detection.
The architecture of Figure 6.10c is sometimes referred to as ”noisy template” emphasizing its relationship to the TR scheme introduced already in Section 6.1.2. Instead
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Figure 6.12: A high-performance noisy template receiver proposal

of alternating between reference pulses and modulated pulses, the reference pulses are
moved to the preamble where they are averaged together (Figure 6.11) to reduce noise.
Thus, the architecture of Figure 6.10c uses the same elegant approach as TR to estimate
the received waveform shape with a low implementation complexity. Using a preamble
to estimate the waveform and then storing the result is a more appropriate approach for
a mostly-digital architecture since it minimizes the overhead. Note that, in general,
the channel is time-varying so the received waveform shape can change during a burst.
In this case, the preamble can be-retransmitted periodically to update the channel estimate. A noisy template receiver is clearly much easier to implement than the RAKE
receiver. We will see later that it can also achieve very good performance in practice.
Therefore, we focus mostly on noisy template receivers throughout this dissertation.

6.2.2

A high performance noisy template proposal

The previous section showed how a noisy template receiver is a very promising approach to exploit the available channel diversity at a reasonable implementation cost.
However, practical systems must also synchronize to the received signal and track any
differences between the transmitter and receiver clocks. This section outlines a complete digital baseband noisy template architecture proposals which also address these
problems.
The architecture of Figure 6.12 is a practical digital noisy template receiver implementation. As in Figure 6.10c, several pulses are averaged together to estimate
the received pulse shape. The result is multiplied and accumulated with the information bearing pulses by the correlator block. In addition, Figure 6.12 operates on the
complex baseband signal and incorporates blocks for acquisition and tracking. The
front-end down-converts the signal which is sampled at a rate of Fs = 2W . As indicated in Section 6.1.3, sub-sampling is a feasible approach to accomplish this at low
power, though a traditional quadrature down-converter could also be used. For a subsampling front-end, we propose using a digital Hilbert transform to separate the signal
into two orthogonal in-phase (I) and quadrature (Q) components which will be needed
for phase tracking in coherent systems. We assume that prior to transmission of the
data, there is a preamble consisting of a known periodic train of pulses such as the
preamble defined by the IEEE 802.15.4a standard. Before data detection, the receiver
must ”acquire” the signal by detecting the presence of this preamble and the timing
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Figure 6.13: A low-complexity quadrature digital correlator receiver proposal
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Figure 6.14: A sine and cosine signal with a frequency of Fs /4 can be represented by
the repeated sequence [ 0 1 0 −1 ] and [ 1 0 −1 0 ] respectively

location of the pulses. Signal acquisition is a very difficult problem in UWB due to the
very low pulse SNR and significant multipath. Thus, we propose a three-step approach.
First, a low-complexity coarse synchronization algorithm is used for an initial timing
estimate. Second, the received pulse shape is then approximated in the vicinity of the
coarse timing estimate by averaging together the samples of several consecutive pulses.
Now that we have estimated the waveform shape, we can use this information to refine
our synchronization time in a third step. Finally, data is detected by correlating the
received signal against this estimated template. During data detection, we must track
the timing offsets introduced by differences in the transmitter and receiver clocks. The
following chapter will provide more details about the proposals outlined in this section.

6.2.3

A low complexity quadrature digital correlator proposal

The previous section outlined a noisy template solution. For some application scenarios, an even simpler approach may be sufficient. Therefore, we also propose a very low
complexity digital correlation receiver most suitable for low-cost short range applications where it may be unnecessary to estimate the received waveform shape.
Figure 6.13 shows our second architecture proposal which we will call a Quadrature Digital Correlator (QDC). The QDC does not estimate the received pulse shape
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and will therefore achieve worse performance than our first proposal. However, it is
significantly easier to implement potentially reducing design time, chip area, cost, and
power. This solution is functionally equivalent to the QAC receiver of Figure 6.3b in
that it multiplies the received signal by a sinusoid and integrates the result. It is also
equivalent to a 1-tap RAKE receiver where we approximate the received pulse shape
as a rectangular pulse.
The sub-sampling front-end down-converts the signal to a center frequency of
F s/4. To replicate the functionality of the QAC, which multiplies the RF signal by
a modulated rectangular wave centered at Fc , we need to multiply the down-converted
sequence by a rectangular pulse centered at Fs /4. This is accomplished by the system
of inverters and adders after the ADC. A sine wave centered at F s/4 can be represented exactly by the repeated sequence [ 1 0 −1 0 ] and a cosine wave by [ 0 1 0 −1 ]
(see Figure 6.14). Thus, to multiply by a rectangular pulse centered at Fs /4, we only
need to take 4 samples and multiply them by the sequences [ 1 0 −1 0 ] and [ 0 1 0 −1 ]
respectively. For the I-branch, we invert the third sample and add it to the first. For
the Q-branch, we invert the fourth sample and add it to the second. This is a trivial
operation that will consume negligible power compared to the acquisition and tracking
units. Furthermore, we do not need an explicit Hilbert Transformer in either the frontend or baseband which simplifies the design. Finally, the ADC only needs to take four
samples per frame and can easily be shutdown between pulses to reduce power.
A quadrature digital correlation (QDC) approach has several advantages over its
analog counterpart (QAC). First, it reduces the number of analog components without
increasing the complexity of the digital baseband. Second, it eliminates I/Q mismatch
resulting in better performance. Finally, unlike analog correlators, digital correlators
can be reset immediately and do not have any startup overhead allowing them to be
fully duty-cycled and to correlate adjacent received pulses. We will see in the following
chapters that this has many important ramifications for minimizing power consumption
and complying with the emerging IEEE 802.15.4a standard.

6.3

Conclusion

This chapter has analyzed state-of-the-art pulser, analog front-end, and digital baseband
solutions and then proposed a mostly-digital UWB system suitable for WBANs.
We have provided an overview of modern UWB pulser designs by comparing
carrier-free and carrier-based solutions. We recommend using a carrier-based solution since it provides more flexibility to better exploit the UWB spectral mask and
avoid narrowband interferers. Furthermore, we have shown how recent designs can be
implemented at low power without startup overhead and without introducing carrier
frequency offsets.
We have contrasted several different types of front-end receiver architectures including quadrature down-conversion, quadrature analog correlation, transmit reference, and direct sampling solutions. To best exploit trends in better ADC design and
technology scaling, we investigated a sub-sampling architecture as a promising candidate for future UWB WBAN systems. This architecture is particularly suitable for
ultra-wideband systems which are more robust to noise aliasing and do not require
high-Q RF filters. We have evaluated a sub-sampling architecture in a crowded interfering environment and determined that the resulting front-end filtering requirements
are feasible.
We have also contrasted several baseband architectures including energy-detection,
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RAKE, and noisy template receivers. We propose that a noisy template receiver is the
most promising candidate since it allows for excellent performance at a low implementation cost. We have outlined a complete digital baseband noisy template solution
that also addresses issues of acquisition and clock offset tracking. Furthermore, we
proposed a novel low-complexity quadrature digital correlator baseband that is functionally equivalent to existing analog correlator receivers but reduces the number of
front-end components.

Chapter 7

Ultra-wideband body area
communication system
performance
This new form of communication could have some utitility
-Guglielmo Marconi, 1899, radio pioneer.
In the previous chapter, we outlined a UWB system proposal tailored to meet the
low-cost, low-power, and flexibility requirements of a WBAN system. However, we
still need to define each sub-system in the digital baseband in more detail and evaluate
the complete system performance in a body area propagation environment. Unfortunately, this analysis is complicated by the sophisticated UWB body area propagation
behavior.
Chapter 4 showed how narrowband radio propagation around the body can still be
described in terms of traditional log-normal large-scale fading and Ricean/Rayleigh
small-scale fading models. This firmly establishes narrowband body area communication design within the existing statistical framework developed for narrowband systems.
Chapter 5 showed how wideband body area systems can still be described by the
traditional tapped-delay line model. However, the statistical properties of our UWB
WBAN model are very different from existing tapped-delay line models. Specifically,
the taps representing energy diffracting around the body are statistically different from
taps representing energy reflected from nearby scatterers. The former are approximated
as correlated exponentially decaying lognormal variables while the latter are approximated using a modified Saleh Valenzuela (SV) model. Such a complicated modeling
form will defy a simple analytical analysis so we have yet to show that this can be
practical for evaluating wideband communication system proposals.
To address these problem, we have derived a generic semi-analytical approach for
realistically evaluating UWB system performance using our channel model of Chapter
5. Based on this approach, we have developed low-complexity digital baseband solutions addressing several practical aspects of UWB system design including sampling
jitter, quantization noise, clock offsets, acquisition, and channel estimation. Finally, we
have evaluated the performance, and estimated the power consumption of our complete
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proposal with respect to existing narrowband systems to demonstrate the potential of
UWB technology for biomedical applications.
This chapter precisely defines each digital baseband algorithm and evaluates the
complete solution in a body area propagation environment. Section 7.1 begins by describing a semi-analytical approach to evaluate UWB performance. Section 7.2 develops a generic signal model of a UWB system and introduces the notation used
throughout our analysis. Subsequent sections introduce non-idealities one at a time
while building off the results of previous sections. Section 7.3 analyzes the number
of bits required for the ADC. Section 7.4 analyzes the impact of sampling jitter which
is a critical issue for front-end architectures that sample the RF signal directly. Section 7.5 incorporates the performance degradation due to imperfectly estimating the
pulse waveform shape through the averaging operation of our noisy template receiver.
Section 7.6 proposes a clock offset tracking algorithm and evaluates its performance.
Section 7.7 proposes a novel three-step noisy template acquisition system that reduces
the complexity of traditional approaches. Sections 7.8 and 7.9 estimate the range and
power consumption respectively for the complete UWB proposal in a body area communication environment. Section 7.10 then compares this with existing narrowband
solutions. Finally, Section 7.11 summarizes the major conclusions of this chapter.
We emphasize that the analytical models presented in this section are intended to
be independent of the actual implementation. Therefore, most of the results and algorithms apply to any front-end architecture that down-converts the signal to baseband
and samples at the Nyquist rate including both quadrature down-conversion and subsampling systems.

7.1

A semi-analytical approach to UWB performance
analysis

This section describes the semi-analytical approach we will use throughout this chapter to evaluate UWB system performance on sophisticated channel models. Evaluating
UWB system performance is more challenging than narrowband systems for two reasons:
1. UWB channel models are complicated
2. High resolution simulations are time-consuming
UWB channel models, such as our model from Chapter 5, are quite complicated compared with narrowband systems because the very high resolution allows us to see details
in the channel that were not traditionally visible. These details include more resolvable multipath components, a sophisticated channel structure consisting of clusters of
components reflecting off of nearby scatterers or the building superstructure, and individual multipath components that have been distorted by frequency dependent antennas and propagation mechanisms. To deal with this complexity, we have seen that
many taps are required and the wide-sense stationary uncorrelated scattering (WSSUS)
assumptions can be violated leading to sophisticated modeling forms which are not
amenable to analytical analysis. Despite these problems, some researchers are working
towards fully analytical approaches for evaluating systems with UWB channel models [gubner06, liu06, liu07]. However, the resulting expressions are very complicated,
provide little or no physical insight, and require lengthy numerical methods to evaluate. Furthermore, non-idealities such as quantization noise, sampling jitter, channel
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estimation, acquisition, or tracking are never considered in these studies. On the other
hand, simulating full UWB systems is more time-consuming than narrowband systems
because of the very high sampling rate required to represent UWB signals.
Neither a fully-analytical nor a fully-simulated approach to evaluating UWB systems is practical. Instead, we propose using a semi-analytical approach. We will develop fully analytical bit error rate expressions for a given channel realization. In most
cases, we can derive simple expressions providing significant physical insight since we
do not deal with the complex channel statistics directly. To evaluate the bit error rate
or outage probability averaged over a channel ensemble, we will generate several realizations of our channel according to Section 5.4.4, compute the bit error rate for each
channel, and average the result. We can express the average bit error rate as follows:
Z ∞
Pavg =
Pe|γb (x)pγb (x)dx
(7.1)
0

The variable γb represents the signal-to-noise (SNR) ratio at the output of the receiver’s matched filter approximation used for detection, and not the received SNR. The
function pγb (x) represents the probability density function of γb over several channel
realizations. The function Pe|γb (x) is the bit error probability for a given γb which we
will evaluate analytically. To perform the integration, we generate several channel realizations and compute γb to obtain a discrete approximation of pγb (x). This can then be
used to estimate Pe which represents the bit error rate averaged over a some set of channel realizations. In narrowband systems, the SNR at the output of the matched filter, γb ,
depends only on the received SNR for a particular implementation. This is because the
channel only influences the amplitude of a received narrowband signal by definition.
However, in UWB systems that have imperfect matched-filtering, γb depends on both
the received SNR and the shape of the received pulse waveform 1 .
In narrowband systems, the bit error rate averaged over the small-scale fading in a
wide-sense stationary (WSS) area is most often reported when comparing communication systems. This is because small-scale fading has a significant impact on narrowband
systems and the fading distributions are quite generic. In most cases, either a Rayleigh
or Ricean fading distribution of the amplitude is used. The influence of the pathloss and
large-scale variations is most often analyzed separately as part of the link budget using
an outage probability. The outage probability represents the percentage of channel realizations where a satisfactory performance level is achieved. This is normally taken
to mean the percentage of locations in a large geographical area, such as a building,
where the user will experience a satisfactory performance level at a given range.
In UWB systems, outage probabilities are also used extensively in link-budgets for
approximating radio coverage over a large area. However, unlike narrowband systems,
the performance averaged over small-scale fading effects is not used very frequently in
ultra-wideband system analysis. This is because it is very unlikely that all the frequencies will experience a deep fade so the impact of small-scale fading is less significant.
Furthermore, the influence of small-scale fading on UWB performance is difficult to
generalize since it depends on the underlying structure of the channel which can vary
significantly depending on the location and number of scatterers. Instead, UWB systems are most influenced by the shape of the received pulse, the number of significant
multipath components, and the current length of the channel as defined by a SalehValenzuela model [wilson04].
1 Of course, for a perfect matched filter, the receiver performance depends only on the SNR and not the
shape of the received pulse. However, in this chapter, we consider practical systems with imperfect matched
filtering.
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Figure 7.1: Mostly digital sub-sampling UWB signal model.
A much more common metric for ultra-wideband systems, which has also been
adopted by the IEEE 802.15.4a committee [ieee07], is to average the performance over
energy-normalized channel realizations where any large-scale shadowing and pathloss
is removed. We will also use this performance metric in Section 7.2 - 7.7 since it allows
us to focus on the degradation of our system proposals with respect to the ideal system
averaged over different received pulse shapes. This is sufficient for developing the main
concepts and showing the major performance trends. We will incorporate the influence
of large-scale pathloss and fading as a part of our link-budget analysis in Section 7.8
using an outage probability.
We emphasize that we are not advocating designing a full UWB system based
on this semi-analytical analysis alone. Indeed, we will make several assumptions to
simplify our developments and we realize that simulations will always be required in
practice. Nevertheless, by introducing simple analytical models that approximate the
performance and shed light into the most important physical phenomena, simulations
will only be needed to verify and fine-tune results rather than as the principle design
methodology.

7.2

Signal model

We begin by developing a signal model of the UWB system shown in Figure 7.1 which
we will use throughout our analysis. We have shown a sub-sampling architecture in
this figure but we emphasize that our discussion is not specific to this type of downconversion. Rather, our baseband proposal and the developments of this section can
apply to any front-end architecture that down-converts the UWB signal to baseband.
On the transmitter side, a pulser generates the transmitted waveform u(t),
s
∞
Es X
u(t) =
ak s(t − kT )
(7.2)
Nf
k=0

where ak is the kth transmitted symbol having a value of either +1 or -1, and s(t) is
the transmitted symbol waveform having an energy Es spread over Nf pulses,
Nf −1

s(t) =

X

p(t − jTf − cj Tc )

(7.3)

j=0

where p(t) is the pulse waveform normalized to unit energy, Tf is the frame period,
cj is the time hopping code, and the duration of the symbol is T = Nf Tf . We have
assumed a time hopping UWB (TH-UWB) system, however our analysis can also apply
to direct sequence UWB (DS-UWB) or any combination. We base our pulse shape on
the 3.1 - 10.6 GHz pulser presented in [ryckaert05]. A triangular pulse waveform is
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generated by charging and discharging a capacitor. A ring oscillator is then used to upconvert this pulse to any frequency. We therefore assume p(t) is amplitude modulated
with a triangle. We focus on this pulse shape because it is easy to generate and has
been realized in practice. However, our analysis is generic for any desired pulse shape.
This waveform is sent over a multipath channel having an impulse response h(τ ).
We have already seen in Chapter 3 that we can approximate this impulse response over
a finite bandwidth using a discrete tapped delay model g(τ ) with taps gn . Assuming
no inter-pulse interference (IPI), we denote the kth received symbol as
q
PNf −1 PL−1
Es
rk (t) =
j=0
l=0 gn p(t − jTf − cj Tc − kT − l/W ) + v(t)
Nf ak
q
PNf −1
Es
=
j=0 pRjk (t) + v(t)
Nf ak
(7.4)
The function pRjk (t) is the jth received pulse waveform of the kth symbol after convolution with the channel. The function v(t) is the thermal and circuit noise with variance
σn2 = 12 N0 , where N0 is the noise power spectral density. The parameter L is the number of ”taps” in our tapped delay line model having a tap-spacing 1/W (see equation
(5.11) from Chapter 3). We will assume the channel is static over the duration of one
communication burst which is reasonable for short bursts and typical walking speeds
(see Section 3.1.3 from Chapter 3). The statistics of gn defining a body area propagation model between 3.5 - 5.5 GHz are summarized in Sections 5.2.5 and 5.4.4 of
chapter 5 together with a recipe for generating channel realizations.
Throughout this Section, we will focus on two body area propagation scenarios
which we will refer to as ”LOS” and ”NLOS”. The ”LOS” scenario refers to propagation along the front of the body at a distance of 0.4 meters. The ”NLOS” scenario
refers to propagation around the body at a distance of 0.5 meters so that the transmitter
and receiver are on opposite sides of the torso. These two scenarios tend to describe
”best” and ”worst” case body area propagation so we can approximate the expected
range of performance. Again, this dissertation focuses on these body area propagation channels specifically, but our approach can be applied to any desired propagation
model including those proposed by the IEEE 802.15.3a and IEEE 802.15.4a standards
[ieee02a, ieee05].
We have assumed no IPI to simplify our derivation and notation. This assumption
is valid if the channel length is small compared to the frame rate (στ < Tf ). We saw
in section 5.4.4 that in our worst-case NLOS scenario, the delay spread of our channel
model is normally less than 20 ns. Thus, for frame rates less than about 40 MHz, our
model is approximately valid for the propagation channels we measured. With no IPI,
we can assume ak = 1 without loss of generality and drop k in our notation for most
of our analysis.
For each received pulse, the ADC takes Ns = d TT0s e samples where Ts represents
the sampling rate and T0 ≤ Tf represents the portion of the pulse processed by the
digital baseband. Since both our noisy template (NT) and quadrature digital correlator
(QDC) architectures decompose the signal into I and Q components, it is more convenient to use a complex digital baseband representation. Furthermore, we can simplify
our notation by using Ns /2 length vectors pR and vj to represent the complex signal
and noise samples respectively of the jth pulse. Thus, from now on we will use the
following more compact notation to represent the j th received pulse waveform and
noise:
rj = pR + vj
(7.5)
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During detection, each received pulse waveform, pR , is correlated against an estimate of the received pulse waveform p̂R . For our NT receiver, p̂R is obtained by averaging over several training pulses. For our QDC receiver, the estimate of the received
pulse waveform is simply a digital rectangular pulse given by p̂R = pc = [ 1 1 ]. In
other words, a digital correlator receiver simply adds adjacent complex baseband samples. Like a QAC receiver, a rectangular pulse is intended to approximate the originally
transmitted triangular pulse at a low-implementation cost. Assuming perfect synchronization in an AWGN channel, this would result in approximately a 1dB degradation
with respect to a perfect triangular pulse template. However, additional degradation
is expected in practice due to spreading of the pulse by the propagation channel. The
output of the correlator is given by
yj = rj p̂H
R

(7.6)

Each output is summed over Nf transmitted pulses to form the decision metric for the
kth symbol
Nf −1
X
Dk =
yj
(7.7)
j=0

When Dk ≥ 0, the estimated transmitted symbol is aˆk = 1, otherwise aˆk = −1.
Throughout this section, we will determine the performance of our system with
respect to the ”ideal” receiver. The ideal receiver correlates against a perfect replica of
the received waveform shape (p̂R = pR ). In this case,
yj

H
= pR pH
R + vj pR
= ys + n

(7.8)

The first term is the desired signal, ys = Ep , where Ep = Es /Nf is the energy per
pulse. The second term is a Gaussian noise term having a variance of σn2 Ep . Substituting this result into equation (7.7) yields the following SNR at the input to the slicer:
γb =

(Nf Ep )2
Es
2Es
= 2 =
Nf Ep σn2
σn
N0

(7.9)

Assuming a BPSK modulation, the probability of error can then be expressed as follows
[proakis01]:
√
Pe|γb = Q( γb )
(7.10)
The function Q is called the Q-function and is defined as
Q(x)

=
=

R ∞ −t2 /2
√1
e
dt
x
2π ³
´
x
1
√
2 erfc
2

(7.11)

where erfc(x) is the complimentary error function which is tabulated in many textbooks
and available on most computer mathematics software packages.
We have focused on the simple case of BPSK which is one of the modulations
supported by the IEEE 802.15.4a. However, most of our analysis can apply to any
coherent modulation scheme by modifying equation (7.10). In the following sections,
we will introduce non-idealities one at a time and evaluate the performance of our
system relative to the ideal performance given in equation (7.10).
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Figure 7.2: Comparison of (a) theoretical and (b) simulated BER degradation due to
quantization.

7.3

Quantization

The ADC is a critical component in the design of digital UWB systems. Most reported data converters operating at the speed and bit-width requirements for UWB
systems are Flash converters [nuzzo06], though excellent successive approximation
(SA) converters have also been reported [chen06]. The power consumed by a flash
ADC scales approximately linearly with sampling rate and exponentially with bit-width
[vogels03, le05]. Thus, the UWB system architect can choose either a high sampling
rate or a high bit resolution but not both [vanderperren06]. We consider a mostly-digital
sub-sampling architecture that must sample the signal close to the minimum allowable
rate of 2W . For regulatory and standard compliant UWB systems, this implies F s ≥ 1
GHz which is relatively high. Fortunately, UWB bit-width requirements are moderate
compared with narrowband systems. This is because stringent FCC restrictions require
the transmitted power spectral density of UWB signals to be below that of noise emissions allowed for electronic equipment [fcc02]. As a result, the pulse SNR at the input
of the ADC before matched filtering and de-spreading is typically very low ensuring
the relative contribution of quantization noise is small compared to the thermal noise.
Evaluating the impact of quantization noise in UWB is more difficult than in narrowband. In traditional narrowband systems, there is a certain minimum SNR associated with the desired BER. The number of bits is chosen so that the overall SNR is
above this minimum value assuming quantization to be the dominant source of noise
[newaskar02]. However, quantization noise is not likely to be dominant in our case
since UWB signals are close to the background noise level.
For UWB systems, a statistical approach is typically used to approximate the impact of quantization [newaskar02]. Without loss of generality, the ADC is assumed to
have an input range from -1 to 1 corresponding to the voltage saturation level −Vsat
1
. If there is no significant
to Vsat . For b bits, the quantization step is then ∆ = 2b−1
clipping and the quantization noise is small compared to the thermal noise, we can
2
approximate the quantization as a uniform random variable with a variance σq2 ≈ ∆
12
[razavi95]. These assumptions are typically ensured by using an Automatic Gain Control (AGC) system prior to the ADC. In this case, the total noise variance can be approximated as the sum of the thermal and quantization noise variance resulting in the
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following SNR at the output of the matched filter:
γb =

Es
σn2 + σq2

(7.12)

This can be substituted into equation (7.10) to estimate the quantized BER. Figure 7.2a
shows the resulting performance for 2, 3, and 4 bits relative to the ideal performance.
Using this very simple model, we can approximate that 3 bits is sufficient to quantize
our UWB signal while some performance degradation can be expected for 2 bits.
The statistical quantization model of equation (7.12) is over-simplified and may be
inaccurate in practice for two reasons. First, the uniform white noise assumption used
to derive σq is less valid for the small bit widths we expect in UWB. Second, it is difficult to define an optimal input signal level to the ADC since the amplitude distribution
of the signal samples depends on the amount of multipath [vanderperren06]. We will
therefore confirm our results by simulation. Experiments conducted on a wide variety
of propagation scenarios indicate that an RMS input level equal to half the saturation
voltage provides good performance in most cases [vanderperren06]. Thus, we will assume that the AGC always scales the input signal level to 0.5Vsat for our simulations.
Figure 7.2b summarizes the performance averaged over 100 NLOS body area channel realizations. Very similar results are also obtained for LOS. The simulated BER performance indicates that the analytical model is optimistic for very low bit-widths (b <
3) as expected. Nevertheless, the simulations tend to confirm that only a 3 bit ADC is
required for UWB communications as predicted by the statistical model. This result is
also in agreement with similar independent studies in the literature [vanderperren06],
[newaskar02] which predict between 3 to 4 bits.
In conclusion, if the ADC is designed with b ≥ 3, the degradation due to quantization is negligible. Therefore, we will drop the σq2 term for the rest of our analysis.

7.4

Sampling jitter

Practical ADC sampling times are generated from an external clock. Hardware imperfections will always introduce variation in the sample timing. We can classify these
imperfections as follows:
1. Clock frequency offsets
2. Sampling jitter
Clock frequency offsets refer to uncertainty in the transmitter and receiver framerate clocks. The frame-rate clock controls the time between individual pulses in a UWB
signal and is typically on the order of 20-40 MHz [ryckaert07]. The uncertainty in this
frequency depends on the accuracy of the crystal reference. At the start of each frame,
the sampling-rate clock is activated to sample the received pulse. It is then turned off
again until the start of the next frame. This approach conserves energy since the ADC
is only active for the duration of a received pulse which is often much shorter than the
frame period. Since UWB systems must be at least 500 MHz wide according to the
FCC, typical sampling rates are on the order of 1 GHz. Sampling jitter refers to local
variations in the sampling period. The amount of sampling jitter depends on thermal
noise in the clock network. We will propose a solution for removing clock frequency
offsets later in Section 7.6. In this section, we will temporarily assume there is no clock
frequency offset and focus only on the impact of sampling jitter.
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Figure 7.3: The top plots (a) show the analog baseband signal after down-conversion
(left) and the digitized baseband signal with and without sampling jitter (right). The
bottom plots (b) show the analog bandpass signal (left) and the sub-sampled digitized
bandpass signal with and without sampling jitter(right).

Figure 7.3 demonstrates sampling jitter and shows why it is more problematic for
mostly-digital architectures compared with traditional down-conversion architectures.
We consider a 500 MHz triangular pulse centered at Fc = 7.75GHz. This corresponds roughly to a 4.5 ns pulse in the time-domain and Nyquist sampling rate of
Fs = 1 GHz. The top-left plot show the analog baseband signal after down-conversion
so that the triangular pulse is centered at Fs /4. The top-right plot shows the digitized
baseband signal with and without sampling jitter. In this case, there is not much difference between the ideally sampled signal and the sampled signal with jitter. The
bottom plots show the analog bandpass signal (left) and the digitized bandpass signal
with and without sampling jitter (right). In this case, sampling jitter clearly introduces
significant distortion of the waveform shape which will degrade performance. This is
because the RF bandpass signal varies rapidly in the time domain. Any minor variation
in the sampling time therefore results in significant distortion.
We briefly note that Figure 7.3 also demonstrates the concept of sub-sampling in
the time domain as opposed to the frequency domain interpretation we gave in Section
6.1.3. By carefully choosing F s, the ideal digitized baseband (top-right) and bandpass
(bottom-right) signals are the same indicating that the two approaches are theoretically
equivalent. Of course, non-idealities such as sampling jitter create differences between
the two approaches in practice as shown in Figure 7.3.
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Several researchers have investigated detailed jitter noise statistics due to sampling
a sinusoid [awad98, awad91, wagdy90, souders90, arkesteijn06] and some continuous wideband signals such as sawtooth waveforms [kobayashi99]. However, these
statistics do not apply to the wideband impulsive waveforms used in UWB. Furthermore, they do not directly relate these noise statistics to communication performance.
Narrowband system designers typically select the sampling jitter tolerance using a
”worst-case” analysis: the clock is assumed to sample at the sharpest edge of the carrier frequency, and the jitter is constrained to be small compared to the quantization
step of the ADC [chen05, le05]. However, this worst-case ”rule of thumb” is likely
pessimistic and it is unclear if it applies to UWB systems where the signal energy is
spread across a very wide bandwidth rather than being concentrated around a carrier
frequency. Finally, several researchers have derived BER expressions incorporating the
variations in the arrival time of each pulse due to timing jitter in the frame-rate clocks
[hor04, sum05, guvenc03, lovelace02]. However, jitter on the sampling clock is a fundamentally different problem where the shape of the sampled pulse is distorted by variations in the sampling times. To our knowledge, the relationship between sampling-rate
jitter and UWB BER performance has never been studied. The following sub-section
develops a precise approach to determine the degradation due to sampling jitter valid
for both narrowband and wideband systems. We then verify our developments using
simulations. In addition, we will provide physical insights into how sampling jitter impacts UWB system performance to aid the system designer’s intuition when selecting
tolerances.

7.4.1

BER derivation with sampling jitter
∆ p(t)
p(nTs )

p(nTs +∆ n )

∆t

Figure 7.4: First-order approximation to sampling jitter
Sampling time irregularities in practical ADCs require us to slightly modify our
system model such that the jth pulse after A/D conversion is given by:
rj [n] = pR (nTs + ∆jn ) + vj (nTs )

(7.13)

where ∆jn is the sampling jitter in the nth sample of the jth pulse. We use the following approximation to represent the jitter noise:
Ãs
pR (nTs + ∆nj ) ≈

Ew
1−
Ep

!
pR (nTs ) + w(nTs )

w(nTs ) = ∆nj

(7.14)

¯
dpR (t) ¯¯
dt ¯t=nTs

This approximation is similar to a first order Taylor series as demonstrated in Figure
7.4. However, we observe that a small sampling jitter will only change the waveform
shape without increasing the expected signal energy. We can therefore improve this
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Figure 7.5: Simulated correlator output showing the decrease in signal power and
additional noise caused by sampling jitter.
q
w
model by introducing a scaling factor 1 − E
Ep so that the energy in the approximation
remains unchanged. This will result in a more accurate and simpler BER expression
without having to introduce higher order terms. Ew is the expected energy of the jitter
noise collected from the sampled pulse given by
Ew

= E[wwH ]
2
= σ∆
kp0R k2
2
=
σ∆
Ep0

(7.15)

2
where σ∆
is the jitter variance of the ADC, p0R is a length Ns /2 vector of the sampled
first derivative of pR , and Ep0 is the energy in the first derivative of the received pulse.
This section will only consider the BER performance assuming a perfect estimate
of the received pulse waveform such that p̂R = pR , where pR represents the received
waveform with no thermal noise or jitter. We will incorporate imperfect channel estimation later in Section 7.5. Using the approximation of equation (7.14), the output of
the correlator can be written as

yj

=
≈
=

rj p H
R
q
Ew
(pR 1 − Ep + wj + vj )pH
R
q
Ew
H
H
pR pR 1 − Ep + wj pR + vj pH
R

The first term is the desired signal term,
s
s
E
Ew
w
ys = pR pH
1−
= Ep 1 −
R
Ep
Ep

(7.16)

(7.17)

The second two terms are the jitter and thermal noise terms respectively. The variance
of the jitter noise term is given by
σ12

=
=
=

2
E[(wj pH
R) ]
2
0
σ∆ kpR · pR k2
2
σ∆
Ep0 p

(7.18)

where Ep0 p is the energy in the sampled pulse multiplied by its first derivative. The
variance of the thermal noise term is σ22 = σn2 Ep where σn2 is the variance of vj
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corresponding to the PSD of any circuit or thermal noise. Assuming the jitter and
thermal noise are independent and Gaussian, the total noise variance is given by σt2 =
σ12 + σ22 . The decision metric of the kth symbol is obtained by summing Nf matched
PNf −1
filter outputs, Dk = j=0
yj resulting in the following SNR at the input to the slicer:
Energy Decrease

z

γb,∆ =

(Nf ys )2
=
Nf σt2

}|

{

2 Ep0
)
(1 − σ∆
Ep
2
σn2 Es
σ∆
Nf Ep0 p +

Es2

|

{z

jitter noise

(7.19)

| {z }

}

thermal noise

This can now be substituted into equation (7.10) to obtain the BER expression with jitter for BPSK. By comparing the SNR with jitter given by equation (7.19) and the SNR
without jitter given earlier in equation (7.9), we can see that the two SNR expressions
are equal if there is no jitter (for σ∆ = 0, γb,∆ = γb ) which agrees with intuition. For
σ∆ > 0, equation (7.19) reveals the two effects of sampling jitter:
1. A decrease in the correlator output signal power
2. An additional additive noise source
E

0

2 p
The first effect can be seen by the factor (1 − σ∆
Ep ) in the numerator. This
decrease in signal power is expected since the received pulse with jitter pR (nT + ∆nj )
is no longer matched to the pulse template pR (nT ) but they have the same energy on
average. The second effect can be seen in the first term of the denominator. The random
sampling times create fluctuations in the sampled signal energy which are taken into
account by the additional noise term. These two effects are demonstrated in Figure 7.5
which shows the simulated correlator output after accumulating Nf = 32 triangular
pulses each having a bandwidth of 1 GHz and centered at 7.5 GHz. They are subsampled at Fs = 2 GHz with a jitter of σ∆ = 20 ps.

7.4.2

Performance and comparison with simulation

This section considers the performance of digital UWB body area communication with
sampling jitter assuming perfect channel estimation. Specifically, we investigate the influence of pulse shape, sampling schemes, and pulses per bit. Throughout this section,
we compare the simulated and analytical BER versus received Eb /N0 performance
from equation (7.19) averaged over 100 LOS channel realizations. This is sufficient
for demonstrating the major trends.
Figure 7.6 compares the performance of a triangular pulse centered at 3.5 GHz
and 7.5 GHz for Gaussian jitter tolerances σ∆ between 5-20 ps. To isolate the relationship between sampling jitter and pulse center frequency, we have kept the channel
realizations the same and only vary the position of the pulse in the frequency domain.
However, we emphasize that our channel model is not valid at these frequencies and, in
practice, the channel would also be different. The 7.5 GHz pulse shows more degradation because pulses with higher frequency content vary more rapidly and are therefore
more distorted by any variation in the sampling time. This behavior is also apparent
from equation (7.14) where the jitter noise power is proportional to the derivative of the
signal. In most cases, the simulated and analytic results match closely, justifying our
approximation. However, for larger jitter (σ∆ > 15 ps for the 7.5 GHz pulse) our expression is less accurate. The approximation could be improved by adding additional
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Figure 7.6: BER performance for different jitter tolerances assuming a 1 GHz triangular pulse centered at 3.5 GHz (left), and 7.5 GHz (right) LOS propagation.

terms in the series expansion of equation (7.14). Nevertheless, a first order approximation appears sufficient for tolerances of practical interest and results in a simpler
and more intuitive expression. For example, a popular sampling clock implementation
for UWB systems is a duty-cycled ring-oscillator [blazquez05, ryckaert07]. For this
type of clock, measurements indicate that a jitter of only 6ps is accumulated over a
30ns period for a 3.5GHz sampling rate [ryckaert07]. For the WBAN systems we consider, we will see later that the sampling clock only needs to be active for 10ns each
frame to capture most of the energy in the received pulse. This is not enough time for
the jitter noise to accumulate and will result in even lower jitter tolerances in practice
[ryckaert07].
Figure 7.7 shows the degradation for different sampling schemes while keeping the
jitter tolerance constant at σ∆ = 20 ps. Keeping the jitter constant while increasing the
sampling rate results in a lower jitter noise power spectral density (PSD). This reduces
the influence of the jitter noise term in the denominator of equation (7.19) resulting in
better BER performance. Eventually, this term becomes small compared to the thermal
noise and there is no further improvement. The remaining degradation with respect to
the ideal curve is due to the factor in the numerator which represents the signal energy
lost due to distortion by sampling jitter.
Figure 7.8 shows the degradation for different numbers of pulses per bit while
keeping the jitter tolerance constant at σ∆ = 20 ps. Since the jitter noise in equation (7.14) depends on the derivative of the signal, any decrease in the signal amplitude
will also decrease the jitter noise amplitude. Therefore, we improve BER performance
by spreading the signal energy across several smaller pulses so that the jitter noise is
averaged over more samples. This reduces the first noise term in the denominator of
equation (7.19). Eventually, it becomes small compared to the thermal noise and there
is no further improvement. Thus, the spreading codes in typical UWB systems provide
some intrinsic robustness to sampling jitter.
In summary, the simple BER expressions we have derived for mostly-digital UWB
systems with sampling jitter closely match Monte-Carlo simulation results for a variety of practical tolerances in realistic body area propagation scenarios. As expected,
the degradation due to sampling jitter increases for pulse shapes having high frequency
content. However, we can reduce the jitter-induced degradation to some extent by increasing the sampling rate or the number of pulses used to encode a bit. Since UWB
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systems tend to operate with high sampling rates and long spreading codes, this indicates they are inherently robust to sampling jitter. Finally, given that UWB sampling
clocks have been realized with only 6ps jitter, we can expect that jitter-related degradation in UWB systems will be very small, even for sub-sampling systems that sample
the RF signal directly.

7.5

Pulse shape estimation

So far, we have assumed the receiver can perfectly re-create the received signal waveform during the detection process. However, practical systems must estimate the shape
of this waveform. The NT architecture accomplishes this by averaging several consecutive pulses assumed to be present in a preamble prior to transmission of the data. This
is block is labeled ”pulse estimation” in the noisy template receiver outline of Figure
6.12. The lower-complexity QDC and QAC architectures do not directly estimate the
received waveform shape so there is no equivalent block in Figure 6.13. Instead, they
correlate the received signal against a crude approximation of the received pulse representing a rectangular pulse. This is done using the network of inverters and adders in
Figure 6.13.
In the following sub-section, we begin by re-deriving the well-known bit error performance for a noisy template receiver. We then extend this to incorporate the influence
of sampling jitter based on our results of the previous section. We also derive the bit
error performance for a correlator receiver with sampling jitter. Finally, we compare
the performance of noisy template and correlator architectures with imperfect channel
estimation and sampling jitter on LOS and NLOS body area propagation channels. As
before, we will provide physical insights to help interpret the analytical developments.

7.5.1

BER derivation for NT receivers without sampling jitter

In practice, the received waveform shape must be estimated. For noisy template estimation, we assume M pulses are transmitted prior to the data and the waveform is
estimated by averaging over these pulses. This scheme is practical for bio-medical
devices since it is computationally simple. The output of the correlator is then,
yj

=
=

rj · pˆR H
PM −1 H
1
H
(pR + vj ) · ( M
m=0 (pRm + xk ))

(7.20)

The N s/2 length vector pR is the received pulse waveform, vj represent the j th thermal noise samples, M is the number training symbols, and xm are thermal noise samples of the mth training pulse. Both vj and xm are uncorrelated and have a variance of
σn2 . We can expand equation (7.20) yielding:
³ P
´
³ P
´
M −1 H
M −1 H
1
1
H
yj = pR pH
R + vj pR + pR M
m=0 xm + vj M
m=0 xm
(7.21)
= ys + n1 + n2 + n3
Thus, the output of the correlator consists of the desired signal term, and three noise
terms.
The desired term is given by ys = vj pH = Ep . The first two noise terms, n1
and n2 , are simply due to the thermal noise and have variances σ12 = σn2 Ep and
1 2
σn Ep . The third term is called the noise cross product between the received
σ22 = M
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signal noise and the estimator noise samples. Since these two noise sources are zeromean and uncorrelated, n3 has a variance equal to the product of the two variances
1 2 2
1 4
σ32 = M
σv σx = M
σn . Since a large number (Ns Nf ) of these terms are added together to form the final decision metric Dk , we can assume the resulting distribution is
approximately normally distributed [choi02, wu04]. It can also be shown that the three
noise sources are uncorrelated [choi02,
P3 wu04] so the total noise variance is the sum
of the three noise variances σt2 = i=1 σi2 . The decision metric of the kth symbol
PNf −1
yj resulting in the
is obtained by summing Nf matched filter outputs, Dk = j=0
following SNR at the input to the slicer:
γb,N T =

(Nf ys )2
=
Nf σt2

Es2
M +1
2
M Es σn

|

{z

}

thermal noise

+

(7.22)

Nf Ns 4
M σn

| {z }
cross noise

This can now be substituted into equation (7.10) to obtain the resulting BER with noisy
template estimation for BPSK modulation. For a large number of training symbols, the
SNR of the NT receiver given by equation (7.22) reduces to the SNR of the ideal
receiver given by equation (7.9) (limM →∞ γb,N T = γb,ideal ) agreeing with intuition.
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Figure 7.9: The SNR at the output of the correlator for a noisy template receiver as a
function of the correlation time for the received pulse waveform shown on the bottom
plot. In this example, we assumed M = 10 training symbols the symbol SNR is 8 dB.
There are two noise terms due to (1) the thermal noise and (2) the cross noise.
Comparing equations (7.22) and (7.9), we can see that the noise cross term determines
the degradation with respect to the ideal curve. The noise cross term increases linearly
with Ns = d TT0s e, or the number of received waveform samples processed by the digital
baseband. Although not written explicitly in equation (7.22), the desired signal energy
accumulated by the receiver, Es , also depends on Ns :
Es (τ0 , Ns ) =

NX
s −1
n=0

|pR (τ0 + nTs )|2

(7.23)
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The term τ0 is the initial sampling time of the receiver which is determined by the
acquisition algorithm. We will study acquisition later in Section 7.7. For now, we
will temporarily assume τ0 = 0. The accumulated energy Es increases with Ns since
we process a larger portion of the signal. Thus, if Ns is too small, we do not gather
enough the received signal energy. On the other hand, if Ns is too large then we
accumulate more noise in the cross term. There is an optimal choice of Ns for a given
number of training symbols and channel realization. This tradeoff is demonstrated in
Figure 7.9 which shows the SNR of the NT decision metric (γb,N T ) as a function of
the correlation length (T0 ) for a particular received pulse shape. For best performance
with the minimum amount of signal processing, the correlation length should not be
too long or too short compared with the received pulse length.
Digital implementations of NT receivers can estimate an optimal Ns more easily
compared with analog implementations. This is because the digital baseband averages
and stores the received pulse waveform which can then be processed to determine Ns .
On the other hand, TR receivers store the template in an analog delay element. Even
if such analog delay elements could be designed, there is no simple way to determine
an optimal integration time, T . Thus, we suspect that digital NT systems will perform
better than their analog counterparts.

7.5.2

BER derivation for NT receivers with sampling jitter

The performance of NT receivers derived in the previous sub-section is well-known
[choi02, wu04]. We now derive the performance of an NT receiver with sampling jitter
which is more representative of a digital sub-sampling NT architecture. Sampling jitter
will distort both the shape of the received data pulses and the shape of the training
pulses. Thus, using the same approximation as in equation (7.14), the output of the
correlator is given by
yj = rj p̂Hq

Ew
Ep + wj
H
w
pR pR (1 − E
)
E
³p
q
Ew
+ 1 − Ep wj pH
R

≈ (pR
=

1−

1
+ vj ) · ( M

PM −1

H
m=0 (pR

q
1−

Ew
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H
+ qH
k + xk ))

³ P
´
³ P
´´
M −1 H
M −1 H
1
1
+ pR M
+vj pH
R + pR M
m=0 qm
m=0 xm
³ P
´
³ P
´
³ P
´
M −1 H
M −1 H
M −1 H
1
1
1
+wj M
q
+
v
q
+
w
x
j
j
m=0 m
m=0 m
M
M
³ P m=0 m´
M −1 H
1
+vj M
x
m=0 m
= ys + n1 + n2 + n3 + n4 + n5 + n6 + n7 + n8
(7.24)
H
The vectors qH
and
x
are
the
jitter
and
thermal
noise
of
the
mth
pulse
used
for
m
m
channel estimation. The other terms are defined the same as before. Compared with an
NT correlator output without sampling jitter represented by equation (7.21), there are
now 8 noise terms instead of 3. The extra terms are due to the various jitter noise and
jitter cross noise products.
We can analyze the noise terms using exactly the same reasoning as we did in
w
the previous section. The first term is the desired signal ys = Ep (1 − E
Ep ). The
remaining eight terms are the various independent Gaussian noise contributions. The
first two terms are the same jitter noise terms as in equation (7.18) with variances
1 2
2
2
w
σ12 = σ∆
Ep0 p (1 − E
Ep ) and σ2 = M σ1 . The next two terms are the thermal noise with
1 2
variances σ32 = σn2 Ep and σ42 = M
σn Ep . Finally, the last four terms are the various
jitter and thermal noise cross terms. They are approximately Gaussian by the Central
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1
1
4
2
Limit Theorem and have variances σ52 = M
Ns σ∆
Ep20 p , σ62 = σ72 = M
Ns σn2 σ∆
Ep0 p ,
P
8
1
2
4
2
2
and σ8 = M Ns σn . The total noise variance of the jth pulse is σt = i=1 σi . Nf
matched filter outputs are summed so that the SNR of the decision metric is

γb,N T ∆ =

(Nf ys )2
Nf σt2

Energy Decrease
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Ep ) M
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|
{z
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thermal & jitter noise
thermal & jitter cross noise
(7.25)
Equation (7.25) may appear complicated, but it is both easy to interpret and evaluate. As in equation (7.19), we can see from the numerator that the signal power at the
output of the matched filter decreases. This is because both the data and the training
pulses are distorted by the sampling jitter so and the resulting template is no longer
matched to the received signal. The first two terms of the denominator correspond to
the thermal and jitter noise, while the remaining terms correspond to the thermal and
jitter cross noise terms. We can see that as the number of training pulses M → ∞,
equation (7.25) reduces to the expression for sampling jitter with a perfect template
given in equation (7.19). Also, for σ∆ = 0, equation (7.25) reduces to the well-known
noisy template expression from equation (7.22). Finally, for σ∆ = 0 and M → ∞,
equation (7.25) reduces to the ideal expression for antipodal signals in AWGN given
by equation (7.9).

7.5.3

BER derivation for QDC receivers with sampling jitter

Noisy template receivers introduce extra complexity to estimate the received waveform
shape. For some low-cost short-range applications, a simple correlator receiver may be
more appropriate. As discussed in Sections 6.1.2 and 4.3, quadrature correlators can
be implemented in either the analog domain (QAC) or the digital domain (QDC). For
QDC, the output of the correlator is given by
yj

H
= rj pˆRq

w
1− E
+ wj + vj )pH
c
q Ep
Ew
H
H
= pR p̂c 1 − Ep + wj pc + vj pH
c

≈ (pR

(7.26)

= y s + n1 + n2
In the case of a correlator receiver, the channel estimate is simply a digital rectangular
pulse represented by the sequence p̂ = pc = [ 1 1 ]. Without loss of generality, we
also assume this sequence is normalized to the received signal energy. The desired
signal term is obtained by correlating this sequence with the received pulse waveform
at a desirable time. We represent the cross correlation of the received pulse waveform
sampled at time τ0 and the template as follows:
Ns /2

Rpp̂ (τ0 ) =

X

n=0

p̃R (nTs + τ0 )p̂[n]

(7.27)
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The sequence p̃R (nTs + τ0 ) represents the complex baseband representation of the
received signal sampled at time τ0 , and p̂[n] is the nth sample of the correlation template. The sampling time τ0 should be chosen by the acquisition algorithm to correspond to a portion of the received pulse containing significant signal energy. We will
discuss the acquisition algorithm later in Section 7.7. In general Rpp̂ (τ0 ) is complex.
For now, we assume that we can perfectly estimate and remove the phase angle so
that ys = |Rpp̂ (τ0 )|. This phase offset can be compensated by the tracking algorithm
which we will propose later in Section 7.6. The two noise terms, n1 and n2 are the
same jitter and noise terms we analyzed previously in equation (7.19). They have vari2
ances σ∆
Ep0 p and σ22 = σn2 Ep respectively. The decision metric of the kth symbol
PNf −1
is obtained by summing Nf matched filter outputs, Dk = j=0
yj resulting in the
following SNR at the input to the slicer:
E

γb,QDC∆

0

2 p
|Rpp̂ (τ0 )|2 (1 − σ∆
(Nf ys )2
Ep )
=
=
2
2
2
Nf σt
σ∆ Nf Ep0 p + σn Es

(7.28)

This expression can the be substituted into equation (7.10) to obtain the BER for a
BPSK QDC sub-sampling receiver with sampling jitter. Equation (7.28) is nearly identical to equation (7.19) except for the extra |Rpp̂ (τ0 )| in the numerator. This term
incorporates the degradation resulting from the rectangular pulse template not being
matched to the received pulse waveform. The analog QAC receivers is functionally
equivalent to its QDC digital counterpart. However, the QAC receiver does not suffer
from sampling jitter. Therefore, for analog correlator receivers, we can use equation
(7.28) but set σ∆ = 0.

7.5.4

Performance and comparison with simulation

This section considers the performance of digital UWB body area communication with
sampling jitter and imperfect channel estimation. Throughout this section, we set the
jitter tolerance to 10 ps which can be achieved easily at a low implementation cost
[chen06]. There are two constraints which limit the number of training symbols:
1. The clock must remain approximately stable during estimation
2. We must limit the overhead
The first constraint can be very important if inaccurate low-cost clocks are used at
the receiver. In our approach, we only begin tracking away clock offsets after we have
estimated the received pulse shape. Thus, we need to estimate the channel relatively
rapidly to avoid degrading the quality of the estimate due to clock frequency offsets.
We will return to this point after we have developed a better understanding of how
clock offsets influence system performance in Section 7.6. For now, we will neglect the
influence of clock offsets and assume that the number of training symbols is chosen to
be small compared to the length of a typical communication burst so that the percentage
overhead is not significant. If we assume 10 pulses per bit and choose M = 100, this
represents only 10 symbols of overhead which is quite reasonable. For example, this
corresponds to only 1.25 % overhead for a typical 100 byte IEEE 802.15.4a packet.
Finally, we use the minimum sampling rate of Fs = 2 GHz corresponding to a subsampling scheme. These parameters are representative of practical low power UWB
systems.
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Figure 7.10 shows the performance for LOS propagation where the sensors are
worn on the same side of the body. The dashed lines are the performance for M = 100
and M = 500 with no jitter. We optimized the energy collection time to T0 = 8.5 ns
for M = 100 and T0 = 11 ns for M = 500 . As expected, the BER performance
approaches the ideal curve as the preamble length M is increased. The two solid lines
correspond to the performance for M = 100 with jitter for pulses centered at 3.5 GHz
and 7.5 GHz. The circles are the results obtained by Monte Carlo simulation. They
match the analytical expression closely validating our approximations. As expected,
the higher frequency pulse is more sensitive to jitter. However, the degradation with
respect to the dashed curves is very small indicating that jitter does not significantly
influence performance even when we consider a relaxed tolerance of 10 ps, high frequency RF pulses, and a practical waveform shape estimator.
Figure 7.11 compares the BER performance between QDC and NT receivers on
both LOS and NLOS channels. The optimal energy collection time for the NLOS
channel is increased to T0 = 12.5 ns for M = 100 training pulses to reflect the longer
rms delay spreads. For QDC, we choose an optimal acquisition time, τ0 . We can see
that the NT detector provides between 3-4 dB better performance than a QDC detector.
This is due to the pulse estimator which better matches the template to the received
waveform shape. The performance gain is more substantial on NLOS channels where
pulses are generally more spread out in time. We also note that the NT receiver performance is nearly the same on average when tested on both NLOS and LOS channels
indicating it is less influenced by the surrounding environment around the body. Again,
this is due to the waveform shape estimation which adapts the local pulse template to
the current channel conditions. Finally, we can see that the performance of our NT
receiver proposal is within 1 dB of the theoretically achievable performance bound
even for worst-case NLOS body area propagation scenarios assuming practical jitter
tolerances and relatively low overhead.

7.6

Tracking

Section 7.4 discussed how clock circuit non-idealities result in both sampling jitter
and a clock frequency offset (CFO). Sampling jitter is a variation around the average
sample time, while a clock offset is an error in the average sampling time. The impact
of sampling jitter has already been treated. In this section, we analyze the impact
of clock frequency offsets on system performance, and propose a complete tracking
mechanism to estimate and remove CFO.
We need to slightly modify our signal model from Section 7.2 to incorporate the
impact of clock frequency offsets. Specifically, the nth sample of the j th received pulse
of the k th symbol with clock frequency offset and sampling jitter is now given by
rjk (nTs ; σ∆ , κ) = pRjk (nTs + ∆jkn + κTf (kNf + j)) + vjk (nTs )

(7.29)

The terms are as defined previously, but we have introduced κ to represent the clock
offset, typically expressed in parts per million (ppm). Note that we have re-introduced
the symbol sub-script k to emphasize that the mis-alignment due to clock offset increases for each symbol.
Figure 7.12 shows the impact of a clock offset, κ, on UWB system performance
assuming that the received pulse waveform, pR (t), is rectangular 2 . Variations between
2 Note that we have greatly exaggerated the effect in this diagram. In practice, a clock offset causes a
more subtle variation which will only be noticeable after many pulses.
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Figure 7.12: A clock offset causes the received signal and correlator templates to be
mis-aligned. This gradually decreases the signal level at the output of the correlator
since the sampling time of the cross-correlation function moves further away from the
ideal sampling time.

the transmitter and receiver frame-rate clock frequencies cause the received template to
become gradually mis-aligned with the received signal. In our case, this mis-alignment
occurs because the ADC samples the signal slightly earlier or later from one pulse to
the next. The resulting signal level at the output of the correlator gradually decreases
resulting in some performance degradation.
To represent this degradation more precisely for both baseband and passband pulses,
we again use a length Ns /2 complex vectors to represent the complex baseband representation of the Ns real samples processed by the digital baseband per frame. The
correlator output for the j th frame of the k th symbol can be written as

yjk

H
= pRjk p̂q

w
+ wjk + vjk )p̂H
1− E
R
q Ep
Ew
H
H
= pRjk p̂R 1 − Ep + wjk p̂R + vjk p̂H
R

≈ (pRjk

(7.30)

= ys + n1 + n2

We have used the same approximation to represent the jitter from equation (7.14).
The vector p̂R represents some estimate of the received pulse waveform. We have not
specified p̂R since our current discussion is generic for all detectors that correlate the
received signal against a template. The output of the correlator consists of a desired
signal (ys ) and two noise terms (n1 and n2 ). Section 7.4 already studied the noise
terms which represent the jitter and thermal noise respectively. A small timing offset
will not significantly impact the statistics of the noise. Thus, we focus our attention on
the desired signal which can be expressed as:
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(7.31)
The function Rpp̂ represents the complex cross correlation function between the
received pulse and the template, defined previously in equation (7.27). We have also
introduced a new variable, τκ , which represents the time offset of the j th frame of the
k th symbol given by
τκ = κTf (kNf + j)
(7.32)
Recall that αk represents the k th transmitted symbol which we have re-introduced into
our notation here. As we will see shortly, the presence of an unknown modulated
symbol complicates the tracking problem. The resulting equation shows three effects
on the desired signal output of the correlator due to the combined influence of sampling
jitter and clock frequency offset. First, the sampling jitter reduces the amplitude of the
correlator output. This was already discussed in Section 7.4. Second, the timing offset
causes the received signal to be mis-aligned with the template reducing the amplitude
further. This was demonstrated in Figure 7.12 for a baseband pulse. Finally, the timing
offset also causes a phase rotation in the I-Q plane. Since the timing offset results in
a modification of the correlation amplitude and phase, this suggests two approaches to
estimating and removing clock frequency offsets:
1. Analyze the magnitude of correlator output
2. Analyze the rotation of the correlator output
Some type of delay-locked loop (DLL) is typically employed in the first strategy.
DLLs are sometimes also referred to as early-late gate synchronizers. In its simplest
form, three correlator outputs are generated which are called the ”early”, ”late”, and
”on-time” outputs. The current timing offset is estimated from the difference between
the early and late correlator output and fed into a control loop which modifies the
sampling time (see Figure 7.13). The on-time output is used for detection. Note that
there exist many variations on this general approach.
Delay locked loops are used almost exclusively for symbol timing in traditional
narrowband systems. This is because narrowband systems also suffer from carrier
frequency offsets which cause an additional rotation of the phase. In general, this additional phase rotation is independent from the symbol timing offset making it difficult
to use the phase information for timing tracking. However, as discussed in Section
6.1.1, many UWB systems are carrier-less. Even carrier-based UWB systems operating between 3.1 - 10.6 GHz do not employ a continuous carrier and can control the
startup phase of the oscillator at each pulse [ryckaert05]. In either case, there is no
carrier frequency offset to cause a phase rotation from one pulse to the next. Instead,
any rotation in the constellation is due to a sample timing offset. Thus, the phase of the
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Figure 7.13: The left side shows the basic concept behind delay-locked loops: the
timing offset is estimated from the difference between an early and late sample time.
The right side shows a block diagram of a basic DLL.
matched filter output can also be used as an error signal and fed to a control loop. We
call such a control loop a phase-locked loop (PLL).
UWB systems can use either a PLL or a DLL to track timing offsets. We emphasize
that a PLL can always be used as long as the received signal can be decomposed into
two orthogonal (I and Q) components. This is true for all bandlimited signals including
baseband pulses. Despite the possibility of exploiting the phase information to track
timing offsets in UWB, most researchers currently consider only a non-coherent DLL
[lovelace02, blazquez05]. We suspect this is for two reasons. First, DLLs have always
been used for narrowband symbol timing tracking so it may seem natural for UWB
designers to employ the same method. Second, most early UWB prototypes were of
the carrier-less variety using baseband Gaussian pulses. In this case, a real notation
was typically used and the phase of its complex baseband representation was never
analyzed.
We propose using a PLL to track symbol timing offsets instead of a DLL. PLL
clock offset tracking has three potential advantages compared to a DLL:
1. Lower complexity
2. Performance is not influenced by multipath
3. More appropriate for coherent UWB systems between 3.1 - 10.6 GHz
A DLL loop requires computing the magnitude of multiple correlator outputs. This
can increase the digital baseband power consumption significantly, especially in UWB
RAKE receiver implementations that weight and combine many resolvable multi-path
components. A PLL loop only uses the phase information of a single correlator output resulting in lower power consumption. We note, however, that this simplification
needs to be weighed against the additional hardware cost of doing a Hilbert Transform. For example, if we used a DLL instead of a PLL, we could remove the Hilbert
Transform for our system diagram of Figure 6.12. We will discuss practical low-power
implementations of Hilbert Transforms in Section 7.6.1.
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DLL loops are not robust to dense multipath environments. In Figure 7.13, we assumed the received waveform has a sharp triangular auto-correlation function which
allows for robust early/late gate tracking. In practice, however, the transmitted waveform will be distorted randomly by the channel. Again, this is particularly problematic
for UWB systems where we expect significant spreading and distortion of the received
pulse shape. Depending on the receiver waveform shape and matched filter template,
this can result in a relatively flat cross-correlation function degrading performance. On
the other hand, a PLL loop uses the phase rather than the envelope and is therefore
unaffected by channel conditions.
Finally, since DLL loops operate on the envelope of the signal, they cannot guarantee the phase error is small for coherent passband systems. However, PLL loops track
the phase of the signal directly guaranteeing a small phase error. We are primarily
interested in UWB systems operating between 3.1-10.6 GHz where the wavelength of
the pulse center frequency is small compared to the width of the pulse. In this case, we
can expect significantly better performance from a PLL tracking mechanism compared
with a DLL.
The following sections propose and analyze a PLL tracking solution for UWB
systems in more detail. Section 7.6.1 begins by proposing practical low-complexity
Hilbert Transform implementations for generating the complex baseband representation of the signal required for our PLL solution. Section 7.6.2 then outlines our PLLbased UWB clock offset tracking solution. The most important part of the PLL design
is the loop filter which is analyzed in more detail in Section 7.6.3. Section 7.6.4 derives the BER performance of our PLL solution for NT and QDC architectures. Finally,
Section 7.6.5 shows how to apply this theory by presenting a complete design example.

7.6.1

Hilbert transform approximation

Nearly all coherent narrowband systems generate I and Q components of the received
signal. This is typically achieved in the receiver front-end by introducing a 90 degree
phase shift on the locally generated carrier frequency. Most UWB architectures, such
as the quadrature down-conversion and analog correlation architectures discussed in
Section 6.1, use the same approach. However, a sub-sampling architecture does not
generate a carrier frequency and must perform this 90 degree phase shift directly on the
received signal. A Hilbert transform (HT) is a filter that has a flat magnitude response
and a 90 degree phase shift across the band of interest [proakis01]. Unfortunately,
creating a 90 degree phase shift across a very wide bandwidth is more challenging than
generating a 90 degree phase shift at a single frequency.
A wideband phase shifter can be approximated in either the analog or digital domain. A 21-tap FIR Hilbert Transformer was proposed for UWB communication
in [chen07]. However, such a complex design is not feasible for implementation at
low power discouraging some researchers to investigate sub-sampling systems altogether [verhelst04]. Instead, we will investigate the performance of more practical
low-complexity Hilbert Transform approximations. This section briefly reviews three
feasible low-power implementations shown in Figure 7.14, then focuses on the third
solution.
Figure 7.14a shows how an RC network and two ADCs can approximate a Hilbert
transform. The phase across the capacitor lags 90 degrees behind the phase across the
resistor for a wide bandwidth. The upper/lower arms also introduce a low/high pass
filter slightly spreading the received pulse shape. However, any minor distortion is
compensated by the pulse shape estimator. Thus, this filtering has a negligible impact.
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Figure 7.15: Comparison of the ideal Hilbert transform magnitude response with a
central difference approximation.
Unfortunately, parasitic capacitance and non-ideal passives will require additional calibration and can complicate the design.
Delaying the sampling time of one of the ADCs by a quarter wavelength also provides a reasonable approximation (see Figure 7.14b). This guarantees a flat magnitude
response, but only a perfect 90 degree phase shift at the center frequency. While it is
feasible to realize sufficiently accurate delays, it may require special calibration. Furthermore, this approach still requires a second ADC which increases chip area.
We will focus on the central difference approximation shown in Figure 7.14c. This
approach uses only one ADC and no calibration which reduces chip area and simplifies
the design. Furthermore, it requires only 3 delay and 1 addition operations per sample
which will not consume significant power or area. It provides a wideband 90 degree
phase shift between the I and Q branches with no mismatch. However, the magnitude
response is not perfectly flat (see Figure 7.15) resulting in some minor spreading of the
pulse. As with the RC network, this spreading is compensated by the pulse estimator
and does not significantly influence performance. We will confirm this with simulations in Section 7.6.5. In the NT system diagram of Figure 6.12, the Hilbert transform
approximation is placed just after the ADC. Note that the QDC architecture of Figure
6.13 does not perform an explicit Hilbert transform. Instead, the I and Q branches are
generated by multiplying with a sine and cosine wave using the network of adders and
inverters.
There is an intuitive reason why we are able to get away with such simple HT ap-
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proximations in UWB. Ultra-wideband pulses are very short compared to the symbol
period so even a simple approximation does not introduce significant inter-symbol interference. Furthermore, the pulse is typically very short compared to the length of the
channel so any spreading of the pulse caused by our approximation is small compared
to the spreading of the pulse caused by the propagation channel.
While we have proposed this approximation in the context of a sub-sampling UWB
system, a digital HT can also be used in traditional UWB down-conversion architectures to eliminate one of the ADCs, one of the mixers, one of the filters, and the 90
degree phase shifter without significantly increasing the power consumption of the
digital baseband. For example, for a low-cost UWB systems, a homodyne architecture
may be more appropriate than a zero-IF architecture (see Figure 7.16). Not only does
a homodyne receiver have less components than a zero-IF receiver resulting in less
chip area and cost, it is robust to I/Q mismatch and DC offsets. Furthermore, unlike
the sub-sampling architecture, it does not require a wide bandwidth ADC. The major
disadvantage is that one of the adjacent channels will be wrapped on top of the desired
signal after down-conversion. However, as discussed in Section 6.1.4, adjacent channel interference is not a significant problem in UWB systems where all of the users are
operating below the noise floor. Instead, out-of-band interferers due to existing WLAN
and GSM systems are the dominant source of interference which determine the prefilter, LNA, and mixer specifications. Bands adjacent to the WLAN or cell phones
could simply be avoided by the system so that there is no danger of narrowband interferers being folded on top of the signal.
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7.6.2

Decision feedback phase-locked loop

Now that we have generated the I and Q components, this section outlines our PLLbased tracking solution. This block is labeled ”tracking/slicer” in Figures 6.12 and
6.13. A more detailed analysis of its design and performance will be given in Sections
7.6.3 and 7.6.4.
We propose the decision feedback PLL (DFPLL) shown in Figure 7.17a. The
frame-rate matched filter output is fed into the PLL tracking loop. The phase is corrected by a CORDIC rotator using the current error estimate [andraka98, valls06]. After Nf frames are accumulated, the real part is used by the slicer to estimate the current
symbol. The imaginary part is commonly used as an estimate of the current phase
error. This approximation is valid as long as the phase error is small which is typically the case during tracking. We use a decision feedback mechanism to remove the
modulation represented by the αk term in equation (7.31). This approach works well
at symbol SNRs of practical interest where the BER is low enough to minimize the
impact of error feedback. Finally, the estimated phase error is averaged by the loop
filter which updates the current error estimate once per symbol.
As explained in Section 7.6 equation (7.31), a clock offset introduces both a phase
rotation and a decrease in the signal amplitude. The CORDIC will only correct the
phase rotation, but not the decrease in amplitude which is due to the template and received signal becoming gradually mis-aligned (see Figure 7.12). To compensate for
this, we propose increasing or decreasing the sampling time of the ADC by one sample
whenever the phase error at the output of the loop filter exceeds ±πFc Ts . This threshold corresponds to the phase rotation expected for a timing offset of half a sampling
period. Note that, in practice, the algorithm shown in Figure 7.17a will rapidly switch
between adding and dropping a sample when the phase error is near the threshold. Furthermore, the output of the loop filter will need to be corrected whenever a sample is
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added or dropped. These problems can be resolved easily with some additional control,
but the details are not considered here.
The complexity of the DFPLL in Figure 7.17a is dominated by the phase rotation
block. It can be implemented efficiently as a CORDIC that performs several frame-rate
add/shift operations [andraka98, valls06]. The second most complex block is the loop
filter which we study in the following section. It requires only 2 multiplication and
addition operations (see Figure 7.18) and operates at the symbol rate which is typically
an order of magnitude lower than the frame-rate. Thus, it requires comparatively little
hardware area and power. Another desirable property of this PLL algorithm is that
it does not require feeding back control signals to the front-end to modify the actual
clock. Instead, all compensation is done in the digital domain simplifying the implementation.

7.6.3

Loop filter design
x[n]
c2

c1

-1

z

Loop Filter
L(z)

-1

y[n]

z

Figure 7.18: Second order loop filter implementation
The loop filter is the heart of any control system and represents the most important
aspect in designing a good tracking system. A linearized model of the PLL is typically used to understand the influence of a loop filter on tracking performance, (Figure
7.17b). In a linearized model, we replace the phase error detector block shown by
dashed lines in Figure 7.17a by a subtraction operation yielding the difference between
the current symbol phase and phase estimate. This approximation assumes the phase
error detection is perfect and ignores any non-linearities in the loop. It is valid only if
the phase error is small which is typically the case during tracking.
The vast majority of existing systems use a second-order loop [sklar88]. We define
the loop transfer function, H(z), of a second-order loop as follows:
H(z) =
=
=

φ̂(z)
φ(z)
L(z)
1 + L(z)
zηωn (z − 1) + ωn2
(z − 1)2 + 2ηωn (z − 1) + ωn2

(7.33)

The meaning of each function and variable is demonstrated in figure 7.17b. The functions φ(z) and φ̂(z) represent the Z-transform of the input phase and the estimate of
the input phase for symbol k. L(z) is the loop filter response. The closed loop transfer
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function is typically expressed in terms of two parameters: ωn , called the natural frequency, and η, called the damping factor. We will explain the impact of these variables
on PLL performance shortly. Figure 7.18 shows one way of implementing this filter
digitally . The filter coefficients c1 and c2 are related to ωn and η as follows:
c1 = 2ηωn
c2 = ωn2

(7.34)

There are three reasons why this type of filter is popular for tracking clock offsets:
1. The loop can be designed to be unconditionally stable
2. The loop has a steady state phase error of 0 for a frequency offset
3. They are easy to analyze
An Unconditionally stable loop means that no set of input conditions, regardless
of how extreme, will cause the loop to become unable to respond in the appropriate
direction to changes in the input [sklar88]. Properly designed second order loops have
this property making them robust to all varieties of clock offsets.
We intend to use our loop filter to track a clock frequency offset or, equivalently, a
phase ramp. A phase ramp input can be represented as follows:
φ[k] = ²κ ku[k]

(7.35)

where we have introduced the new term ²κ to represent the amount of phase rotation in
radians per symbol and u[k] is the unit step function. It is directly proportional on the
carrier frequency (fc ), symbol period (Nf Tf ), and clock offset (κ):
²κ = 2πfc κ(Nf Tf )

(7.36)

In the absence of noise, second order loops can track this phase ramp with a steady
state error of 0. In other words, after the initial transient response of the loop, it will
eventually reach a stable state with no residual error. We can show this by by taking
the Z-transform of equation (7.35):
φi (z) = ²κ

z
(z − 1)

2

(7.37)

The response of our linearized PLL model in the Z-domain is the product of the input
phase ramp and the closed loop transfer function, φ̂(z) = φ(z)H(z). Using the final
value theorem of Z-transforms, the steady state phase error is given by:
ess

=
=
=
=

lim φ̂[k]

k→∞

lim (z − 1)φ(z)H(z)

z→1

lim ²κ

z→1

0

z(z − 1)
2ηωn (z − 1) + ωn2
(z − 1)2 (z − 1)2 + 2ηωn (z − 1) + ωn2

(7.38)

Thus, there is no residual phase error if we use a second order filter when tracking a
clock frequency offset. On the other hand there would always be a residual phase error,
called the velocity error, for first order filters.
Having selected a second order loop filter, we now focus our attention on determining appropriate loop filter parameters, ωn and η. We need to consider the following
three factors:
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1. The resulting loop must be stable
2. The loop should filter out as much noise as possible
3. The maximum overshoot and settling time should be small
We can guarantee stability as long as the poles of H(z), determined by the denominator of equation (7.33), remain inside the unit circle. The resulting stability condition
depend on the value of η as follows [shayan89]:
For η > 1:
For η ≤ 1:

5

0 < ωn < 2 and ηωn <
0 < ωn < 2η

2
ωn
4

+1

(7.39)
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Figure 7.19: Loop filter magnitude responses for different damping factors.
Within this stability range, we must carefully select ωn and η to achieve the right
tradeoff between noise suppression and PLL response time. To gain some insight here,
it is useful to analyze the closed loop magnitude response |H(ejω )| (see Figure 7.19).
In general, the natural frequency, ωn , defines the bandwidth of the loop response. The
damping factor, η, determines the sharpness of the filter drop-off.
The noise variance at the output of the correlator is γ1b . This noise gets filtered by
the loop so that the phase noise variance at the output of the PLL can be expressed as
[lindsey81, sklar88]
BL
(7.40)
σφ2 =
γb
where BL is the one-sided loop bandwidth of the PLL given by [lindsey81, sklar88],
Z π
1
2BL =
|H(ejω )|2 dω
(7.41)
2π −π
The output phase variance is proportional to the loop bandwidth so we want to keep the
bandwidth as small as we can to filter out as much input noise as possible. However,
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we will now show that if we make this bandwidth too small, we will not be able to react
quickly to a sudden change in the input phase. This can potentially result in a longer
transient response and more overhead which is also undesirable.
In the context of our system, the tracking loop is activated immediately after we finish estimating the channel and then begins tracking the phase ramp of equation (7.35).
To understand how our system will respond to the sudden presence of a phase ramp,
we need to look at the response of our PLL which can be derived as follows:
∆φ[k] =
=
=

Z −1 {φ(z)(1 − H(z))}
¶µ
¶¾
½µ
(z − 1)2
z
−1
Z
²κ
2
(z − 1)2
(z − 1)2 + 2ηω
½
¾ n (z − 1) + ωn
²κ z
Z −1
2
(z − 1) + 2ηωn (z − 1) + ωn2

(7.42)

The resulting response depends on the value of η. Three types of responses can occur:
under-damped, critically-damped, and over-damped.
If η < 1, the system is under-damped. In this case, we can re-write equation
(7.42) using partial fractions resulting in complex conjugate poles and an exponentially
decaying oscillatory response:
½
¾
k1 z
k∗ z
∆φ[k] = Z −1
+ 2 ∗
(7.43)
z − γ1
z − γ1
= |2ka | · |γ|n cos (βk + θ) · u[k]
where,

²
pκ
= |k1 | exp(jθ)
2ωn η 2 − 1
p
γ = 1 − ηωn + ωn η 2 − 1 = |γ| exp(jβ)

k1 =

(7.44)

If η = 1, the system is critcally-damped. In this case, equation (7.42) has a repeated
pole and an exponentially decaying response:
½
¾
²κ z
−1
∆φ[k] = Z
(z − γ)2
(7.45)
= ²κ k(1 − ωn )k−1 · u[k]
If η > 1, the system is over-damped. In this case, equation (7.42) has real poles and
also an exponentially decaying response:
½
¾
k1
k2
−1
∆φ[k] = Z
+
z − γ1
z − γ2
(7.46)
¡
¢
k−1
k−1
= k1 γ1 + k2 γ2
· u[k − 1]
´
³
p
²κ 1 − ηωn + ωn η 2 − 1
p
k1 =
2ω
η2 − 1
n
³
´
p
−²κ 1 − ηωn − ωn η 2 − 1
(7.47)
p
k2 =
2ωn η 2 − 1
p
γ1 = 1 − ηωn + ωn η 2 − 1
p
γ2 = 1 − ηωn − ωn η 2 − 1
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Figure 7.20: Under-damped, critically damped, and over-damped PLL response to a
phase ramp. ²κ = 0.04 radians per symbol and ωn = 0.1.
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Figure 7.21: Reducing the natural frequency results in a higher overshoot and longer
settling time. ²κ = 0.04 radians per symbol and η = 1.
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Figure 7.22: Increasing the ²κ scales the PLL response resulting in a higher overshoot.
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symbol and η = 1.
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Figure 7.20 - 7.22 were calculated using equations (7.43), (7.45), and (7.46) to gain
some intuition into the loop response for a clock frequency offset. In all cases, the
PLL overshoots the desired phase before reaching a steady-state. Figure 7.20 shows
the output of the PLL for a phase ramp of ²κ = 0.04 radians per symbol, a natural frequency of ωn = 0.1 rad/s, and different damping factors. For under-damped systems,
the response is oscillatory due to the complex conjugate poles, while the response is
exponentially decaying for critically and over-damped systems due to the real poles.
We can see that as the damping factor increases, the overshoot and settling time decreases. Figure 7.21 shows the output of the PLL for a critically damped system where
we have varied ωn . Increasing ωn also decreases the overshoot and settling time. On
the other hand, by increasing ωn and η we increase the loop bandwidth resulting in
more phase noise as shown in Figure 7.19. Thus, there is a tradeoff between reducing
the overshoot and settling time, and filtering more of the noise. Figure 7.22 shows the
impact of increasing the CFO while keeping the loop filter the same (ωn = 0.1 rad/s,
η = 1). A higher CFO scales the PLL outputs resulting in a higher overshoot.
In summary, when we activate the tracking loop after estimating the channel, the
PLL will introduce some phase offset before reaching a steady state. We define the
maximum overshoot of our PLL as φmax = max (∆φ[k]) when the input is a phase
ramp 3 . If the maximum overshoot is small enough, we can allow the PLL to settle
during data detection without degrading performance significantly. However, if the
maximum overshoot is too large, we need to introduce extra symbols in the preamble
to allow time for the PLL to settle resulting in additional overhead. To minimize this
overhead, it is desirable to use a wider loop bandwidth which is capable of reacting
more quickly to the onset of the phase ramp. However, this wider bandwidth will also
filter out less noise resulting in performance degradation. Finally, since the CFO scales
the PLL transient response resulting in a higher maximum overshoot, these problems
become more severe with higher clock-frequency offsets.

7.6.4

BER derivation with jitter and clock frequency offsets

In the previous section, we showed how the system designer must tradeoff PLL ”response time” with ”phase noise”. We can use equations (7.43), (7.45), and (7.46) to
approximate the response time. This section analyzes the other aspect of the tradeoff:
the performance degradation due to phase noise. In addition to this phase noise, the
mis-alignment between the template and received signal is only corrected whenever
the timing offset exceeds half a sample as explained in Section 7.6. Thus, we must
consider two sources of degradation: a phase offset and a sample timing offset, corresponding to imperfect compensation of the phase rotation and amplitude degradation,
respectively, from equation (7.31). We begin by deriving the BER for a fixed timing
offset and phase offset. The BER of our tracking algorithm can then be computed
by averaging this result over the probability density functions of the phase and timing
errors expected from our DFPLL algorithm shown in Figure 7.17.
For a small timing offset, τ² , and phase offset φ² , the real part of desired signal at
the correlator output used by the slicer for detection can be expressed as
p
(7.48)
Re [ys (τ² , φ² )] = Ep |Rpp̂ (τ² )|cos (φ² )
p
With no timing offset, the real part of the desired signal would be Re [ys (0, 0)] = Ep .
As discussed in Section 7.6, a timing offset of τe will reduce the amplitude by a factor
3 In most cases, φ
max can be calculated directly by setting the derivative of equations (7.43), (7.45), and
(7.45) to 0. However, the details have been omitted here
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|Rpp̂ (τ² )|, where the Rpp̂ is the cross correlation between the desired pulse and the
template normalized to unit energy. A phase offset will reduce the amplitude by a
factor cos(φ² ) as shown in Figure 7.23. Substituting equation (7.48) into equations
(7.22) and (7.28) yields the following expressions for the SNR per bit at the input to
the slicer for NT and QDC architectures with sampling jitter for a given timing offset
(τe ) and phase offset (φ² ):
2

(7.49)

2

(7.50)

γb,N T ∆ |τ² , φ² = γb,N T ∆ {|Rpp (τ² )|cos (φ² )}

γb,QDC∆ |τ² , φ² = γb,∆ {|Rppc (τ0 + τ² )|cos (φ² )}

Substituting this into equation (7.10) and averaging over phase noise and sampling
offset error yields the following bit error probability:
Z ∞Z π
√
Pe |γb =
Q ( γb |Rpp̂ (τ² )|cos(φ)) pΦ (φ; σφ ) pT (τ ) dφdτ
(7.51)
−∞

−π

For NT receivers, γb = γb,N T ∆ and we use Rpp̂ (τ ) = Rpp (τ ) to represent the normalized auto-correlation function of the received pulse shape sampled at time τ . For
QDC receiver, γb = γb,∆ and we use Rpp̂ (τ ) = Rppc (τ0 + τ ) to represent the normalized cross-correlation function of the received pulse shape and the rectangular pulse
pc = [ 1 1 ] sampled at time τ . We now need to determine the probability density functions of the the timing offset, pT (τ ), and the phase error, pΦ (φ; σφ ), so that equation
(7.51) can be evaluated numerically.
The DFPLL algorithm adds and drops samples so that the sample timing error
remains within half a sample period of the initial synchronization time. Thus, we
assume that pT (τ ) is uniformly distributed:
½ 1
τ0 − Ts /2 < τ < τ0 + Ts /2
Ts
pT (τ ) =
(7.52)
0
otherwise
The phase error of a second-order loop filter in our linearized model is typically approximated by a Tikhonov distribution [sklar88]:

exp

pΦ (φ; σφ ) =

cos φ
σ2
φ


2πI0

1
σ2
φ




|φ| ≤ π

(7.53)

The function I0 is the zeroth-order modified Bessel function of the first kind. Another
common approximation is Gaussian phase noise. The Gaussian distribution and the
Tikhonov distribution are approximately the same for small σφ . However, the distributions differ significantly for large σφ since the Gaussian distribution is defined on the
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Figure 7.24: BER versus SNR for a NLOS body area channel model comparing ideal
performance, ideal performance with noisy template estimation, and noisy template
estimation with imperfect clock offset tracking. The phase standard deviation is varied
from 0.1 - 0.5 radians.
interval (−∞, +∞) while the Tikhonov distribution is defined on the interval (−π, π).
For practical designs, the phase noise variance should be small enough that either distribution could be used.

7.6.5

System performance and comparison with simulation
Table 7.1: UWB system specifications used in this section
10 dB bandwidth (GHz)
B
0.5
Center Frequency (GHz)
Fc 3.75
Training Preamble (symbols) M
3
Correlation time (ns)
T0
10
Frame rate (MHz)
Ff
40
Clock accuracy (ppm)
κ
20
Clock jitter (ps)
σ∆
5

We have now developed the necessary theory to approximate the tradeoff between
PLL response time and degradation due to phase noise. This section demonstrates
how to apply this theory by considering a NLOS body area channel with the system
specifications given in Table 7.1. These specifications represent realistic choices for
low-power UWB bio-medical systems.
Figure 7.24 shows the BER performance for an NT receiver and clock offset tracking averaged over several energy-normalized channel realizations. The AWGN bound
is shown together with the NT bound calculated using equation (7.22). In addition, the
performance with clock offset tracking, calculated numerically using equation (7.51),
is given for phase-noise standard deviations between σφ = 0.3 − 0.5 radians. First, we
can see that the NT receiver bound, shown by the solid line in Figure 7.24, is close to
ideal performance indicating that the degradation due to pulse estimation is only about
1 dB for 3 training symbols. As discussed in Section 7.5.4, 3 training symbols represents a small percentage overhead in practice. Second, the performance for small phase
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Figure 7.25: Comparison of theoretical and simulated phase noise standard deviation
for noisy template estimation and a decision feedback PLL.
Table 7.2: Practical Loop Filters for the System specifications in table 7.1
Nf
²κ
ωn
η
BL
max overshoot
(radians/symbol) (radians)
(radians)
(degrees)
8
0.09
0.04
2.0
0.05
30
16
0.19
0.11
1.4
0.10
30
32
0.38
0.18
1.9
0.27
30
64
0.75
0.18
1.9
0.27
60
noise (σφ < 0.2 radians) is close to the NT receiver bound indicating that as long as the
timing offset is kept to within half a sample, the SNR degradation is negligible. Finally,
if σφ is increased beyond 0.3 radians, the bit error performance degrades rapidly. Thus,
it is desirable to design the loop filter to ensure σφ < 0.3 radians.
As explained previously, PLLs require a settling time before reaching a steady state.
During this time, the error will overshoot the desired value. In general, the settling time
and the magnitude of this overshoot decreases as the loop bandwidth is increases. The
settling time is therefore traded off with the phase noise which increases as the loop
bandwidth is increased.
Table 7.2 shows several practical loop filter designs for different numbers of pulses
per bit (Nf ). These parameters were obtained by ensuring the following design criterion:
• They meet the stability criterion given in equation (7.39)
• In most cases, they result in a maximum overshoot less than 30 degrees verified
using equation (7.43), (7.45), and (7.46).
• They result in a small phase noise < 0.3 radians according to equation (7.40).
For Nf ≤ 32 pulses per bit, a 30 degree maximum overshoot can be achieved easily
which will not significantly degrade performance. However, for Nf = 64, it is difficult
to design a filter with low phase noise, so we have allowed a 60 degree overshoot. This
may degrade performance unless we provide 15-20 extra training symbols for the PLL
settling time.
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Figure 7.26: Comparison of theoretical and simulated BER curves for noisy template
estimation and a decision feedback PLL.

Figure 7.25 compares the phase noise variance with steady-state simulation results
for the DFPLL structure shown in Figure 7.17 based on the loop filter designs in Table
7.2. To evaluate the phase noise variance, we substitute the one-sided loop bandwidth
of the PLL, BL , from Table 7.2 together with the SNR per bit at the matched filter
output (γb ) into equation (7.41). As predicted, higher SNR and smaller loop bandwidth
results in less phase noise. The theoretical and simulated results match closely when the
phase noise variance is small. However, the theoretical results are less accurate when
the phase noise is larger. This is expected as the various small angle approximations in
the linearized model begin to break down.
For practical SNR operating points greater than 8 dB, Figure 7.25 shows that σφ
is less than our previously stated tolerance of 0.3 radians. Thus, we do not expect significant performance degradation. This is confirmed in Figure 7.26 which compares
the simulated performance with the theoretical performance calculated using equation
(7.51) for the loop filters in Table 7.2. Our simulation also incorporates the influence of
the central difference approximation of Figure 7.14c. We can conclude that the degradation due to our proposed NT architecture, Hilbert transform approximation, and DFPLL clock offset tracking scheme is close to the theoretically achievable performance
for worst-case NLOS body area communication channels.
Our analysis does not include some potential problems which are difficult to analyze analytically. For low SNR or large σφ , the PLL can lose lock resulting in packet
loss. However, we never observe this for our filter parameters when the SN R > 6 dB
evaluated over more than 100000 symbols on 100 different channel realizations. Considering the packet size of low rate systems is on the order of 100s of symbols [zigbee],
the resulting packet loss would be negligible. We have also not considered quantization noise which can cause the loop to become unstable even if the coefficients meet
the stability criterion given in equation (7.39). Finally, some clock implementations
can exhibit significant variations around the average clock offset referred to as timing
jitter. This will appear as phase noise around the perfect phase ramp we considered and
will degrade performance if the jitter on the clock becomes large with respect to the period of the center frequency. Some new UWB radios are capable of precisely position
pulses within a 10ps accuracy ensuring negligible performance degradation in the FCC
band [rowe99, kelly02, guvenc03, sum05]. For less stable clocks, the loop bandwidth
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may need to be increased to track slow variations in this jitter for better performance.
Therefore, while the analytical analysis we have presented is useful for system level
exploration and an initial design approximation, we recommend using simulations to
verify and fine-tune the final design on a more realistic oscillator model.
A related issue is the ”pull-in” range of the PLL. For very large clock offsets or
symbol periods, the phase rotation per symbol becomes too high and the PLL may
not function properly. For the system specifications we considered in Table 7.1, if
we increase the center frequency to F c = 10 GHz and the number pulses per bit to
Nf = 100, then there would be a 180 degree rotation per symbol according to equation
(7.32) which causes the PLL to respond in the incorrect direction. To deal with this
problem, either a more accurate clock or an initial acquisition phase is required. In this
dissertation, we only consider system parameters where we have confirmed an initial
acquisition phase is not required via simulation. This will normally be the case for
reasonable 20 ppm clock tolerances and standard compliant IEEE 802.15.4a systems
[ieee07] 4 . The analysis of an initial acquisition phase, desirable for systems using
cheap low-accuracy clocks and operating in the upper band close to 10 GHz, is beyond
the scope of this dissertation but we recommend this as important future work.

7.7

Timing acquisition

So far, we have assumed that the receiver is perfectly synchronized. However, in practice, the receiver must first identify the presence of a packet, find the start of each
data or training symbol, and determine where the data portion of the packet begins.
Collectively, these problems are often referred as timing acquisition.
From the point of view of our signal model, we can represent the acquisition problem by introducing a random timing offset, τ0 :
rk (t; τ0 ) = αk

L−1
X

gn s(t − kT − l/W − τ0 ) + v(t)

(7.54)

l=0

Recall from section 7.2 that rk is the k th received symbol, s(t) is the transmitted symbol with amplitude αk , and L is the number of taps in our channel model having a
bandwidth W and complex weights gn . The function v(t) represents the received circuit and thermal noise. We have introduced the new term τ0 which is the unknown
timing offset. This offset represents any uncertainty in the packet arrive time either
because the receiver does not know when the transmitter will send a packet, or because there is some unknown propagation or processing delay. The goal of the timing
acquisition unit is to make an accurate estimate of this offset, τˆ0 .
UWB falls in the category of spread spectrum communication systems. While there
are many proposed approaches to spread spectrum synchronization, by far the most
common method is to cross-correlate the received signal with some locally generated
signal at several candidate timing offsets, τ , then select the offset with the largest magnitude. The received signal is assumed to have a known preamble, typically consisting
of a repeated symbol pattern. We can express this approach as follows:
¯
¯2
K ¯Z (k+1)T
¯
X
¯
¯
τˆ0 = arg max
r(t)s(t − τ )dt¯
(7.55)
¯
¯ kT
¯
τ ∈[0,T )
k=1

4 The

IEEE 802.15.4a also has optional modes of operation in the upper portion of the FCC mask where
the necessary clock tolerances are more difficult to realize in practice
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Figure 7.27: (a) Fully Parallel and (b) fully serial implementations of traditional
spread spectrum acquisition units.
The functions r(t) and s(t) correspond to the received signal and the cross-correlation
template respectively. Ideally, this template should be matched to the received waveform shape. However, acquisition must be done before channel estimation so that this
ideal template is unknown. Instead, s(t) is typically chosen to approximate the originally transmitted signal resulting in some degradation. K symbols can be combined
together to increase the SNR. Unfortunately, these K symbols must be combined noncoherently. Better performance would be achieved if the squaring operation could be
taken outside the summation. This is not usually possible for signals operating between
3.1-10.6 GHz since acquisition must be performed before the clock offset can be estimated. Thus, the acquisition symbol period, T , should be small enough so the phase
rotation due to clock offsets will not degrade performance and each additional symbol
must be combined non-coherently.
Two practical implementations that approximate equation (7.55) are shown in Figure 7.27. In both cases, cross-correlations are evaluated at timing offset increments of
Ti . Increasing Ti improves the accuracy and reliability of τˆ0 but also increases either
acquisition time or hardware complexity. The top of Figure 7.27 shows a fully parallel implementation where each arm evaluates a different candidate offset. While a
parallel architecture can acquire the timing offset very rapidly, it also consumes significant hardware resources. The bottom of Figure 7.27 shows a fully serial implementation where a single arm evaluates each candidate offset individually. Serial architectures consume less hardware resources but require a longer acquisition time and
hence more overhead. Of course hybrid methods are also possible which trade-off acquisition time and hardware. Regardless of the exact architecture, the search continues
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until a cross-correlation result exceeds a threshold indicating a synchronization time
containing enough energy for detection.
Compared with conventional spread spectrum systems, the synchronization problem in UWB is more difficult for three reasons:
1. The search space is larger
2. The pulses are buried in noise
3. The pulses are distorted by the propagation channel
The wide bandwidth of UWB implies short pulses in the time domain requiring a
very fine timing acquisition resolution. For example, conventional UMTS 3G cellular phones employing spread spectrum techniques have a bandwidth of only 5 MHz
with a chip period of approximately 200 ns [ojanpera98], while regulatory compliant
UWB systems must have a bandwidth of at least 500 MHz resulting in a pulse width
of only 2ns [fcc02]. The necessary acquisition accuracy is therefore at least two orders
of magnitude higher, though some UWB systems may require even higher accuracy.
In addition, UWB systems employ long spreading sequences to remove spectral lines.
Thus, the acquisition search space is much larger than in conventional systems resulting
in either significant overhead or hardware resources. Stringent regulatory requirements
compound this problem by limiting the allowable transmit power [fcc02]. In most
cases, the pulses will arrive at the receiver below the background noise level. Finally,
the pulse duration in UWB is small compared to the channel length. In narrowband systems, the transmitted pulse is long compared to channel length so the cross-correlation
output has one clear peak that can easily be discerned from the background noise.
However, in UWB systems, the energy in the cross-correlation output is spread across
several resolvable multi-path components making them harder to distinguish from the
background noise. For example, our measurements of Chapter 5 indicate that NLOS
WBAN channels can have delay spreads greater than 20ns. Even for a 2ns pulse width,
more than 10 multipath components can be resolved. In contrast, the UMTS system
would not be able to resolve any individual components at all since the chip period is
much longer than the channel length. Multiple peaks result in several different possible synchronization times further complicating the detection problem. To address these
issues, we propose a 3-step noisy-template acquisition scheme (see Figure 7.28).
Traditionally, a coarse acquisition phase is followed by fine timing tracking using a
DLL. In some cases, an additional channel estimation stage is also performed. Acquisition can also be combined with channel estimation by selecting the N largest peaks
of the cross-correlation output corresponding to the most significant multipath components [blazquez05]. These peaks are then combined together by a RAKE receiver
during detection. However, combining acquisition with channel estimation is less desirable for coherent systems operating between 3.1-10.6 GHz. Since clock-offsets vary
the phase during acquisition, only the magnitude of the multipath components are estimated. However, RAKE receivers require both the magnitude and phase information of
each multipath component to combine them optimally. While it is in principle possible
to determine the phase during acquisition, this would require a fully parallel implementation to rapidly acquire the signal over a time period where the phase information
remains roughly stable. Fully parallel implementations require a large chip area and
can consume significant leakage power increasing cost and reducing the benefits of
technology scaling.
In our three-step proposal, we first perform a coarse estimate of the timing offset
using a low-complexity cross-correlation algorithm based on our QDC architecture.
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Figure 7.28: Comparison of conventional approaches with our three-step noisy template scheme. The new information obtained about the received signal is shown after
each step.

Second, we average several consecutive pulses in the vicinity of this coarse estimate
to approximate the received pulse shape. Third, we refine our initial timing estimate
using the resulting waveform shape. Compared with the conventional approach, this
three step approach has two advantages. First, the coarse acquisition search space can
be reduced since we only need to find the approximate location of the pulse. Synchronizing to any of the multipath components will normally be sufficient since we will
refine the estimate later after the pulse shape is known. Second, we use knowledge of
the received pulse shape to better estimate the timing offset. In addition to improving
BER performance, this will also improve the accuracy of ranging and location estimates which are important for UWB applications in general. Section 7.7.1 and 7.7.2
describe the coarse acquisition and refinement phases respectively.

7.7.1

Coarse acquisition

Before estimating the received pulse waveform, we perform a coarse synchronization
to approximately identify the starting time of a symbol. This acquistion block is labeled
”coarse acquisition” in the NT architecture outline of Figure 6.12 and ”acquisition” in
the QDC architecture outline of Figure 6.13. This section precisely defines our coarse
synchronization stage and discusses some implementation issues.
The approach we consider here is based on the traditional algorithm from equation
(7.55) where the received signal is correlated against a locally generated template. To
simplify the design, we will approximate the transmitted pulse shape as a rectangular pulse using the sequence pc [n] = [ 1 1 ] as we did in the QDC architecture. This
sequence is convenient since the template correlation can be implemented by simply
adding together adjacent samples.
To define the algorithm more precisely, we begin by re-writing the j th pulse of the
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k th received symbol as follows:
rjk (nTs ; σ∆ , κ, τ0 ) = pRjk (nTs + ∆jkn + κTf (kNf + j) − τ0 ) + vjk (nTs ) (7.56)
Thus, the samples of the received signal used for synchronization, rjk (nTs ; σ∆ , κ, τ0 ),
are corrupted by jitter ,∆jkn , a clock offset, κTf (kNf + j), and a random time offset,
τ0 . The goal of the coarse acquisition stage is to provide an initial estimate of the
timing offset, τ̂0,c .
Using our vector notation, we can represent the digitized cross-correlation operation from equation (7.55) as:
y(τ ) =
=

PK

2
|rk (τ )sH
k|
PNf
H 2
j=1 rjk (τ )pjk |
k=1 |

k=1

PK

(7.57)

As always, k and j are the indices of the symbol and pulse. The vector rjk (τ ) represents the samples of the received signal taken at a candidate timing offset τ . The vector
sk represents samples of the local template. Since the received waveform shape is unknown, this template is typically set to the originally transmitted waveform consisting
of several pulses, pjk . To reduce complexity, we approximate the originally transmitted triangular pulse waveform as a rectangular pulse, pc [n] = [ 1 1 ] ≈ p[n] yielding
the following synchronization algorithm:
τ̂0,c
yc (τ )

=
:=

arg max yc (τ )
τ ∈[0,T )

K
X

|

Nf
X

2
rjk (τ )pH
cjk | ≈ y(τ )

(7.58)

k=1 j=1

We need to derive the distribution of τ̂0,c to determine the BER performance degradation due to imperfect acquisition. Unfortunately, a simple analytical solution to this
problem is very difficult when considering the combined effects of pulse distortion,
sampling jitter, and clock offsets. Instead, we will use a semi-analytical approach. For
a given acquisition time τ̂0,c , we can compute the BER from our previously derived
expressions. We then average the BER over the distribution of τ̂0,c obtained by simulation. We will consider the resulting performance of this acquisition algorithm in
Section 7.8 when we calculate the body area link budget.
A practical implementation of our coarse acquisition stage is beyond the scope
of this dissertation. However, the algorithm of equation (7.58) is based on well-known
spread spectrum approaches which have been studied extensively by many researchers.
All of the various optimizations and implementation strategies developed in the context
of that work can also be applied here. We will briefly review some important consideration from the literature relevant to our analysis. For a more complete overview on
UWB and spread-spectrum synchronization, refer to [aedudodla05, lee98].
If the packet arrival time is unknown, cross-correlations must be performed continuously until the result exceeds some threshold indicating the presence of a packet rather
than pure noise. An appropriate threshold can be computed based on the distribution
of the noise at the output of the cross-correlators [lee98, aedudodla05, blazquez05].
This threshold should be chosen to ensure a small probability of false detection over
the duration of the search and can be verified in later stages. In body area networks,
we can typically assume the sensor knows the packet arrival time more precisely since
communication can be coordinated by the central device. Nevertheless, it may still be
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desirable to define a threshold so that the entire search space does not need to be tested
before declaring coarse synchronization. It does not matter if the resulting estimate
represents the ”optimal” synchronization time since it will be refined in our second
step.
To reduce overhead or signal processing, a search strategy can be employed to find
an adequate synchronization time as fast as possible. To understand this better, Figure
7.29 demonstrates an alternative view of the synchronization problem. The preamble
typically consists of a repeated pattern of symbols each made up of several pulses
scrambled with some spreading code. The search space is therefore cyclic so that the
receiver can be synchronized in time but not code phase, or code phase but not time
(see Figure 7.29c and d).
Several search strategies are possible. Figure 7.29a demonstrates one approach
where the code phases of each timing offset are searched before moving to the next
timing offset [desset07]. Alternatively, the timing offsets can be tested in random order
[homier02, vijayakumaran04]. It has been shown that in UWB systems with significant
multipath, random search strategies can locate an adequate synchronization time more
rapidly than serial search strategies [vijayakumaran04]. Positions can also be searched
in parallel (Figure 7.29c). This approach costs additional hardware area, but has two
important advantages. First, a parallel search reduces the acquisition time. Second,
it eases the duty-cycling requirements of the front-end. UWB systems can conserve
power by shutting the front-end hardware off between pulses. However, this can be difficult to implement in practice without significant startup-time overhead [ryckaert07].
By processing two adjacent timing offsets in one frame, the front-end does not need to
startup as often resulting in less overhead. We emphasize that parallel search strategies
can not be implemented easily in QAC architectures since it would require duplicating the front-end. This demonstrates another potential advantage of digital QDC and
NT receivers: they more easily allow sophisticated synchronization tradeoffs between
hardware area, acquisition time, and duty cycle overhead5 .
Another important optimization is variable dwell time [aedudodla05]. Dwell time
refers to the integration time of the correlator and is controlled by the parameters K
and T In equation (7.58). In our analysis, we assume K and T are the same for each
candidate timing offset. However, it is possible to reduce the mean dwell time by
rejecting incorrect candidates quickly based on intermediate cross-correlation results.
This can reduce both the mean acquisition time and the amount of processing.

7.7.2

Acquisition refinement

We propose refining the coarse timing estimate after the received pulse waveform shape
has been estimated. This refinement is done by the ”fine acquisition” block in the
NT system diagram of Figure 6.12. Since the QDC architecture does not estimate
the received pulse shape, it can not use this information to refine the coarse estimate
and there is no equivalent block in Figure 6.13. This will result in some additional
degradation which we will be explore further in Section 7.8. This section precisely
defines this acquisition refinement algorithm.
The top of Figure 7.31 shows an example of a coarse timing estimate distribution,
5 Note that minimizing the percentage startup-overhead can also be accomplished without fully parallelizing the digital baseband by simply storing adjacent correlation results in registers, then processing them
serially before turning the front-end on again to test additional timing offsets. This is also only possible in
digital correlation systems since analog correlators have significant startup-overhead and can not be reset
instantly
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Figure 7.31: Comparison of the timing error pdf for the coarse acquisition algorithm
(top), and after refinement (middle), for a particular received pulse waveform (bottom)
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Figure 7.32: The waveform shape is estimated in the region of the coarse timing estimate. A window containing most of the pulse waveform energy is then located and
used for detection.
for a particular received pulse shape. This pdf was obtained by simulating equation
(7.58) over 1000 trials. The pulse SNR was set to -5 dB, the acquisition interval Ti = 2
ns, and K = 8 symbols were combined together. We assume the timing offset is
uniformly distributed for τ ∈ (0, T ]. As expected, the algorithm tends to synchronize
to regions in the received pulse waveform containing significant energy. However,
the variance of the timing error is relatively large and the resulting synchronization
times may not be optimal for our NT receiver. For example, the coarse algorithm often
synchronizes to some of the large multipath components arriving between 5-10 ns after
the start of the pulse missing much of the available energy.
After coarse estimation, the received waveform shape can be estimated over a large
window in the vicinity of the initial coarse estimate (see Figure 7.32). Noisy template
receivers estimate the received pulse shape by simply averaging several pulses together:
p̂R =

M −1
1 X
(pR + xm )
M m=0

(7.59)

The vector p̂R represents the waveform shape estimated by averaging together M received pulses. These vectors are complex and have a length of Nw /2 where Nw is the
number of real samples over which the pulse waveform shape is estimated. In general,
Nw should be wide enough to ensure the window contains most of the received pulse
energy around the coarse timing estimate.
The best timing estimate for our NT receiver is obtained by selecting the Ns /2
length window containing most of the received pulse energy, where Ns is the number
of real samples that will be processed by the digital baseband during detection (see
Figure 7.32). In general, Ns < Nw . The resulting fine acquisition algorithm can be
expressed as follows:
τ̂0,f

=

arg

max

τ ∈[0,1...

(Nw −Ns )
2

)

(7.60)

Ns /2−1

yf (τ ) :=

X

n=0

yf (τ )

|p̂R [n + τ ]|2
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Figure 7.33: Possible implementation of the acquisition refinement algorithm.
Figure 7.33 shows one possible implementation of this algorithm. If we allow for
one extra training symbol delay, these operations can be performed at less than the
frame rate resulting in negligible power consumption and area compared to the coarse
acquisition and channel estimation stages. The middle plot of Figure 7.31 shows the
performance of this algorithm compared with the coarse estimate simulated under the
same conditions and assuming M = 100 training pulses. The refined estimate has a
much smaller variance and consistently locates the start of the pulse waveform where
most of the energy is located.
In summary, we have proposed a novel 3-step approach to synchronization based
on a noisy template receiver. We begin by obtaining a very coarse estimate using conventional spread spectrum synchronization techniques to locate one of the multipath
components in the received waveform. The waveform shape is determined in the vicinity of this estimate using a simple averaging operation. Once the waveform shape is
known, we can easily refine the estimate to choose an optimal synchronization time for
NT detection. As shown in Figure 7.31, the resulting accuracy of our acquisition refinement stage simulated over a particular pulse waveform suggests superior performance
compared to conventional spread spectrum synchronization. The following section verifies these results by evaluating the BER performance of the complete system together
with this acquisition algorithm over many different body area communication scenarios
and channel realizations.

7.8

Body area link budget

The previous sections have developed the main algorithms required for acquiring the
signal, estimating the pulse shape, demodulating each symbol, and tracking clock offsets. This section now determines the resulting performance and range when evaluated
on a large number of body area propagation channel conditions.
Table 7.3 summarizes typical UWB WBAN system specifications which we will
use in this section. We assume the received pulse shape is 500 MHz wide and centered
at 3.75 GHz which fits easily within the FCC spectral mask. Using sub-sampling, we
can sample this signal at a rate of approximately 1 GS/s. Low power ADCs meeting these specifications have been realized for the 3-5 effective bits required for UWB
communications [nuzzo06]. A frame period of roughly 24 ns is typical for UWB communication systems and does not result in significant degradation due to inter pulse
interference for our propagation channel model. We assume a typical code length of
24 pulses per bit which is the consistent with IEEE 802.15.4a. We assume the average
clock frequency is accurate to within 20 ppm and has a 5 ps jitter which can be achieved
at relatively low cost.
Throughout this section, we analyze the number of pulses per bit required to achieve
a certain outage probability. In our case, we define the outage probability as the percentage of channel conditions, averaged over 1000 realizations, where the receiver is
not able to attain a target BER of 10−3 . The number of pulses per bit required to
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Table 7.3: Typical UWB WBAN system specifications
10 dB bandwidth (MHz)
Center Frequency (GHz)
Sampling Rate (GS/s)
Frame Period (ns)
Synchronization Code length (Frames)
Clock accuracy (ppm)
Clock jitter (ps)
Acquisition resolution (ns)
Dwell Time (symbols)
Pulse Estimation Symbols
Refinement window (samples)
Correlation window (samples)
Receiver Noise Figure (dB)
Transmitted Energy per pulse (pJ/pulse)

B
Fc
Fs
Tf
Nf
κ
σ∆
Ti
K
M
Nw
Ns
N FdB
Eptx

500
3.75
1
24
24
20
5
2-4
8-64
3
24
10
10
0.3

achieve this outage is calculated as follows:
P P BdB = 10 log10 (Ep,tx ) + Lpathoss,dB + N0,dB + N FdB + SN Rreq

(7.61)

Ep,tx is the transmitted energy per pulse which we set to 0.3pJ/pulse. This transmit
power satisfies the FCC spectral mask and can been implemented in practice [ryckaert05,
fcc02]. Lpathloss,dB is the pathloss in dB for a particular channel realization according
to our channel model of Section 5.4.4. N0,dB is the noise power spectral density which
can be calculated as follows [sklar88]:
N0,dB = 10 log10 (T ◦ k)

(7.62)

where T ◦ = 300 Kelvin is the temperature and k = 1.38 × 10−23 W/K-Hz is Boltzmann’s constant. N FdB is the receiver noise figure which we assume is 10 dB. SN Rreq
is the bit-normalized SNR required to achieve a target bit error rate of 10−3 calculated using equations (7.25) and (7.10) for a particular channel realization. Finally,
P P BdB is the number of pulses per bit which we must convert to linear units as
P P B = 10P P BdB /10 . In practice, only an integer number of pulses per bit can be
used so that P P B = d10P P BdB /10 e.
Channel realizations are generated according to the channel model discussed in
Chapter 5. As before, we initially focus on line-of-sight (LOS) and non-line-of-sight
(NLOS) channel conditions. For the LOS case, both antennas are worn on the same
side of the body at a distance of 40 centimeters and propagation is along the body. For
the NLOS case, the antennas are worn on opposite sides of the body at a distance of
40 centimeters and propagation is around the body. These scenarios are intended to
represent best and worst cases to demonstrate the range of propagation conditions that
can be encountered on the body.
We have assume M = 3 synchronization symbols are used to estimate the pulse
shape. For the given clock tolerance, frame period, and center frequency, this corresponds to a 46 degree rotation of the phase during the pulse estimation process which
does not significantly degrade performance. We estimate the pulse shape over a window of Nw = 24 samples corresponding to the frame period. This implies the coarse
estimation algorithm should be accurate to within approximately 1 frame of the ideal

210

Ultra-wideband body area communication system performance

synchronization time. During data detection, we process only Ns = 10 samples per
frame corresponding to a 10 ns window containing most of the received signal energy.
We set the resolution of the coarse acquisition stage to Ti = 4ns. We have found
that a dwell time of K = 8 symbols for LOS and K = 64 symbols for NLOS conditions
ensures the probability of a gross synchronization error is less than 1% in nearly all
channel realizations. We define a gross synchronization error as an error larger than
the W90 of the given channel realization. An error of this magnitude will always result
in losing the packet and typically occurs when the synchronization algorithm selects a
timing offset corresponding to noise rather than signal.
Figure 7.34 shows the performance of a noisy template receiver implementation
with and without acquisition refinement. The vertical axis indicates the outage probability and the horizontal axis indicates the required number of pulses per bit during
detection. Two sets of curves are provided corresponding to LOS and NLOS propagation. As expected, more pulses per bit are required for communication around the
body compared with communication along the body. This is due to the higher pathloss
versus distance trend for diffraction around a body. Refining the acquisition time after
estimating the pulse shape provides roughly a 3dB advantage compared with relying
only on the coarse estimate. This is because better acquisition performance can be
expected when we have knowledge of the received pulse waveform as demonstrated
earlier in Figure 7.32. The final NT receiver has only a 2dB degradation compared
with the ideal performance regardless of the channel conditions.
Figure 7.35 compares the performance of NT and QDC receivers. Unlike NT receivers, QDC architectures do not estimate the received pulse waveform and therefore
can not refine the initial timing estimate. For the same coarse acquisition resolution
of Ti = 4 ns, there is a substantial performance degradation of between 4-8 dB with
respect to the NT receiver. This is both because of a very poor timing estimate and
because it only gathers 4ns of the pulse energy compared with 10ns. If we increase the
acquisition resolution to Ti = 2ns, the performance improves to within 4dB of the NT
receiver for NLOS conditions, and 1.5dB for LOS conditions. However, this comes
at the cost of doubling the coarse acquisition complexity which, as we will see in the
following section, is quite a substantial penalty.
The settling time of our proposed tracking algorithm depends on where the antennas are worn. For reliable performance, practical outage probabilities are typically between 1-10% indicating that roughly 10 - 100 pulses per bit are required for body area
communication which is typical for UWB systems. For LOS, reliable performance can
be obtained using a very small number of pulses (P P B < 10). Based on our results
from Section 7.6 Table 7.2, the overshoot of our tracking loop will not be substantial
and no additional training symbols or clock frequency offset acquisition stage would
be necessary. However, NLOS communication around the body requires a much larger
number of pulses per bit (P P B ≈ 100). In this case, it is difficult to design a suitable
loop filter that both converges rapidly and does not introduce substantial phase noise.
Extra training symbols will be necessary and it is probably more efficient to introduce
an initial clock frequency acquisition stage before tracking.
Figure 7.36 shows the required pulses per bit for an NT receiver to achieve a 5%
outage probability as a function of range for propagation along the body and propagation around the body. Results for a body in free space, a body plus a ground reflection,
and a body in an indoor environment are provided.
For propagation along the body, the number of pulses per bit grows very slowly
with distance. Furthermore, there is not much difference between the curves representing a body in free-space and a body in an indoor environment. This indicates the

7.8 Body area link budget

211

0

10

Ideal

Outage Probability

NT with
fine acq.
NT with
coarse acq.

Along
Body
40 cm

−1

10

Around
Body
40 cm

−2

10

−1

0

10

10

1

10

2

10

3

10

Number of Pulses Per Bit
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Figure 7.36: Number of pulses per bit to achieve a 5% outage versus distance around
and along the body.
receiver has the desirable property that it does not rely on nearby scatterers for reliable
performance. This behavior is expected since pathloss does not decay rapidly along
the body compared with free-space so most of the received energy is contained in the
initial arriving pulse and only to a much lesser extant in the later arriving reflections.
For propagation around the body, the number of pulses per bit grows rapidly with
distance. In this case, there is an enormous difference between the curves representing
a body in free-space, a body with a ground reflection only, and a body in an office. If
the receiver were to rely only on components diffracting around the body, more than
10000 pulses per bit would be required to communicate to the opposite side of the
body. The ground reflection improves performance by almost an order of magnitude
but still requires more than 1000 pulses per bit. In practice, it is extremely difficult to
design a stable enough clock to collect energy from more than about 100 pulses per
bit. Therefore, UWB systems rely on the presence of nearby scatterers for reliable
communication to the opposite side of the body. This behavior is expected since propagation around the body decays so rapidly that distant scatters have a larger influence
on communication performance than the initial diffracting waves.
Figure 7.36 demonstrates the complex and sometimes surprising behavior of body
area communication systems. This behavior can be understood by recognizing that
pathloss versus distance trends are fundamentally different when considering pathloss
away, along, and around the surface of the body. The results are consistent with the
intuition obtained from our physical understanding of body area propagation developed
in Chapter 2 and our empirical observations and models developed in Chapter 5.
Finally, we emphasize that the system and model parameters will vary depending
on implementation choices, antennas, and propagation scenarios, but the measurement
and analysis methodologies we have presented are general. The parameters of Table
7.3 are only intended to represent reasonable values and have not been optimized for
cost or performance. However, similar figures can be generated for any combination
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of these parameters to better explore the total design space. Furthermore, some of the
channel conditions in this section are extreme. For example, the NLOS channel represents square-centimeter planar antennas worn 5mm from the body surface on opposite
sides of the torso. We expect substantially better performance for antennas that are
actually optimized for use near the body surface [klemm05]. Further exploration of
optimal system parameters and antennas is beyond the scope of this dissertation but is
recommended as important future work.

7.9

Implementation cost

The algorithms and performance of a mostly-digital UWB NT and QDC receiver have
now been developed. This section estimates and compares the computational complexity of each subsystem. Section 7.9.1 focuses specifically on the digital baseband
algorithms, while Section 7.9.2 estimates the total system power consumption including the front-end.

7.9.1

Digital baseband complexity

Tables 7.4 and 7.5 summarize the resulting digital backend complexity in terms of
the number of complex addition6 , multiplication7 , and rotation operations required per
frame. Each sub-system corresponds directly with one of the blocks in Figure 6.12
and 6.13. These tables are only intended as a first order estimate to allow comparison
between the various sub-systems and to demonstrate our proposed algorithms are computationally feasible. They do not include overhead such as serial to parallel converters,
pipeline registers, and control which can be significant in practice [badaroglu06]. The
tables provide expressions indicating what factors influence the computational complexity. The values in parentheses indicate the number of operations required according
to the typical system parameters of Table 7.3.
Complexity of the Noisy Template digital baseband
The coarse acquisition system is the most computationally intensive unit of the NT
receiver. We have assumed that only one candidate timing offset and code phase are
computed each frame. Two real addition operations (1 complex addition) are required
to multiply with the sequences [1 0 -1 0] and [0 1 0 -1] for generating the I and Q outputs of our QDC structure. Nf complex additions are required to correlate against the
candidate phase offset. Nf 1-bit multiplications are also required for this correlation,
though this is comparatively less hardware and has been neglected in the table. Two
real multiplications are required to compute the absolute value of each candidate timing and code phase offset. The total number of symbols processed by the acquisition
block can be calculated from the frame period (Tf ), resolution (Ti ), and dwell time
T
(K) as S = Kd Tfi e or between 24 - 368 symbols for LOS and NLOS conditions.
Compared with the coarse acquisition process, the pulse estimation and acquisition
refinement stages will consume negligible power. Only 12 complex addition operations
are required per frame which is roughly half the complexity of the coarse acquisition
algorithm. Furthermore, pulse estimation is only active for 3 symbols, or between one
61
71

add = complex + complex, 12 add = real + real
multiplication = complex × complex, 41 multiplication = real × real

214

Ultra-wideband body area communication system performance

Sub-System

Additions

Multiplications

Rotations

# Symbols

Coarse
Acquisition

Nf + 1
(25)

1
2
1
(2)

0
(0)

S
(24 − 384)

Pulse
Estimation

Nw
2

(12)

0
(0)

0
(0)

M
(4)

Acquisition
Refinement

2
(2)

1
2
1
(2)

0
(0)

1
(1)

Hilbert
Transform

Ns
2

0
(0)

0
(0)

P
(84 − 988)

Ns
2

(5)

0
(0)

P
(80 − 984)

2/symbol
-

1
(1)

P
(80 − 984)

Template
Correlation
DFPLL
Tracking

(5)
Ns
2

+1
(5)

2/symbol
-

Table 7.4: Noisy template baseband processing in complex operations per frame

Sub-System

Additions

Multiplications

Rotations

# Symbols

Coarse
Acquisition

Nf + 1
(25)

1
2
( 12 )

0
(0)

S
(48 − 768)

Pulse
Estimation

-

-

-

-

Acquisition
Refinement

-

-

-

-

Hilbert
Transform

-

-

-

-

Template
Correlation

1
(1)

0
(0)

0
(0)

P
(80 − 984)

DFPLL
Tracking

2/symbol
-

2/symbol
-

1
(1)

P
(80 − 984)

Table 7.5: Quadrature Digital Correlator processing in complex operations per frame
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to two orders of magnitude less time than the acquisition unit. The acquisition refinement stage consumes even less power. If we assume that one candidate window
is tested each frame, only 2 complex addition operations are required to implement
the moving sum, and 2 real multiplications are required to implement the magnitude
square operations of Figure 7.33. We can conclude that the additional cost of estimating the received waveform shape and using it to refine the timing estimate is negligible
compared with the more formidable task of initially acquiring the symbol timing. This
small additional hardware is therefore justified since it substantially improves performance as demonstrated in Figures 7.34 and 7.35.
During detection, the Hilbert Transform 8 , tracking loop, and template correlator
are active. These sub-systems must be active for the data portion of the packet which
can be anywhere from 80 - 984 symbols in Zigbee systems [zigbee]. The Hilbert
Transform requires 1 real addition operation for each sample, or Ns /2 = 5 complex
additions per frame for our specification. The tracking loop requires one rotation operation per frame. This can be achieved at relatively low cost using a pipelined CORDIC
architecture which perform a series of addition and shift operations [valls06]. The
other tracking blocks, such as the loop filter and slicer, operate at the symbol rate and
consume negligible power. The most computationally intensive unit during detection
is the template correlator which requires Ns /2 = 5 complex addition and multiplication operations plus one more complex addition operation to accumulate the resulting
energy. A complex multiplier is relatively costly since it consists of 4 real multipliers.
Fortunately, these multipliers will not require a large number of bits since they operate
directly on the sampled pulses. As indicated in Section 7.3, the input bit width can be
as small as 3 bits since an individual UWB pulse is typically below the noise floor.
Complexity of the Quadrature Digital Correlator baseband
The QDC architecture contains significantly less sub-systems as there is no pulse estimation or acquisition refinement stages. Furthermore, the Hilbert Transform is implicit
in the template correlation operation which simply multiplies the received signal with
a digital sine wave, [0 1 0 -1], and cosine wave, [1 0 -1 0]. No complex multipliers
are required anywhere in the design. We can therefore expect the QDC system to consume somewhat less hardware area and design time. Unfortunately, it still needs to do
a coarse acquisition which is the most computationally intensive unit. Furthermore, the
pulse waveform shape is not estimated and there is no possibility to refine the initial
coarse estimate. Therefore, QDC require a comparatively higher coarse acquisition
resolution (Ti ≤ 2 ns) increasing the time and energy needed to determine the symbol
timing. Thus, it is unclear whether it would actually consume less power in practice
than the higher performance NT receiver.

7.9.2

Total power consumption

This section very roughly estimates the power consumption of a mostly-digital UWB
NT receiver architecture based on existing state of the art components implemented in
a 0.18 µm technology (see Table 7.7). Furthermore, it analyzes the percentage of power
consumed by the various components and stages of detection. We emphasize that an
accurate assessment of the power consumption will require a more detailed analysis
and at least a partial implementation of the system which is beyond the scope of this
dissertation. Our goal here is to provide an estimate that is correct to at least an order
8 The

Hilbert Transform is also active during pulse waveform estimation
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Component

Active
Power
(mw)

Duty
Cycle a
(%)

Description

LNA[ryckaert06]

8.8

16.7 / 100 / 41.7

3-5 GHz, 7.5dB NF

ADC[nuzzo06]

10.6

16.7 / 100 / 41.7

5.8 GHz ERBW, 3.9 ENOB

DSP[badaroglu06]

6

-

1 Correlation / Frame

Table 7.6: Typical power consumption of UWB components
a The three numbers represent the duty cycle during the acquisition, pulse shape estimation, and detection
receiver phases respectively

of magnitude. This is sufficient to understand what we can expect in practice and for
our comparison with narrowband systems in the following section.
We assume the LNA consumes 8.8mW based on the design presented in [ryckaert06]
for a quadrature analog correlation architecture. This design provides a 24 dB gain
across the 3-5 GHz band and has a 7.5 dB noise figure. The LNA does not need to
be active during the entire burst. If the coarse acquisition is fully serial, the LNA only
needs to be on for the 4ns it takes to collect 4 samples at a rate of 1 GS/s. This results
in a duty cycle of 16.7 % for a 24ns frame period. In practice, it is very difficult to
turn the LNA on and off for only 4ns without significant startup overhead [ryckaert07].
Fortunately, as discussed in Section 7.7, since the acquisition process is entirely digital,
it is possible to test or store multiple timing offsets per frame to reduce the overhead.
For example, we can activate the LNA for 12 ns and have the digital baseband store and
process 3 timing offsets, either in parallel or serially, before turning the LNA back on
again. In this way, the active duty-cycle of the LNA remains the same, but it does not
need to be started up as often reducing the percentage overhead. Another method for
dealing with this problem has been proposed as part of the IEEE 802.15.4a standard
and will be presented in the following chapter. Thus, we will neglect this overhead.
During pulse estimation, the LNA is active all the time since we estimate the complete
waveform shape over the duration of the frame. However, during detection, the LNA
is only active for the 10ns window containing most of the pulse energy resulting in a
duty cycle of 41.7 %.
We assume the ADC consumes 10.6mW based on the flash ADC architecture reported in [nuzzo06]. It has an effective number of bits (ENOB) of 3.9 which is normally
sufficient for UWB systems as discussed in Section 7.3. Furthermore, it has an effective resolution bandwidth (ERBW) of 5.8 GHz covering the lower band of the FCC
mask. The ADC has the same duty cycle as the LNA. However, it is is easy to switch
the ADC on and off without significant overhead since it is controlled by a clock.
The digital baseband power is based on the architecture reported in [badaroglu06].
It uses a serial to parallel converter and a sliding window correlator structure to test one
timing offset and code phase per frame on a 4 bit input signal. It consumes 6mW for
a 30 MHz frame rate rate. Since there are no existing digital NT implementations, we
will simply assume that the same power is consumed by the digital baseband during
data detection. This is a reasonable first-order approximation considering the number of operations required to implement the template correlator, DFPLL, and Hilbert
Transform.
For a practical estimate of power consumption in the context of a realistic multiple
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Figure 7.37: Zigbee Packet modified with a longer preamble for UWB communication
access protocol (MAC), we will determine how much energy is required to receive a
typical Zigbee packet (see Figure 7.37) [zigbee, callaway02]. The physical layer (PHY)
header consists of the synchronization and pulse estimation preamble. As discussed in
the previous section, the header length for an NT receiver is between 24 - 368 symbols
for synchronization plus 3 symbols for channel estimation and 1 symbol for timing
refinement. This corresponds to between 7 and 49 bytes depending on the desired
range. In addition, a frame delimiter of 1 byte is necessary to determine the end of the
PHY header and the beginning of the MAC and data portion of the packet. The MAC
typically requires several fields including 1 byte to specify the packet length, 2 bytes
for frame control which is used to specify the type and structure of the packet, 1 byte
for the sequence number, between 0 - 20 bytes for the address field to indicate source
and destination devices, and finally 1 byte for the frame check sequence (FCS) which
helps verify the integrity of the MAC frame. Finally, the standard allows for between
0 - 123 bytes of actual data payload.
In a body area network, most of the data is transmitted from the sensor to the
central device. The central controller only needs to send the sensor acknowledgement
messages, control information, and synchronization beacons which normally contain
very little or no data payload at all. We will therefore assume very short packets with
0 bytes of data payload and 4 bytes of address information.
We can use the following formula to compute the energy needed to transmit this
packet:
Epacket = TF E (PLN A + PADC ) + TBE PBE
(7.63)
where Epacket is the energy required to receive a packet, TF E is the active time of the
front-end, and TBE is the active time of the digital baseband. The terms PLN A , PADC ,
and PBE represent the power consumption of the LNA, ADC, and digital baseband
respectively from Table 7.7. The active time of the front-end and baseband can be
calculated as follows:
TF E = Tpreamble (Dsync Ssync + Dest Sest ) + Tdata (Ddata Sdata )
TBE = Tpreamble (Ssync + Sest ) + Tdata (Sdata )

(7.64)
(7.65)

The terms Dsync , Dest , and Ddata represents the front-end duty cycle during synchronization (16.7%), pulse shape estimation (100%), and data detection (44.1%) respectively from Table 7.7.
The terms Ssync , Sest , and Sdata correspond to the number of synchronization
symbols, estimation symbols, and data symbols respectively. We will consider a typical
LOS propagation scenario where the transmitter and receiver are worn on the same
side of the body at a distance of 40 centimeters. In this case, According to table 7.3,
Ssync = 48 and Sest = 3 symbols provides good performance. Assuming no data
payload and 4 bytes of address information, the total length of a typical packet received
by the sensor is Sdata = 80 corresponding to 10 bytes (see Figure 7.37).
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The terms Tpreamble and Tdata are the symbol periods of the preamble and data portions of the packet which are different in general. For our system specifications of table
7.3, Nsync = 24 pulses make up a symbol during synchronization and the frame period
is Tf = 24ns corresponding to a symbol length of Tpreamble = Nsync Tf = 576ns during the preamble. The total preamble length is then Tpreamble (Ssync +Sest ) = 29.4µs.
From Figure 7.34, we can see that Nf = 8 pulses per symbol is sufficient for satisfactory performance in nearly all cases for LOS communication. This corresponds to a
symbol length of Tdata = Nf Tf = 192ns. The total packet length not including the
preamble is Tdata Sdata = 15.4µs.
Substituting the various parameters into equations (7.65), (7.64), and (7.63) results
in a total of only 0.5 µJ of energy needed to receive one packet. It is difficult to interpret
such a small number by itself, so we will compare it relative to existing narrowband
solutions and available energy sources in the following section.
Figure 7.38 shows the percentage of power consumed by the LNA, ADC, and digital baseband. More than half of the power is consumed by the digital baseband. This
may seem surprising since it has the lowest active power consumption according to
Table 7.7. However, the LNA and ADC can be shut-off between pulses resulting in
a low duty-cycle between 16.7% - 41.7%. The LNA and ADC consume roughly the
same amount of power which is also surprising. As discussed already in Section 6.1.2,
a lot of recent work in UWB has focused on reducing the ADC power consumption
by moving functionality to the front-end. However, there has also been a lot of recent
research in data converters focusing specifically on the very high-data rate and low bitwidth specifications of UWB systems [nuzzo06, chen06, vanderplas06]. Recent ADC
designs tailored to the unique requirements of UWB no longer consume significantly
more power than other front-end components.
Considering designs on future technology nodes, we can expect that an increasing
percentage of the power will be consumed by the LNA rather than the ADC and digital
baseband. For example, a recent ADC design in 90 nm technology with similar specifications as those from Table 7.7 consumes only 2.5mW [vanderplas06]. Furthermore,
estimates of the same digital baseband structure for 90 nm technology indicate a power
consumption of only 2mW [badaroglu06]. However, similar benefits for LNA designs
have so far not been reported. This is not surprising since LNAs contain mostly analog
components that do not exploit technology scaling as effectively. If we also consider
that LNAs may need to be designed with more stringent linearity requirements for some
interfering environments, they may need to be tunable to provide channel selection,and
it is difficult to shut this component on and off between bursts, we expect LNAs to
be the main bottleneck in future sub-sampling architectures rather than the high-speed
ADCs and signal processing.
Figure 7.39 shows the percentage of energy required to synchronize, estimate the
pulse waveform, and detect the data. The majority of the energy is consumed synchronizing and detecting the data, while substantially less energy is needed to estimate the
pulse waveform. The high synchronization energy is due to the long preamble required
to search all the different timing offset candidates. The high data detection energy is
due to a somewhat higher duty cycle needed to gather the energy from the received
pulse which has been spread out over time. Furthermore, significant baseband signal
processing is still needed to perform the template correlation and CORDIC rotations.
Surprisingly, comparatively less energy is needed to estimate the received pulse shape.
Many researchers consider channel estimation in dense multipath environments to be
one of the most challenging aspects of UWB design [yang04a]. However, the problem
is elegantly solved by a noisy template receiver that estimates the received pulse wave-
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form shape directly through an averaging operation. This obviates the need for locating
all the multipath components and estimating their magnitude and phase.

7.10

Comparison with narrowband

We have estimated the range and power consumption of our proposed mostly digital
NT-UWB receiver. This section compare this with state of the art narrowband systems.
Section 7.10.1 compares the range around the body, and Section 7.10.2 compares the
power consumption for UWB and narrowband WBAN systems.
Since detailed models of the body area channel do not exist, it is not surprising that
there are also no detailed comparisons of UWB and narrowband systems for WBANs.
An analysis of narrowband Bluetooth systems for a few body postures in an anechoic
chamber were presented in [hall07, hall06]. UWB performance on selected channel
measurements have been presented in [zasowski03, zhang07]. However, these studies
provide only approximate performance estimates based on simplified channel statics
assuming ideal receiver performance. Furthermore, they do not estimate the overall
power efficiency taking into account practical circuit power consumption, achievable
data rates, and hardware duty-cycling. In contrast, our comparison considers performance degradation due to system non-idealities based on a realistic channel models.
Furthermore, we compare the total power efficiency of existing narrowband systems
with emerging UWB systems based on existing hardware prototypes and achievable
data rates.

7.10.1
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Figure 7.40: Comparison narrowband and ultra-wideband small-scale fading measurements
Ultra-wideband and narrowband systems experience a very different propagation
channel which dramatically influences the expected range. Figure 7.40 compares the
measured narrowband pathloss at 2.45 GHz from Chapter 4 and the measured ultrawideband pathloss between 3-6 GHz from Chapter 5. The measurements were taken
in a 7 by 7 grid at four different positions in the room with antennas worn on opposite sides of the torso. We have normalized away the average pathloss at each location
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915
MHz

2.45
GHz

Transmit Power (dBm)
Path loss (dB)
Large-scale fading margin (dB)
Small-scale fading margin (dB)

Ptx,dB
- Lpath,dB
- Mlsf,dB
- Mssf,dB

0
-59.4
-9.6
-20

0
-71
-10.8
-20

Total received power (dBm)
Required Zigbee Sensitivity[zigbee] (dBm)

Prx,dB

-89
-95

-101.8
- 85

Table 7.7: Narrowband link budget for communication to the opposite side of the body
at 915 MHz and 2.45 GHz based on the channel model of Chapter 4
revealing the small-scale fading due to the interference of un-resolvable multipath components over a very small change in body position around the room. The narrowband
measurements indicate a large fluctuation in the received signal power spanning nearly
3 orders of magnitude. This is because most of the energy is contained at a single
frequency which has a high probability of being canceled out by the random combination of reflections. In contrast, the UWB measurements have very little fluctuation
in the received signal power. This is because the energy is spread out over many GHz
of bandwidth. It is exceedingly unlikely that all the frequencies across this bandwidth
will be canceled out by the reflections resulting in a stable received signal power. This
very well-known benefit of UWB communication systems is why IEEE 802.15.4a devices are foreseen by the industry to have a longer range than IEEE 802.15.4 Zigbee
devices (see Figure 1.6 from Chapter 1). This section will quantify this advantage by
investigating the range of a typical Zigbee transceiver around the body based on our
narrowband channel model of Chapter 4.
To estimate the range of a narrowband system, we must determine when the received signal power falls below the receiver sensitivity. The received signal power can
be approximated as follows:
Prx,dB = Ptx,dB − Lpath,dB − Mlsf,dB − Mssf,dB

(7.66)

where Ptx,dB is the transmit power, Lpath,dB is the pathloss including any antenna
losses, Mlsf,dB is the large-scale fading margin, and Mssf,dB is the small-scale fading
margin. The various parameters of this equation are summarized in Table 7.66 assuming a transmit power of 0dBm which is required by the Zigbee standard and is typical
of low power devices.
Chapter 2 predicted that narrowband signals would decay approximately exponentially as they diffract around the surface of a partially conducting body. This was
then confirmed with measurements around a body in an anechoic chamber in Chapter
4. However, the pathloss flattens out on the opposite side of the body due to reflections from the indoor environment. This maximum pathloss is equal to 71 dB at 2.45
GHz and 59.4 dB at 915 MHz. A major contributing factors to this large difference in
pathloss is that the antennas we used in this measurement tend to attenuate higher frequencies. This is typical of small dipole antennas having constant gain (non-constant
aperture). However, as discussed previously, we need to be careful with this interpretation as it only applies to antennas and propagation in free-space and not necessarily
for propagation around the body.
Measurements also indicate significant large scale variations around this average
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pathloss depending on where the antenna is worn on the body and where the body is
located in the room. This is expected since the antenna properties and propagation trajectory can vary significantly depending on where the antennas are worn. Furthermore,
the received signal energy will tend to increase as a body moves closer to an efficient
scatterer such as a wall or metal cabinet. Because these effects are multiplicative, a
lognormal fading model is typically used. The estimated large scale fading standard
deviation at 2.45 GHz is σ = 3.6dB and σ = 3.2dB at 915 Mhz is . To ensure reliable
detection, we will use a 3σ rule resulting in a large-scale fading margin of 10.8 dB and
9.6 dB which is very typical of narrowband systems [sklar97a].
Chapter 4 provided a detailed statistical analysis of the small-scale fading shown
in Figure 7.40 indicating that it approaches a Rayleigh distribution as the antennas
are placed on opposite sides of the body. A Rayleigh distribution indicates a large
number of un-resolvable components. This physical interpretation was confirmed in
Chapter 5 using a high resolution UWB measurement revealing a large number of
multipath clusters corresponding to furniture and walls in the room. Typically, a 20-30
dB margin is needed to allow for Rayleigh fading [sklar97a] which is quite a substantial
disadvantage compared with UWB. We will be optimistic and assume a small scale
fading margin of Mssf,dB = 20dB.
The resulting received power when transmitting from one side of the body to the
other is -89 dBm and -101.8 dBm at 915 MHz and 2.45 GHz respectively. The Zigbee
standard specifies that all receivers must have at least a -95dBm sensitivity for 915 MHz
mode and -85dBm sensitivity for the 2.45 GHz mode. This implies that any standard
compliant Zigbee devices operating in the 915 MHz band will have enough sensitivity for communication around the body. However, standard compliant Zigbee devices
operating at 2.45 GHz will not have enough sensitivity for communication around the
body. The industry has foreseen that some high-performance Zigbee device may have
sensitivities roughly 10dB better than the standard specification [callaway02]. For example, Chipcon’s CC2420 transceiver reports a sensitivity of -95 dBm in the 2.45 GHz
mode [chipcon]. Nevertheless, this is still significantly lower than the required sensitivity.
It is difficult to provide a precise comparison between the range of narrowband and
UWB since different antennas were used in the development of our respective models.
Furthermore, optimal antenna design for communication along the surface of the body
is still poorly understood. However, our measurement results suggest an advantage
for UWB when using small antennas on the body. We saw in Section 7.8 that UWB
systems are capable of achieving reliable communication with a reasonable number
of pulses per bit. This is true even though we consider a very small antenna worn
nearly against the body on opposite sides of the torso in an office environment. On the
other hand, our measurements suggest that Zigbee systems can only provide reasonable
performance around the body in the 915 MHz mode. Naturally, the Skycross SMT8TO25-MA antenna we used to measure the pathloss at 915 MHz is more than 3 times
the size of the skycross SMT-3TO10-MA antenna since antenna size tends to scale with
wavelength. Thus, while existing low-frequency (< 1 GHz) narrowband systems can
provide reliable coverage all over the body including deep shadow regions, they will
tend to require larger antennas. On the other hand, high-frequency (3.1 - 10.6 GHz)
UWB systems can provide coverage all over the body with very small antennas as long
as there are nearby scatterers to reflect the signal.
We emphasize that UWB systems do not necessarily have a better sensitivity than
narrowband systems. Compared with narrowband systems operating in a similar frequency range with similar transmit power, UWB systems can achieve a better range
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because the very wide bandwidth provides resistance to small scale fading as demonstrated in Figure 7.40. For example, the sensitivity for a UWB system can be calculated
as follows [ryckaert07]:
Sensitivity = SN Rreq,dB + Limp,dB + 10 log10 (Nf ) + N FdB − Pnoise,dB (7.67)
where SN Rreq,dB is the required SNR, Limp,dB is the implementation loss, Nf is the
number of bits per symbol corresponding to the spreading gain, N FdB is the front-end
noise figure and Pnoise,dB is the noise power. For a BPSK system, SN Rreq,dB =
6.8dB to achieve a BER of 10−3 . The implementation loss for an NT-UWB system on
the body is roughly Limp,dB = 2dB based on our analysis of Section 7.8. The number
of frames per symbol is typically between 10 < Nf < 100 resulting in between a 1020 dB spreading gain. The noise figure of a low-cost system is approximately N FdB =
10dB. Finally, the noise power at 300 degree Kelvin across a bandwidth of 500 MHz is
Pnoise,dB = −87dBm. This corresponds to between 78.2 - 88.2 dBm sensitivity which
is approximately the same as a Zigbee device. However, UWB systems can achieve
the same range in NLOS conditions with 20-30dB lower sensitivity than narrowband
systems because wide bandwidth signals are robust to small-scale fading.

7.10.2

Circuit power

This section compares the circuit power consumption between several existing narrowband solutions and our proposed UWB system. Specifically, we will consider the
energy required to transmit and receive a typical Zigbee packet in the same manner as
Section 7.9.2.
Tables 7.8 compares the energy required to transmit a packet for the Chipcon
CC2420 Zigbee transceiver [chipcon], a carrier-based UWB transmitter [ryckaert07],
and two recent ultra-low power OOK transmitters employing surface acoustic wave
(SAW) resonators [daly06] and bulk acoustic wave (BAW) resonators [chee06]. In
WBAN systems, most of the data is transmitted from the sensor to the central device.
Section 1.1 indicated that while many applications only require data rates on the order
of a few bits per second, other applications can require rates more than 10 kbps. We
therefore consider a relatively long packet consisting of the maximum 127 bytes of
data. Taking into account the MAC overhead, the total packet length will be 133 bytes,
or 1064 symbols (see Figure 7.37). Zigbee requires an additional 4 byte (32 symbols)
preamble for carrier and timing synchronization. Based on our analysis of section 7.8,
a slightly longer 6 byte (48 symbol) preamble will be required for timing acquisition in
our UWB proposal assuming LOS conditions. In addition, 4 more symbols are needed
to estimate the waveform shape and refine the acquisition time.
Compared with narrowband transmitter, UWB pulsers can be expected to consume
between 1-3 orders of magnitude less energy than narrowband systems to transmit a
Zigbee packet. There are three reasons for this improvement including:
1. Lower active power
2. Lower duty cycle
3. Higher data rates
UWB pulsers have a lower active power consumption since they require fewer components with much lower tolerances. As explained in Section 6.1.1, carrier-based UWB
pulsers do not need to generate an accurate carrier frequency allowing low-power ring
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Transmitter

Active
Power
(mw)

Duty
Cycle
(%)

Packet
Length
(Symbols)

Data
Rate
(Mbps)

Transmit
Time
(µs)

Startup
Time
(µs)

Energy /
Packet
(µJ)

Carrierbased
UWBa

3.5

16.7

52 + 1064

5.2

235

0

0.1

Zigbeeb

30.7/34.2

100.0

32+1064

0.25

4800

194

142.1

SAW
Resonator
OOKc

9.1

100

32 + 1064

1

1104

60

10.6

BAW
Resonator
OOKd

2.7

50.0

32+1064

0.32

3450

0.3

4.7

Table 7.8: Comparison of low power transmitters
a [ryckaert07]

Standard Compliant, Tunable between 3.1 - 10.6 GHz, excellent sidelobe suppression
Standard compliant, Tunable between 2.4 - 2.5 GHz, excellent sidelobe suppression
c [daly06] Standard non-compliant, Not-tunable, no sidelobe suppression
d [chee06] Standard non-compliant, 2 frequency bands, no sidelobe suppression
b [chipcon]

Receiver

Active
Power
(mw)

Duty
Cycle
(%)

Packet
Length
(Symbols)

Data
Rate
(Mbps)

Transmit
Time
(µs)

Startup
Time
(µs)

Energy /
Packet
(µJ)

Mostlydigital
UWBa

25.5

16.7/41.7

52 + 80

5.2

17.1

0

0.5

Zigbeeb

35.3/34.2

100.0

32+80

0.25

480

194

23.6

BAW
Envelope
Detectorc

0.4

100

32 + 80

0.005

24000

0.3

9.6

SAW
Envelope
Detectord

2.5

100

32 + 80

1

120

2.5

0.3

Table 7.9: Comparison of low power receivers
a Similar

to emerging standards, -88.2 to -78.2 dBm Sensitivity
Standard compliant, -95 dBm Sensitivity
c [otis05] Standard non-compliant, -100.5 dBm Sensitivity
d [daly06] Standard non-compliant, -65 dBm Sensitivity
b [chipcon]
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oscillators. This type of oscillator also has a negligible startup time. Zigbee systems,
on the other hand, require reasonably accurate carrier frequencies resulting in complex
designs. As a result, even the best Zigbee transmitters today consume more than an
order of magnitude higher power than typical pulser designs being reported in the literature. To reduce the complexity of carrier generators, some researchers propose SAW
and BAW resonators which have comparable active power to a UWB pulser. Passive
SAW components can be used to stabilize an oscillator at low power at the expense of
reduced integration and flexibility [daly06]. A cheaper and more promising solution
is to use BAW resonators which employ micro-electro-mechanical (MEM) devices to
generate the RF frequency directly without a PLL [chee06]. However, both of these solutions generate a single frequency that can not be tuned to avoid interferers or provide
for multiple access.
UWB pulsers also have a much lower duty cycle than narrowband systems. The
UWB radio hardware only needs to be active long enough to generate a very short
pulse on the order of a couple of nano-seconds. It can then be shut-off until it needs to
transmit the next pulse. In contrast, typical narrowband systems are active all the time.
Transceivers employing OOK, can provide approximately a 50 % duty cycle, but this
typically comes at the expense of a lower transmission rate since the startup time of the
oscillator needs to be less than the symbol rate.
Finally, UWB signals occupy a very large bandwidth allowing them to transmit at
high data rates. This reduces the amount of time the radio hardware needs to be active
and hence the energy needed to transmit a packet. The maximum data rate for Zigbee
systems is 250 kbps in the 2.45 GHz mode 9 . Narrowband systems can also transmit
at high data rates, but this comes at the cost of higher transmit power and more complex amplifier and receiver designs. Furthermore, high power narrowband transmitter
generate significant interference so that regulatory compliant devices need additional
hardware to reduce side-lobes and employ spread-spectrum techniques. Thus, low
power narrowband systems tend to operate at data rates less than 1 Mbps while low
power UWB systems can easily achieve data rates of 5 Mbps or higher 10 .
Table 7.9 compares the energy required to receive a packet for the Chipcon C2240
Zigbee transceiver [chipcon], our NT-UWB receiver proposal, and two recent low
power envelope detection receivers employing SAW and BAW resonators [daly06,
otis05]. As discussed already in Section 7.9.2, WBAN sensors only receive short packets containing acknowledgements, synchronization beacons, or control information.
We can expect UWB receivers to consume 2 orders of magnitude less energy than
existing Zigbee systems to receive a packet. Unlike a UWB pulser, the lower power
consumption of a UWB receiver is only because of a lower duty cycle and higher data
rate, and not because it has a lower active power consumption. In fact, our rough estimate of the power consumption indicates that a mostly digital UWB receiver will
consume roughly the same active power as a well-designed Zigbee receiver. However,
it is only active between 16.7% - 41.7% of the time for the 13.8 µs it takes to receive
a packet. On the other hand, Zigbee is active 100 % of the time and it takes 614 µs
to receive a packet given its lower data rate and significant startup time overhead. We
also note that the shorter transmission time combined with different user time-hopping
codes decreases the probability of collision allowing for simpler multiple access protocols and a lower probability of re-transmission further reducing power consumption
9 The

maximum data rate in the 915 MHz mode is only 40 kbps [zigbee]
maximum data rate for IEEE 802.15.4a low power WPAN UWB standard is 27.24 Mbps, though
this could only be used at extremely close range [ieee07]
10 The
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[dibenedetto05]. For example, Zigbee systems are required to sense the channel before transmitting to avoid collisions which costs considerable power [zigbee, pollin06].
However, the emerging IEEE 802.15.4a UWB standard is expected to achieve better performance while using a pure random-access protocol with no carrier-sensing
[ieee07].
Some researchers have attempted to tradeoff sensitivity and flexibility for power
consumption in recent ultra-low power narrowband proposals. In this case, the energy
required to receive a packet can be comparable to our UWB proposal. For example, the
envelope detector from [daly06] uses a SAW filter to select a single 915 MHz band and
then an energy detector to demodulate an OOK signal non-coherently. The advantage
of this approach is that it does not need a local oscillator and has a very low power
and startup time. However, its sensitivity is only -65 dBm. While this may be useful
for the class of very short range low data rate applications it is intended for, it is far
too low for robust performance around the body. Another recent proposal uses BAW
resonators to reduce the power consumption of the oscillator and filters in a simple
OOK receiver to only 400 µW [otis05]. Its sensitivity at 5 kbps is -100.5 dBm which
is quite reasonable, but of course the data rate is also much lower resulting in more
energy overall. Furthermore, neither of these designs allow any kind of scalability or
flexibility to operate in different frequency bands.
Tables 7.8 and 7.9 suggest that a UWB receiver consumes more energy than the
UWB transmitter even though the sensor spends an order of magnitude more time
transmitting than it does receiving. This is because UWB receivers have an order of
magnitude higher active power than UWB transmitters. This higher power consumption can be attributed to the wideband LNAs, high-speed ADCs, and significant baseband signal processing. Thus, even though WBAN sensors primarily transmit data to
the central device, it is also important to design an efficient UWB receiver to process
acknowledgments, synchronization beacons, and control messages necessary for functioning in the context of a practical ultra-low power protocol.

7.11

Conclusions

This chapter proposed several digital baseband algorithms and realistically evaluated
the performance of our complete UWB proposal in both LOS and NLOS body area
communication scenarios. We used a semi-analytical approach that provides significant insight into the various receiver non-idealities without a large number of lengthy
simulations.
Sampling jitter is an important problem for mostly-digital architectures that sample the RF signal directly. We developed a simple mathematical model of the performance degradation revealing that the high sampling rates and lengthy spreading codes
of UWB systems makes them inherently robust to sampling jitter. Mostly-digital UWB
systems can therefore tolerate modest jitter tolerances between 5-10 ps which are easily
achieved at a low implementation cost.
We have proposed a decision feedback PLL architecture for timing tracking in
UWB and developed a simple mathematical model approximating its BER performance and settling time. This approach is an alternative to the traditional DLL and
exploits the fact that there is no continuous carrier frequency offset in either carrierbased or carrier-free UWB systems.
We have proposed a three step noisy template acquisition scheme to both reduce the
complexity and increase the accuracy of the synchronization process. First, a coarse
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symbol timing is acquired using conventional spread spectrum techniques. Second,
the pulse waveform shape is estimated in the vicinity of this coarse estimate by averaging several consecutive pulses. Finally, the symbol timing estimate is refined using
knowledge of the pulse waveform shape.
The complete solution has been evaluated in LOS and NLOS body area propagation
conditions. Depending on the channel conditions and acquisition time, noisy template
architectures that estimate the received waveform shape achieve between 1.5-8 dB better performance than a lower complexity quadrature digital correlator receiver. The
resulting performance is within 2dB of the ideal curves. If we allow for between 10
- 100 pulses to encode a bit, our proposal can provide coverage all over a body in an
indoor office environment even when the antenna is worn within 5 mm of the body
surface in the deep shadow region. However, communication to the opposite side of
the body is only possible if there are nearby scatters to reflect the energy to the receiver
since high-frequency waves diffracting around the surface of the body are significantly
attenuated.
Finally, we have compared the range and power consumption of our proposal with
existing narrowband systems and found that the very wide bandwidth of UWB systems
provides significant advantages. Compared with 2.45 GHz Zigbee transceivers, our
UWB proposal provides better coverage of the body since wide bandwidth signals are
robust to small-scale fading. While Zigbee systems operating at lower frequencies can
also provide excellent coverage of the entire body, they tend to require much larger antennas. We have shown that UWB transmitters require less energy to transmit a packet
than narrowband systems due to a combination of lower duty cycle, higher data rates,
and lower active power. Furthermore, while the active power of our UWB receiver is
only comparable to existing narrowband systems, the energy needed to receive a packet
is much lower because its wide bandwidth enables very high speed communication. In
fact, the energy required by our proposal to receive a typical Zigbee packet is comparable to recent ultra-low power narrowband proposals having significantly lower sensitivity and less flexibility. In addition to lower power consumption and higher range for
WBAN applications, our UWB transceiver has all the other advantages mentioned in
Section 1.5.3 including better scalability, accurate locationing and position, low SAR,
and enhanced user privacy. Finally, a mostly-digital sub-sampling approach minimizes
the number of analog components ensuring it will become increasingly desirable when
implemented on future technologies.
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Chapter 8

Conclusions and future research
Real knowledge is to know the extent of one’s ignorance.
- Confucius
Our main thesis is that the propagation channel measurement, analysis and modeling paradigms together with the UWB system design and analysis proposals presented
in this thesis provide an attractive approach for realizing future wireless body area
networks. Section 8.1 summarizes the major conclusions of this dissertation, while
Section 8.2 suggests promising directions for future research.

8.1

Conclusions

Instead of summarizing the results in a chronological order, for which we can refer to
the conclusions in each chapter, we review them in light of the two objectives set out
in the introduction:
1. Describe the body area radio channel in a practical and realistic manner suitable
for evaluating and designing communication systems in frequency bands most
relevant to global regulations and emerging industry standards.
2. Propose UWB receiver solutions suitable for low power WBAN sensors and
evaluate their performance when worn on the body.
Sections 8.1.1 and 8.1.2 highlight how we have achieved these objectives.

8.1.1

A practical body area model

Radio propagation around a human body in an indoor environment is very complex. It
is influenced by the interaction of the antenna and body, diffraction around the body,
and reflections off of nearby scatterers. A practical model with a small number of
parameters is needed to understand and capture this behavior before we can design
optimal body area RF solutions.
We began by approaching the problem from fundamental principles. This required
grossly representing the body as a lossy cylinder, and the antenna by an infinitely
small point source polarized tangent to the body. While this model is not sophisticated
enough to realistically evaluate practical communication systems, it predicts, from first
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principles, the major pathloss trends and challenges facing wireless body area communication design. We have shown that Maxwell’s Equations predict a rapid exponential
attenuations for propagation around and into the body, and slower power decay for
propagation along and away from the body. The rapid attenuation around the cylinder
indicates that pathloss can be very high when antennas are worn in the deep shadow
region. In fact, this pathloss can be higher or comparable to traditional long-range communication systems despite the close proximity of the antennas. Normal polarization,
lower frequency, and increasing the body-antenna separation will result in more desirable pathloss trends from an electromagnetic perspective. Unfortunately, these trends
are less desirable from an application perspective where we want small, low-profile
antennas worn directly against the body. Thus, emerging body area communication
systems will need to find a good compromise between these conflicting constraints.
To more realistically represent the full complexity of actual body area propagation systems in a practical manner suitable for system design and analysis, we need to
abandon a purely deterministic approach derived from Maxwell’s Equations in favor
of an empirical statistical approach. However, this statistical model is only useful if it
is consistent with our understanding of the fundamental principles, and the resulting
measurement and analysis can be reproduced easily.
Body area propagation conditions vary considerably due to many factors including
the following:
• Where the antenna is worn
• How close it is to the body
• The posture of the body
• The nature and proximity of nearby scattering objects
This makes dynamic measurements of a body in motion very difficult to interpret and
reproduce. To resolve this problem, we have shown how a static virtual array measurement setup, popular in existing urban and indoor wireless propagation studies, can be
used to carefully control all of these parameters in the context of a body area propagation system. Separators and elastics control how and where the antennas are worn on
the body, while floor markings are used to control the nature and proximity of nearby
scatterers. By taking measurements in local areas around a room or building where
the channel statistics are approximately wide-sense stationary, small-scale variations
due to the interference of unresolvable components can be analyzed independently
from large-scale variations due to shadowing or antenna variations on the body. Furthermore, by repeating the same measurement in an anechoic chamber, the influence
of the body and the surrounding scatterers can be analyzed independently. Thus, our
approach to measuring the body area channel is cheap, reproducible, and provides significant physical insights into body area propagation phenomena.
We compliment our measurement setup with a theoretically motivated analysis procedure involving maximum likelihood theory to estimate parameters and an information theoretic approach to compare multiple models. Rather than using a hypothesis
test to reject proposed models based on the presence of statistically significant deviations in the data, we determine which among a set of candidate models is best supported
by the data by estimating the amount of information lost relative to the other models.
This approach has a stronger theoretical motivation, ensures we abide by the principle
of parsimony so we do not over-fit models with too many parameters, and does not
require arbitrary test procedures or significance levels.
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Using a static virtual array setup and an information theoretic analysis of the resulting data, we have modeled narrowband body area propagation phenomena at 915
and 2450 MHz. These bands are most relevant for existing Zigbee and Bluetooth wireless standards. In addition, these frequencies allow reasonably small antenna designs
and are available internationally. Measurements of the average pathloss taken in an
anechoic chamber were shown to closely follow the trends derived from Maxwell’s
Equations for propagation around and along a lossy cylinder. However, measurements
taken in an indoor environment exhibited significantly different behavior highlighting
the importance of nearby scattering objects on the narrowband propagation channel.
As in traditional radio propagation studies, we showed how a similar separation
between large and small-scale effects can be used to describe narrowband body area
channels in an indoor environment using a small number of parameters suitable for
communication system design. However, large-scale statistics in body area propagation systems refers not only to a large displacement of the body over a geographical
area, but also any variation in where the antenna is worn on the body or any major
change in body posture. This is necessary to take into account the rapid attenuation of
the signal near the body and variations in the antenna properties at different locations
on the body. We have shown that the pathloss of energy diffracting around the body
follows the expected exponential trend, but flattens out due to the influence of multipath
components reflecting from the surrounding environment. The small-scale fading can
be represented by a Ricean distribution due to the combination of an initial diffracting
specular component and subsequent random reflections from the surrounding scatterers. It approaches the Rayleigh distribution when the transmitter and receiver are on
opposite sides of the body and multipath reflections from the surrounding environment
are dominant. The delay spread is approximately normally distributed over a range of
values that is small compared to the symbolling rates of relevant communication standards such as Bluetooth and Zigbee. Both the mean and standard deviation increase
with antenna separation as more of the energy becomes concentrated in the reflected
multipath components. The delay spread is shorter at 915 MHz compared with 2.45
GHz since more of the energy is concentrated in the initial diffracting component at
lower frequencies. These observations can all be explained by the large difference in
pathloss trends we predicted from Maxwell’s Equations for propagation along, around,
away from, and into the body.
Our proposed measurement and analysis paradigm is also well suited for modeling ultra-wideband channels, however the resulting modeling form is much more sophisticated since the higher temporal resolution can discern many different clusters of
multipath components due to propagation around the body and reflection off nearby
scattering objects. To facilitate a simple model of such complex phenomena, we have
proposed the following:
1. Use a continuous tap delay line model.
2. Separately measure and model the initial diffracting waves from the subsequent
reflected components.
It is difficult to discern individual multipath components in a practical indoor propagation environment both because there are so many reflections and because individual
reflections can be spread out over time due to frequency dependent properties of the
antenna and scatterers. Thus, a continuous tapped delay line model is more appropriate
than defining individual ray arrival times. In developing this tapped delay line model,
it is convenient to separately analyze the components diffracting around the body from

232

Conclusions and future research

the components reflecting off nearby scatterers. This allows us to reuse propagation
measurements near the body for any indoor environment. Furthermore, we can employ different measurement and analysis procedure to better analyze the very different
statistical properties of these channel components.
We have found that exponentially decaying correlated lognormal variables provide
an excellent tap-delay line model of the portion of the channel due to waves propagating close to the body, accurately reproducing both the distribution of the delay spread
and the number of significant multipath components. Different regions of the body can
be analyzed separately to take into account variations in the decay rate and variance.
Furthermore, we have shown how it can be easily implemented on a computer using
either simple matrix operations or an iterative formula. Finally, this description has
an elegant physical interpretation as it is consistent with the expected physical phenomenon of the transmitted pulse undergoing a large number of multiplicative effects
before arriving at the receiver.
Subsequent reflections from the indoor environment arrive at the receiver in clusters
of multipath components due to specific scattering objects and walls in the room. The
resulting multipath structure contains both deterministic features due to the geometry
of the room as well as more random features due to the position of furniture relative to
the body. Furthermore, highly directive body-worn antennas and variations in the scattering objects cause the multipath clusters to decay unevenly and have very complicated
shapes. Despite this complexity, we have shown that if we allow for some modifications, a Saleh-Valenzuela model can still provide a physically motivated propagation
model that accurately reproduces the distribution of the delay spread and number of
significant components. The total propagation channel is created by adding together
the correlated log-normal model describing propagation near the body, with the SalehValenzuela model describing the clustering behavior of subsequent reflections.
Unlike narrowband systems, the ultra-wideband body area channel model is too
complicated to directly evaluate communication performance analytically. This is primarily due to the sophisticated tap delay line statistics which vary as a function of
excess delay. To prove that this model is still useful for evaluating communication systems in practice, we have used it to realistically analyze the performance of our complete UWB system proposal. Specifically, we have recommended a semi-analytical
approach where we derive the detailed performance of the UWB system given a channel realization, then use a computer to generate many realizations to obtain the average
performance over a channel ensemble. In this manner, the sophisticated channel statistics are not considered in the analytical portion of the analysis allowing us to derive
simple expressions and approximations which are easy to interpret and use by system
designers.

8.1.2

A mostly digital body area ultra-wideband solution

In February 2002, the success of 3G wideband systems spurred the FCC to allocate a
huge 7.5 GHz swath of unlicensed spectrum between 3.1 - 10.6 GHz for communication below the noise floor. This dissertation showed how this newly available bandwidth can be efficiently deployed in wireless body area networks. Specifically, we
proposed a mostly-digital receiver architecture and demonstrated how the additional
bandwidth can be used to provide dramatic improvements in range and power consumption over existing narrowband approaches.
A WBAN system is a star network having a central controller which both receives
and stores information from various sensors around the body, and coordinates commu-
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nication between the sensors. The central device is typically a PDA, mobile phone, or
some future multi-mode device having a larger battery source compared to the smaller
and more energy-constrained sensors. This arrangement is particularly suitable to exploit the benefits of UWB technology for two reasons:
1. The central device can coordinate communication between sensors to minimize
the transmit and receive duty-cycle.
2. The central device can identify and avoid narrowband interferers
UWB receiver designs are known to consume significant power and are susceptible
to narrowband interference. However, these drawback can be minimized by the combination of the wide bandwidth and a central controller. The central device can order
the low-power sensors to transmit and receive information at pre-arranged times so the
sensor does not need to continuously listen to the channel for new data. In addition,
UWB systems can exploit their wide bandwidth to transfer information at very high
data rates when it is their turn to communicate. This combination ensures the sensor
hardware is turned on for as little time as possible minimizing the average power consumption. Furthermore, the extremely short transmission time reduces the probability
of collision with an interfering device. The central device can also monitor the current
channel conditions and order the sensors to use portions of the 3.1 - 10.6 GHz which are
far away from potential narrowband interference. Thus, low power consumption and
interference robustness can be handled elegantly using a ”smart” central controller, and
a flexible UWB sensor capable of high-speed communication rather than relying expensive, inflexible, or cumbersome components. To facilitate our proposed vision of an
ultra-wideband wireless body area network, we have analyzed several existing UWB
architectures and proposed a complete solution consisting of a flexible carrier-based
pulser and a mostly-digital receiver architecture.
Carrier-based UWB transmitters have already been realized at low power. Unlike
the original carrier-free devices, a carrier-based solution provides more flexibility to
efficiently exploit the UWB spectral mask and avoid narrowband interferers. Furthermore, recently proposed designs have been implemented at low power without startup
overhead and without introducing carrier frequency offsets.
We have studied the UWB receiver in more detail since there do not currently exist
low power designs that fully exploit the available channel diversity. We have focused
especially on mostly-digital sub-sampling architectures that efficiently exploits technology scaling and recent advances in ADC technology, together with a digital noisy
template baseband solution that provides excellent performance at low power.
The sub-sampling front-end only requires an LNA and ADC minimizing the number of components and potentially reducing design time, chip-area, power consumption
and cost. Past studies have shown that sub-sampling architectures are well-suited for
ultra wideband systems that do not require high-Q bandpass filters and are robust to
noise aliasing. We have also shown that UWB systems are robust to sampling jitter, a
common problem for systems that sample the RF signal directly. This analysis was facilitated by developing a novel method for directly evaluating performance degradation
due to sampling jitter rather than using current narrowband design rules which are not
justified for ultra-wideband systems. Finally, We have evaluated the out-of-band suppression of a sub-sampling architecture in a crowded interfering environment based on
actual measurements, and determined that the resulting front-end filtering requirements
are feasible.
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The digital baseband uses a novel three-step noisy template acquisition scheme to
estimate the symbol timing and received pulse waveform. First, conventional spread
spectrum synchronization techniques are used to provide an initial estimate of the symbol timing by searching candidate time and code phase offsets. Since the timing estimate will be refined in a later stage, only a coarse resolution is required which reduces
the search space. Second, the received pulse waveform shape is determined in the vicinity of the coarse timing estimate by simply averaging consecutive pulses together. This
”noisy template” estimate avoids locating individual multipath component amplitudes
and phases which can be very computationally intensive in UWB systems that resolve
as many as hundreds of reflections. Finally, the waveform shape is used to refine the
initial estimate by selecting the portion of the received pulse containing the most energy. The resulting strategy therefore incorporates the pulse waveform shape in the
synchronization process resulting in superior performance to conventional approaches
which treat channel estimation separately from synchronization.
During detection, the received data is correlated against the estimate of the waveform shape over the window containing most of the received energy determined during
acquisition. Conventional UWB systems typically use a delay lock loop (DLL) for
tracking clock offsets. However, a time delay is equivalent to a phase rotation in the
I/Q plane. Furthermore, neither carrier-based nor carrier-free UWB systems employ
a continuous carrier so there is no frequency offset. Thus, we have shown how a decision feedback phase lock loop (DFPLL) can be used to track clock offsets in UWB
systems. This approach has several potential advantages compared with DLLs since it
only needs to compute a single correlation output reducing complexity, it is not influenced by variations in the received pulse waveform shape, and its accuracy is proportional to the wavelength making it most appropriate for coherent systems operating in
the high frequency FCC mask between 3.1-10.6 GHz. We have developed a complete
analytical model of a DFPLL tracking performance and settling time for noisy template
UWB systems. Using this model, we have shown that for systems operating at short
range and using the lower band of the FCC mask (3.1-5 GHz), the DFPLL solution
can be used without additional clock frequency acquisition. However, an initial clock
frequency acquisition stage is more desirable for longer ranges and systems operating
in the higher band of the FCC mask (6-10.6 GHz).
To facilitate our DFPLL solution, a Hilbert Transform is needed to generate the I
and Q components in our sub-sampling architecture. We have proposed approximating
this transform with a central difference operation. This approximation provides exactly
a 90 degree phase shift with no mismatch, and requires only one addition and two delay
operations per sample which is negligible compared with other back-end components.
The magnitude response is not perfectly flat, but the resulting distortion of the pulse is
small compared to the distortion introduced by the propagation channel and is anyhow
compensated by the noisy template waveform shape estimator. Thus, simulations show
negligible degradation.
Using the previously defined UWB channel model, the performance of our complete system proposal has been evaluated for use on the body with small antennas. We
found that approximately 10-100 pulses per bit are required to achieve a bit error rate
of 10−3 in 95% of channel conditions depending on where the receiver is worn. This is
only 2dB worse than the ideal performance obtained by assuming a perfectly matched
filter receiver.
We also proposed a simplified quadrature digital correlator back-end which is equivalent to existing quadrature analog correlator back-ends, but has less analog components and can be fully duty-cycled. The advantage of this approach with respect to a
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noisy-template receiver is a simplified digital baseband. It approaches the performance
of a noisy template under short-range line-of-sight conditions where the pulse is not
significantly distorted by the channel. However, it is unable to refine the synchronization estimate and it does not fully exploit the available channel diversity resulting in
between 1.5-8 dB worse performance depending on where the antennas are worn on
the body and the amount of synchronization overhead.
We have made a first-order power estimate of the complete solution based on existing state-of-the-art ultra-wideband LNA, ADC, and digital back-end designs implemented on a 0.18 µm technology. The resulting active power consumption is roughly
25 mW which is comparable to existing Zigbee systems.
Average power consumption is expected to be evenly divided between the synchronization stage and the data detection stage, while comparatively less power is needed
for pulse waveform estimation. This is because the averaging operation of the noisytemplate approach is easy to implement, and a relatively good estimate can be achieved
with a small number of training symbols.
Power consumption is divided evenly between the digital baseband and the analog front-end. Furthermore, the front-end power is divided evenly between the LNA
and ADC. However, we suspect that the LNA will become more dominant on future
technologies. There is already evidence in the literature that the ADC and the digital
baseband will exploit the advantages of technology scaling more effectively than the
LNA. Furthermore, the LNA can not be duty-cycled as easily as the ADC potentially
resulting in additional overhead.
Finally, the power consumption of our UWB receiver is expected to be about an
order of magnitude higher than a typical UWB transmitter. Thus, even though biomedical sensors are expected to transmit more data to the central device than they receive,
the energy consumed by the receiver is still dominant emphasizing the importance of
low-power UWB receiver design in the context of a WBAN system.
We have compared the range our UWB system proposal with existing Zigbee systems. Our proposal can provide coverage all over a body in an indoor office environment even when the antenna is worn within 5 mm of the body surface in the deep
shadow region. However, communication to the opposite side of the body is only possible if there are nearby scatters to reflect the energy to the receiver since high-frequency
waves diffracting around the surface of the body are significantly attenuated as we predicted by Maxwell’s Equations. In contrast, even high-performance Zigbee systems
operating in the 2.45 GHz band do not have enough sensitivity for communication to
the opposite side of the body. This is primarily because narrowband systems are not
robust to the small-scale fading we measured in an indoor office environment and not
because our system has better sensitivity. Longer ranger for the same transmit power
and sensitivity is expected for UWB systems and demonstrates one of the main advantages of wideband communication. Zigbee systems operating in the 915 MHz band do
have enough sensitivity for communication to the opposite side of the body. Unfortunately, such systems also require larger antennas and there is less available bandwidth
at lower frequencies.
We have shown that UWB transceivers require less energy to transmit and receive a
packet than narrowband systems in the context of a WBAN system having a central device to coordinate communication. While the active power of our UWB receiver is only
comparable to existing narrowband systems, the energy needed to receive a packet is
between 1-2 orders of magnitude lower because its wide bandwidth enables very high
speed communication, a low duty cycle, and negligible startup time. This minimizes
the active time of the radio hardware resulting in substantially more efficient commu-
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nication. In fact, the energy required by a mostly-digital noisy template UWB system
to receive a typical Zigbee packet is comparable to recent ultra-low power narrowband
proposals having significantly lower sensitivity and less flexibility.
In addition to lower power consumption and higher range for WBAN applications,
our transceiver has all the other advantages of UWB systems including better scalability, accurate locationing and ranging, low SAR, and enhanced user privacy. Finally,
a mostly-digital sub-sampling approach minimizes the number of analog components
ensuring it will become increasingly desirable when implemented on future technologies.

8.2

Future work

Many interesting challenges remain and new issues were uncovered during our research. This section identifies the specific research areas which can lead to the definition of new projects or PhD proposals.

8.2.1

Extensions of the analytical analysis

Our analysis of propagation around a lossy cylinder presented in Chapter 2 can be
extended in several ways to provide additional insights into body area propagation.
We can incorporate the influence of a simple vertical dipole antenna by making only
minor modifications to the existing developments. Specifically, we can approximate the
current density on the diploe as a sinusoid. Such an approximation is valid for very thin,
straight dipoles. From this, we can calculate the electric field by numerical integration
in a similar manner as in Section 2.2. However, we use the Fourier Transform of the
dipole’s current density rather than the Fourier Transform of the infinite point source.
Given the electric field and the current density, we can compute the open circuit voltage.
If we further assume perfect matching at the transmitter and antenna, we can calculate
the pathloss from the input terminal of the transmitting dipole to the input terminal of
the receiving antenna.
Determining the antenna impedance and radiation properties for an actual dipole
of finite diameter near a lossy cylinder is more involved. In this case, we recommend
investigating how our dipole solution can be extended using the method of moments
[balanis89]. With this approach, we can predict the performance of even very complicated antenna structures near a lossy cylinder at high frequencies with reasonable
complexity. While such a model is not fully representative of the human body, we
suggest that understanding the propagation phenomena of different antennas for this
simplified geometry will lend considerable physical insight which will be helpful in
exploring optimal antenna designs on actual bodies.
We have focused our analytical analysis on tangentially polarized point sources.
However, we recommend studying the same problem for a normally polarized point
source. The resulting solution can be compared with our solution for tangential polarization to predict, from first principles, the influence of polarization on body area
pathloss which, we expect, will be very significant. Furthermore, the model can be
verified with actual antennas on a real body using the same measurement setup as in
Chapter 4. This research would help us quantify and understand the tradeoff between
having a bulky antenna polarized normal with the body and a low profile antenna polarized tangent to the body.

8.2 Future work

8.2.2

237

Extensions of the propagation model

Our statistical model of propagation around a body in an indoor environment presented
in Chapters 4 and 5 can be improved and extended in several ways.
The Akaike Criterion does not guarantee that the models we have proposed are
the ”best” models. It simply suggests that the models we have selected are the ”best”
among the candidate models we have investigated based on the data we have. We
hope that future researchers will propose new modeling forms and show that they provide a better fit to larger and more comprehensive data sets compared with the models
we have investigated. This will constitute real progress, especially if the new models
have a strong physical motivation consistent with the fundamental principles of radio
propagation embodied by Maxwell’s Equations. To facilitate this process, we recommend using the same AIC criterion to evaluate new models so body area propagation
phenomena are captured more precisely with as few parameters as possible. We can
recommend some specific modeling alternatives which could be investigated further
including, but not limited to, the following:
• A dual slope exponential law may provide a better model of UWB body area
pathloss rather than the power decay law we used in Section 5.2.1.
• A ∆-K model [suzuki77] may provide a better model of cluster arrival times near
a body than a Weibull Distribution.
• Other large-scale and small-scale fading distributions can be investigated including Suzuki [suzuki77],Generalized Gamma [coulson98], and POCA-NAZU
[polydorou97, zhang02b] distributions.
Throughout this dissertation, we have assumed the channel is quasi-stationary. This
means the channel is varying over time as a result of body motions through a room, but
at a rate that is much slower than the communication symbol rates. As explained in
Section 3.1.3, we suspect this is a reasonable assumption for most body area communication application scenarios based on the expected wavelength and walking speeds.
However, it is possible that rapid arm or leg motions, particularly in the near-field of the
antenna, can create circumstances where this assumption is violated. We recommend
future work to establish if this occurs in practice. In this case, a dynamic narrowband
measurement setup would be more appropriate where rapid measurements of the channel are taken while a person is moving. This type of setup is quite challenging because
the measurement speed and the time between measurements needs to be much smaller
than the coherence time potentially requiring specially designed wireless equipment.
The UWB measurements we presented in Chapter 5 did not exhibit strongly frequency dependent behavior on average. However, we suspect that this is not true in
general since diffraction is a frequency dependent propagation mechanism, and UWB
antennas are, in general, frequency dependent. Several methods have already been
proposed to model frequency dependent pathloss [alvarez03, kunisch02, molisch05b,
ieee05]. We recommend further research towards understanding the frequency dependence of the antenna/body system and learning how to incorporate this in our model.
As explained previously, the values extracted in our measurement campaigns are
specific to our antenna and office environment. However, the methodology, physical
insights and many aspects of the model are general. We therefore recommend repeating
this procedure in several different types of propagation scenarios including:
1. Different sizes and types of rooms
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2. Different sizes and types of antennas
3. Different body postures
4. Different positions on the body
This work is most easily done in the context of a wireless standardization committee for several reasons. The standardization committees have regular access to representatives from industry ensuring that propagation scenarios most relevant to emerging applications are analyzed. Furthermore, more reliable and consistent propagation
measurements can be carried out if the work is divided between several people who
meet regularly to peer-review each other’s work, agree on measurement and analysis
paradigms, and compare results obtained independently.
Finally, we have noticed a recent tendency for UWB channel modeling researchers
to propose increasingly complex models containing more parameters. As an example,
the more recent IEEE 802.15.4a channel model [ieee05] is significantly more complicated than the IEEE 802.15.3 [ieee02a] model. This is partially due to having a larger
data set capable of justifying more parameters. However, we believe that more emphasis should be placed on simplifying models without compromising accuracy. Contrary
to popular belief, this is more challenging and relevant work. It is more challenging
because it requires determining the relative importance of different model parameters
on system performance. This is a multi-disciplinary task involving an advanced understanding of both propagation modeling and communication system analysis. It is
more relevant because simpler models are used more often in practice. We have noticed that the most commonly used propagation modeling developments are the result
of simplifying past work in a convincing manner. For example, the popular SalehValenzuela (SV) model is based on multipath clustering phenomena established by
earlier researchers. However, the SV model captures this information with less parameters in a manner that provides a more appealing intuitive interpretation. Whether
or not the SV model approximates indoor propagation phenomena better than earlier
proposals is debatable, however it is definitely used more frequently in practice.

8.2.3

Optimal body area antenna design

Perhaps the most important aspect of body area communication that has not been addressed in our research is the design of optimal antenna solutions for communication
around the surface of the body. While research interest in body-mounted antennas
has increase dramatically in recent years, there have been no distinctive breakthroughs
[hall06]. It is not even clear what the goal of the antenna should be. For example,
it is unclear if the antenna should be designed to radiate energy away from the body
efficiently and then rely on nearby scatterers to reflect energy back at the receiver, or to
somehow minimize radiation away from the body and excite the body as a waveguide.
In either case, designing small, efficient, low-profile antennas that can be packaged
easily and worn near the body while radiating in a prescribed manner represents a
formidable but important future research challenge. We highlight a few promising research directions. A more complete overview of wearable antennas can be found in
[hall06].
Printed antennas offer favorable characteristics for body worn antennas since they
are low-profile, low-cost, and often easier to manufacture. However, most patch antennas will radiate away from the body, rather than along the surface, assuming the
patch is worn flat against the body. It is unclear if this is the best approach for WBANs
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unless there are nearby scatterers. Such designs are also polarized tangentially and exhibit significant changes in radiation characteristics when worn in close proximity to
the body unless large groundplanes are used [wong05]. One recent proposal is to use a
higher-mode ”end-fire” microstrip patch antenna [conway07]. Such antennas provide a
normal polarization and direct energy tangent to the body while still being reasonably
low profile. Furthermore, simulations suggest they are less influenced by nearby body
tissues. For example, a patch antenna with a 20 × 20 mm groundplane and a height of
only 10 mm can provide comparable performance to full-size monopole antennas that
stick out of the body [conway07]. We recommend further work in reducing the height
of these antennas. Furthermore, we suggest repeating our experiments of Chapter 4
with these antennas to determine how they influence the model parameters and hence
the statistical communication performance.
Unfortunately, there is very little work on developing body area ultra-wideband antennas despite the enormous potential offered by the recently legalized FCC spectral
mask. One early approach uses a reflector behind a directional slot antenna [klemm05].
Simulations suggest these antennas have a good efficiency, low SAR, and consistent
behavior when worn on different parts of the body. However, they direct energy away
from the body which may be less desirable for WBAN applications where both antennas are worn against the body. Thus, significantly more research is needed towards
developing optimal body area UWB antennas.
Another important area of antenna research with particular importance to body
worn devices is electromagnetic meta-materials. Recent advances suggest that both
the bandwidth and size constraints of wearable low-profile antennas can be reduced
by incorporating advanced electromagnetic materials in the antenna element design
[salonen01]. The basic idea is that antennas built out of materials found in nature
have a positive permeability and permittivity which leads to fundamental limitations
in terms of size, gain, and bandwidth. However, by incorporating advances in material science, special materials not normally found in nature can be designed to have
negative permeability and/or permittivity. When incorporated in antenna elements, the
usual limitations do not apply and substantially smaller antennas are possible. Unfortunately, the application of meta-materials to antenna design is poorly understood in
general and significant research is still needed.

8.2.4

UWB design optimizations and challenges

We have outlined a complete UWB mostly-digital solution in Chapters 6 and 7. However, more work is needed to go from this concept to an actual implementation and
several optimizations are still possible.
We have suggested that power consumption of the LNA will become more dominant in future mostly-digital UWB sub-sampling architectures. Furthermore, this LNA
may need to be tunable as sub-sampling requires any channel selection to be done at
RF frequencies. Finally, additional notch filters or special antenna designs may be desirable to provide additional narrowband interference suppression. Thus, more work
is needed to develop an optimal sub-sampling front-end architecture, study the influence of both multiple access and narrowband interference while devices are worn on
the body, and determine under what conditions a sub-sampling architecture is the most
desirable solution compared with other candidate front-end architectures.
Low power ADC designs are critical to any UWB system. Furthermore, subsampling systems require ADCs with a very wide bandwidth. Current designs allow
input signals up to 6 GHz which is sufficient for standard and regulatory compliance.
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However, low power designs with a wide enough input bandwidth to cover the entire
FCC spectral mask up to 10.6 GHz are more desirable. We recommend more work in
low power ADCs that exploit technology scaling to achieve wider bandwidths. This is
an important enabling technology for UWB sub-sampling systems that can utilize the
entire FCC mask.
We have predicted that the digital back-end consumes significant power in 0.18
µm technology. While the percentage of power consumed by the digital baseband
can be reduced on future technologies, this will only be possible with efficient digital
implementations. We recommend future research to uncover how digital design optimizations such as supply voltage scaling and parallelization can be applied effectively
to our digital baseband proposals. These efforts will also need to consider the impact
of leakage power which will become more significant on future technologies.
Finally, several variations and improvements to the algorithms we have proposed
are possible. While optimal implementations are important, superior algorithms can
best exploit the underlying hardware potentially resulting in more substantial improvements.
During acquisition, we recommend investigating how traditional spread-spectrum
techniques such as random search strategies and variable dwell-time can be employed
to reduce the time needed to synchronize reliably. This is particularly important for
the short packet lengths we expect in a WBAN system where the acquisition process
represents substantial overhead increasing the active time of the front-end hardware.
During detection, several improvements to the correlator and tracking mechanism
are possible. For example, rather than using all the samples in a given portion of the
received waveform for detection, we can select only those samples containing most
of the signal energy. These samples can be identified easily since the pulse waveform
shape is known by the receiver. We also recommend testing the tracking mechanism on
more realistic clock models. Practical clock implementations may introduce significant
variations from the pure phase ramp we considered in Chapter 7. Furthermore, clock
frequency acquisition algorithms should be studied in the context of UWB to ensure
the initial clock offset is small enough to enable tracking even at high frequencies and
long range.

8.2.5

Standard compliance

IEEE 802.15.4a is an important emerging standard for low-data rate sensor networks
enabling longer range and location and ranging features. For this reason, we have often
discussed our work in the context of this standard. In fact, the mostly-digital architecture and algorithms we have presented can easily be incorporated into this standard and
we recommend this as future work.
One important difference between IEEE 802.15.4a and our system model, is that it
groups together pulses rather than transmitting them at a certain frame rate (see Figure
8.1). This approach turns out to respect the FCC mask and has several advantages
including the following:
1. It eliminates inter-symbol interference (ISI)
2. It simplifies the problem of duty-cycling the front-end hardware
3. It potentially reduces the power consumption of the digital back-end.
We did not emphasize ISI in our analysis because we assume this effect is minimized
by using a sufficiently long frame period or guard time. However, this comes at a cost
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Figure 8.1: The IEEE 802.15.4a standard groups several consecutive pulses together.

of increasing the symbol period resulting in a reduced data rate and more phase rotation
per symbol. By grouping the pulses together, the standard can separate each symbol
by as much as one micro-second which is more than an order of magnitude longer
than even the most extreme delay spreads encountered in practice. Furthermore, while
duty-cycling the UWB receiver front-end can reduce power consumption as described
in the previous chapter, it is difficult to shut it on and off within a few nano-seconds
to capture a single pulse. By grouping pulses together, the front-end can remain active
for the duration of several consecutive pulses so that a low duty-cycle can be achieved
more easily with less overhead. Finally, individual frames do not need to be processed
by the digital back-end resulting in less processing. For example, the CORDIC rotation
in our tracking algorithm could operate at the symbol rate rather than the frame rate,
and the total number of samples that needs to be processed in one symbol is reduced
since the pulses overlap.
The noisy template approach can also be used for the modulation scheme shown
in Figure 8.1. The standard still uses a traditional preamble consisting of individual
pulses sent at a certain frame rate so that the received pulse waveform shape can be
estimated by averaging consecutive pulses. The template corresponding to a group of
pulses sent together during the data portion of the burst can be generated by simply
adding together delayed versions of the waveform shape of a single pulse. Thus, with
only this minor modification, our proposed digital back-end algorithms can be used in
the context of IEEE 802.15.4a. Similarly, most of the analytical expressions we have
derived are also applicable.
Even as the IEEE 802.15.4a standard development now comes to a successful conclusion, the IEEE 802.15 has recently approved a new study group to investigate proposals and revisions specifically targeting body area networks. We believe that the work
we have presented in this dissertation will be a valuable asset towards these important
developments in emerging biomedical WBAN systems.
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Appendix A

Transverse components of the
field in cylindrical coordinates
This appendix shows how the transverse components of the fields in cylindrical components can be derived from the vertical components of the field for a homogeneous
region. This result is used in the derivation of a line source near a lossy cylinder given
in Chapter 2 equation (2.27) and can be found in [chew95]. We begin by writing down
Maxwell’s equations in phasor notation for a source-free homogeneous medium with
permeability µ and permittivity ²:
∇×E =

−jωµH

∇×H =

jω²E
ρv
²
0

∇·E =
∇·H =
We can rewrite equations (A.1) and (A.2) as
µ
¶
∂
∇s + ẑ
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∂z
µ
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(A.6)

∂
where the gradient operator ∇ = ∇s + ẑ ∂z
and we have defined
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Similarly, we have defined
Es

=

Eφ φ̂ + Eρ ρ̂

(A.8)
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=
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Expanding the transverse components of equation (A.5) and (A.6) yields
∂
× Es
∂z
∂
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∇s × ẑHz + ẑ
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= jωµHs
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If we now take

∂
∂z ẑ×

of both sides of (A.10) we obtain
µ
¶
∂
∂
∂
∂
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ẑ × ẑ
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∂z
∂z
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From (A.11), we know
ẑ

∂
× Hs = −jω²Hs − ∇s × ẑHz
∂z

(A.13)

Substituting this into equation (A.12) yields:
∇s × ẑEz + ẑ

∂
× Es = ω 2 µ²Es = jωµ∇s × ẑHz
∂z

(A.14)

We can simplify this equation using the following vector identities:
ẑ × (ẑ × Es ) =
∇s × ẑ =
ẑ × (∇s × ẑ) =
resulting in
∇s

−Es
−ẑ × ∇s
∇s

∂
∂2
Ez − 2 Es = ω 2 µ²Es + jωµẑ × ∇s Hz
∂z
∂z

(A.15)
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In general, Ez has an e−jkz z dependency for cylindrical coordinates so we can re-write
this as
(A.19)
jkz ∇s Ez + kz2 Es = ω 2 µ²Es + jωµẑ × ∇s Hz
Finally, if we define k 2 = ω 2 µ² and kρ2 = k 2 − kz2 then
Es =

1
(jkz ∇s Ez − jωµẑ × ∇s Hz )
kρ2

(A.20)

Using a similar reasoning, we can express the transverse magnetic fields as
Hs =

1
(jkz ∇s Hz + jω²ẑ × ∇s Ez )
kρ2

(A.21)

Equations (A.20) and (A.21) are now identical to equation (2.27) from Section 2.1.
They indicate that the transverse components of the electromagnetic field can be determined from the vertical components of the electromagnetic field.

Appendix B

Parameter Estimation
This appendix briefly summarizes the methods used to estimate parameters of our models from empirical data. Section B.1 describes the maximum likelihood method, while
Section B.2 describes the moment method.

B.1

Maximum Likelihood Method

In this section, we denote the probability distribution of the data x, given a set of
model parameters θ = [θ1 θ2 ...θN ]T and a specific model form as p(x|θ, model). The
likelihood function of p(x|θ, model) from an observed data set {x1 x2 ...xM } is given
by
M
Y
L(θ|xm , model) =
p(xm |θ, model)
(B.1)
m=1

which represents the likelihood of a particular numerical value of the unknown parameter θ, given the observed data and a particular model. It is often convenient to work
with the logarithm of equation (B.1) called the log likelihood function:
L(θ|xm , model) = ln[L(θ|xm , model)] =

M
X

ln[p(xm |θ, model)]

(B.2)

m=1

Maximizing the likelihood (or log likelihood) function therefore provides us with
the parameter values that are most likely given the data and model- that is, the parameter values that ”agree most closely” with the observed data. Selecting the set of
parameters that maximizes the likelihood function is called the maximum likelihood estimator (MLE) of θ. It can be shown that such estimators have the following desirable
properties relevant for our research:
• Asymptotically unbias
• Asymptotically efficient
An estimator is said to be unbiased if E(θ̂) = θ for every possible value of θ.
The MLE is asymptotically unbias implying that the estimator can only be considered
unbias for a large set of observations:
E( lim θ̂) = θ
M →∞

(B.3)
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An estimator is said to be efficient if the variance of the estimated parameter is as
small as can possibly be achieved by any estimator. Thus, for a large set of observations, the MLE is approximately the minimum variance unbiased estimator (MVUE)
of θ.
Note that in equations (B.1) and (B.2) we have explicitly made the likelihood and
log-likelihood a function of the model. We have done this to emphasize that both the
data and the model are given. This means that in order to compute the likelihood
functions, we must have a particular model in mind. However, the likelihood function
does not give us any information about what kind of model would be appropriate. For
this, we use the Akaike Criterion as explained in Chapter 3.4. From now on, we will
drop the implicit function of the model in our notation.
The MLE of parameter vector θ can sometimes be obtained in closed form by
solving the N simultaneous equations:
∂L(θ|xm )
= 0,
∂θn

n = 1, 2, ..., N

(B.4)

However, this is not always possible depending on the form of the model. In this case,
it is often possible to apply Newton’s Method to solve equation (B.4). Using modern
computers, we actually found it more convenient to use the method of moments to
provide an initial estimate of the parameter, and then refine the value using a brute
force computer search in the vicinity of the initial estimate.
We have used the concept of likelihood throughout our research not only because it
can be used to obtain the MVUE, but also because it can be extended with the Akaike
Criterion as an omnibus approach to both parameter estimation and model selection
which are critical to making valid inferences from measured data of propagation phenomenon.

B.2

Moment Method

The moment estimator θ̂ is obtained by equating the first N sample moments to the
corresponding first N population moments and solving for θ. This corresponds to
solving the following N simultaneous equations:
E(xn ) = m̂n ,

n = 1, 2, ...N

(B.5)

n
where
R ∞ n m̂n is the sample moment calculated from the observed data, and E(x ) =
x pX (x, θ)dx is the population moment which depends on the probability density
0
function of the given model.
While the moment estimator is often easier to derive, no generalization such as
those made concerning the MLE can be made about moment estimates. Furthermore,
moment estimates are not in general related to model selection theory. Therefore, we
only use the moment estimators to provide initial parameter values that we then refine
using a computer search algorithm to obtain the MLE in cases where the MLE is not
easily obtained in closed form from equation (B.4).

Appendix C

Multivariate lognormal
parameterization
This appendix briefly summarizes the method used to extract the covariance matrix
and vector of means defining the jointly lognormal distributions of the taps of a body
area tapped delay line model presented in Chapter 5.2.5. Section C.1 provides the ML
estimator for a multivariate lognormal distribution, while Section C.1 summarizes the
parameters extracted from our measurements using these estimators.

C.1

Maximum Likelihood Estimation of Multivariate
Lognormal Variables

The maximum likelihood estimator for the L element vector of means (µ̂dB ) and
L by L covariance matrix (ĈdB ) describing an L-dimensional multivariate lognormal variable is the same as the sample mean vector and sample covariance matrix
[muirhead82]:
M
1 X
µ̂dB =
xdB,i
(C.1)
M m=1
ĈdB =

M
1 X
(xdB,i − µ̂dB )(xdB,i − µ̂dB )t
M m=1

(C.2)

where xdB,i is the L element vector containing the ith observation. For example, in
Section 5.2.5, xdB,i is the ith observed attenuations (expressed in decibels) of the first
L = 6 bins.
The covariance matrix can be decomposed into an upper and lower L by L triangular matrix [TdB ] and [TdB ]t :
C dB = [TdB ][TdB ]t

(C.3)

The elements of [TdB ] can be found from the Cholesky method 1 of factoring matrices
[ralston67] and used to generate correlated lognormal variables using equation (5.10)
from Section 5.2.5 [peebles93].
1 Cholesky factorization is a very common matrix operation available in most mathematics software pack-

ages
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C.2

Multivariate lognormal parameterization

Extracted body area multivariate distributions

Using the estimators of equations (C.1) and (C.2), we extracted the means and covariance matrices of the first L = 6 taps in a tapped delay line model from the front, side,
and back regions of the body (see Figure 5.3). These estimated parameters were used
in the body area model expressed in equation (5.10) to generate Figure 5.15. This
following sections summarize the extracted parameters for each body region.
Front of body


µdB
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−1.59
−5.79
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−29.81
−34.62











CdB = 







15.88 13.35 3.49 1.26
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3.49
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2.38 11.94 29.01
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µdB
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CdB = 







23.27
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2
0.44
3.61
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2
0.44 3.61
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4.26 16.42 28.63 18.47 16.27 

3.91 11.81 18.47 35.9 25.66 
5.14 8.56 16.27 25.66 38.76

Back of body


µdB
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17.43 24.14
19
13.17 2.27
13.95
19
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